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Preface

Without RF engineering, life as we know it today would be impossible. Most people
are familiar with radar that allows them to fly safely across continents in less time
than it took their ancestors to travel to the next town. They take cellphones for
granted that allow them to talk to and see loved ones on the other side of the globe
in real time. They rely heavily on microwave ovens to quickly cook or heat up their
food after a long day’s work. When they go to the dentist, or if they break a bone,
or have some other internal medical issue, they assume that their care provider will
have some non-invasive way to peer inside their body to diagnose what is going on.
They are not surprised when doors at their local supermarket open automatically for
them as they approach, nor that stores have inventory control tags on merchandise
to prevent theft. Many pet owners also pay to have microchips embedded in their
loved ones to help ensure their safe return should they go astray. Anyone who has
flown is only too familiar with security screening devices they must walk through
before boarding the flight to help protect their safety. All of these applications rely
on RF technology. As we move into the future, with the rapid growth of the Inter-
net of Things (IoT) and self-driving cars, our dependence on such technology will
become ever greater.

The field of RF engineering encompasses an enormously wide domain of design
and analysis. Included within it are both passive and active devices, which are fre-
quently required to operate in unison. The devices may have operational frequencies
ranging from a few hertz to those in the terahertz range, increasingly the focus of
recent efforts seeking ever higher data rates, or even higher into the optical range.
However, despite the seemingly wide divergence of RF technologies and applications,
they all operate under the same physical laws and thus many of the same design and
analytic analysis approaches are widely shared across the field.

Beginning as a microwave engineer, during my career I worked as a surface-
acoustic-wave (SAW) designer, a non-destructive-testing (NDT) engineer in the oil
industry, an RF front-end module designer, a power-amplifier designer, and a filter
designer in the cellphone industry. Over the years, I had to develop many analyti-
cal tools to aid my design challenges. Invariably, to be sure that I fully understood
the problem, I began from first principles to develop the underlying equations for
a circuit that would best achieve the requirements for the device. This book is an
attempt to share those fundamental design analyses, and the synthesis approaches
derived from them, with the practicing RF engineer.

In the early years of RF engineering, an engineer had little alternative to devel-
oping the basic circuit equations by themselves to predict the performance of a

Xiii
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design, to best ensure it would meet the design goals. Computers were limited in
their capabilities and RF design tools were rudimentary.

Nowadays, in contrast, there are several excellent, very powerful, though expen-
sive, design tools available to aid the practicing RF engineer. Two such examples
are Advanced Design System® from Keysight and Microwave Office® from AWR
Corporation. These allow even a relatively inexperienced RF engineer to design a
circuit with a high degree of confidence that if realized, the circuit will perform
much as predicted. The design tools also include very capable optimizers for improv-
ing the performance of a selected circuit configuration. However, invariably, such
optimizations are very time consuming.

Without a doubt, modern RF software tools are absolutely required for the
design of today’s complex and compact RF devices. In particular, they are essential
for incorporating the effects of parasitic and 3D interaction effects into the final
design. However, a complete dependence on advanced software tools, especially in
the early conceptual stages of RF circuit design, can result in designs that are non-
optimal in performance, larger, more expensive, have lower production yield, and
higher cost than one conceived from a more first-principles approach.

Under the constraint of time-pressure, RF engineers approaching a new design
all too frequently seek to “leverage” an existing circuit design to meet the new
requirements. With the advanced software design tools, this may consist of simply
adding a few components to an existing design and letting the software reoptimize
the circuit. This approach frees the engineer from having to spend time on any
basic circuit analysis or having to consider any new fundamentally different cir-
cuit topologies that might be advantageous. Unfortunately, this design approach
does not guarantee that the resulting solution is optimal for the requirements. To
achieve a more optimal solution would require alternate circuit topologies be built
and their performance evaluated in the software tool. Time constraints typically
preclude this course of action.

A principal objective of this book is to detail how analytic design approaches
can be used for rapid design optimization and design of RF circuits. Formulae,
algorithms, and analysis and data display techniques are presented for use by the
practicing RF design engineer. Not only do these techniques allow for a rapid com-
parison to be made of the performance of alternate RF circuit topologies, but they
also impart to the designer a deeper understanding of the critical design trade-offs
that can be made for each of the solutions. The optimum circuit topology selected
can then either be implemented directly, or if further refinements are needed due
to, for example, parasitic interactions, used as a starting point for a more complex
RF design tool for final optimization.

The use of analytic solutions for RF circuit design has fallen out of favor in recent
times as design engineers have increasingly shied away from writing equations and
performing detailed circuit analysis. Instead, designers have become increasingly
dependent on software packages to do the circuit design and optimization for them.
This book is an attempt to change that by providing techniques that are relatively
simple to apply and can help the designer become more creative by exploring circuit
innovations that might otherwise have been time-prohibitive to consider.
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Motivation for This Book

Practicing RF engineers are constantly under pressure to quickly wrap up their cur-
rent design and move on quickly to the next. The next project will typically have
design specifications very close to those of a previous design. The fastest design
approach is then to reuse the old design configuration and simply reoptimize it in
an off-the shelf computer-aided design (CAD) package. While this approach may
frequently yield a conforming design, alternative configurations with advantageous
characteristics in terms of performance, size, and cost may be never be considered.

To take full advantage of the many analyses presented in this book, it is impor-
tant to understand the prime goal of the work. Its purpose is not to provide ana-
lytic design solutions as an alternative to full 3D CAD radio frequency (RF) design
suites. Quite the opposite! The information is intended to complement the latter.
With the solutions, it is envisaged that the engineer can use them to quickly evalu-
ate critical performance parameters of alternate architectures and thereby select
the best configuration for the application. To this end, the frequency ranges and
element dissipative factors used for the majority of design examples are kept largely
constant throughout the book. Extensive performance plots are also provided to
allow the reader to quickly visually compare trade-offs between design scenarios.

It was my intention when beginning the book to simply collate the accumula-
tion of analytic design solutions I had worked on during my career. However, it
quickly expanded to be much more than that. While the design equations I had
used in practice were in a large part valid, providing them in book form forced me
to return to first principles and provide rigorous justification for them. To my sur-
prise, in many instances this threw up the possibilities of new circuit architectures
and applications that had not been obvious previously. In addition, rigorous circuit
analyses threw new light on some well-known circuit architectures, for example
Chireix and Doherty, that I had previously viewed as largely disadvantageous.
The rigorous analyses pointed the way to new configurations that could overcome
many of the previous disadvantages. Such welcome revelations occurred frequently
throughout the book. As a result, many novel circuit architectures are provided that
offer significant performance advantages to the practicing engineer.

Overview of This Book

This work contains design approaches and formulae intended to aid the practicing
RF engineer in designing high-performance RF components for mobile applica-
tions. In particular, the focus is on RF couplers, combiners, splitters, and cellular
power amplifiers. The approach followed is based on using lumped-element models,
incorporating all important parasitics, to obtain analytically derived closed-form
expressions for the behavior of the network. These solutions, which can be instantly
updated with changing inputs, typically give greater insight into the behavior of a
network than is obtained by simply trying to optimize the performance of a network
in an EM software simulation program. Rather than an alternative to the latter,
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these analytic tools are best exploited in the initial design stages by employing them
to quickly explore the capabilities of alternate architectures before embarking on a
lengthy EM design optimization.



[ABCD] Parameters: Key Relationships

Before commencing the analysis of any radio frequency (RF) circuit, the engineer
must decide which set of mathematical parameters will be used to represent the elec-
trical characteristics of the network. Typically, there are multiple options available,
each of which is equally capable of representing the network. The choice made is
usually based on the personal preferences of the designer, the software tools avail-
able, the dominant circuit architecture, and the number of network ports and inter-
connections. In general, the designer should choose the set of electrical parameters
that most simplifies the design task.

In this and following chapters, we shall summarize the salient characteristics of
several of the most commonly employed network parameters used for characteriza-
tion. We begin with a set that is restricted to two-port networks, but that offers great
simplification for the series-cascading of multiple networks. A complex network may
often be reduceable to an equivalent two-port, after all internal interconnections
and terminations are applied. In those cases, these parameters can also be used to
concisely express the key network transfer characteristics.

[ABCD], or matrix [M], parameters are restricted to representing two-port
networks. However, frequently, even complex RF networks can comprise an inter-
connection of such two-port sections. As [ABCD] parameters are extremely user-
friendly and convenient manipulating two-port sections, their use is encouraged
wherever possible. [ABCD] parameters are particularly useful in calculations of
impedance matching, power transfer calculations, and the design of filter networks.

The circuit variables defined for an [ABCD] description of a two-port network
are shown in Figure 1.1. Note that the input current I; flows into the network, while
the output current I, flows out of the network. This is contrary to almost all other
network matrix characterizations in which the power-flow vectors are assigned the
same sense (i.e., either in or out) on all ports. However, for [ABCD] parameters
this choice greatly facilitates series cascading multiple two-port network elements.

Figure 1.1 Two-port [ABCD] parameter network variables.



2 [ABCD] Parameters: Key Relationships
The network is represented by the following matrix equation:
Vi _| A B V, 11
I, c Dl L (1.1)
that is,
V,=AV, +BI, (1.2)
I, =CV, + DI, (1.3)
with
A:E{ p=Vi
V2 L,=0 L V,=0
(1.4)
C=£{ D=I1
Vi 1,=0 I, V,=0
and inversion formulas are
DV, - B,
V, = 2T 20
> AD-BC (1.3)
_=CV, + AL,
2= aD_BC (1.6)
In the following section, formulas are provided for deriving key circuit electri-
cal characteristics from the network [ABCD] parameters. Subsequently, a list of
[ABCD] parameters is provided for network topologies that are commonly used in
RF design. Following that, parameter expressions are provided for both a series or
a parallel cascade of two-port networks, and also those to account for a nonzero
voltage on the reference ground plane. The latter is particularly useful for including
a circuit a series impedance element, whether intended or parasitic, in the ground
path of an active device.
1.1  Some Useful [ABCD] Relationships

If the network is reversed, the matrix equation becomes

D B
[Vi}: AD-BC AD-BC {Vél

I, C A I,
AD-BC AD-BC

Since, for a reciprocal network,

AD-BC=1 (1.8)
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for a reversed reciprocal network

Vil | D B \4
L | |Cc AL (1.9)

Hence, for a symmetric network,

AeD (1.10)

If the external source and load impedances are Zg and Z;, respectively,

Inout imped _Vi_AZ +B (111
nput mpedance in 1—1 CZL +D . )

where V is the voltage at the input terminal 1, and I, is current flowing into ter-
minal 1, with load Z; on output terminal 2.

. V, DZ+B
zZ o —x2_ZasT2
Output impedance = = CZ 1D (1.12)

where V, is the voltage at the output terminal 2, and I, is current flowing into ter-
minal 2, with load Zg on output terminal 1.

If the network is driven by a source voltage Vg, having a series impedance Zj,
and the output of the network is terminated by an impedance Z;, then the output
voltage V, on port 2, across the load, is given by

Vi _ Zy
Vs  AZ, +B+Zs(CZ, + D)

(1.13)

Alternatively, V, may be expressed in terms of the input voltage at port 1, Vy, as

Vi _ 2,
V, AZ, +B (1.14)
where
V AZ; +B
L= L (1.15)
Vs  AZ, + B+ Zs(CZ, + D)
Input reflection coefficient on port 1 is given by
Z.—-Z AZ; +B-Z74(CZ;, +D
| = in S _ L S( L ) (116)

 Zn+Zs AZp+B+Zg(CZ; + D)

The transmission coefficient T of a network, is the ratio of the amplitude of
the complex transmitted wave V,, to that of the incident wave V,. For the two-
port network

Vi=(01+T)V, (1.17)
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thus, from (1.16),

. 2(AZ; + B)
V. AZ, +B+Zs(CZ, + D)

Hence, from (1.14)

Y 2Z; (1.18)
V, AZ,+B+Z¢(CZ, + D) ’
The current entering the input port 1 is
I _ CZ, +D (119
Vs AZ, +B+Zg(CZ, + D) ’
The DC component is
I, CZ, +D
=R
(VS]DC (AZL +B+Zg(CZ;, + D)] (1.20)
1.2 Common Two-Port Network [M] Parameters
1 Z
[M] = [ 0 1 } (1.21)

Figure 1.2 Series impedance.

[M] { 11/ (1) } (1.22)

Figure 1.3 Shunt admittance.

] 1+ Y,Z Z
| Y+ (1+Y,2) 1+Y,Z (1.23)

[M] =

Y 14YZ, (1.24)

[ 14+YZ, Zy+Z,(1+YZ) ]

Figure 1.5 T network.
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JLL,  jo(l-K)JLL,

k

k
K M] = (1.25)
s M= o
A jwkyL,L, k
Figure 1.6 Coupled inductors.
L, jo(l- k) LiL,
L, + kyJL,L L, +kyL,/L
[M]: 2 \/ 142 2 \/ 1 2 (1.26)
7070 1 1oL +kyL,/L,
— jo (L, + kJLL, L, + kL, /L,
2

Figure 1.7 Coupled-inductors auto-transformer.

36 v
ny n, 0 72
m

Figure 1.8 Transformer.

1
. —_— 0
P ny [M] = 1+7’l2/ﬂ1 (1.28)
m 0 1+ ny /n1
Figure 1.9 Ideal auto-transformer.
—_———
Z.y, I Ml = cosh(yl)  Z,sinh(y) 1.29)
e sinh(y/)/Z,  cosh(yl)
cos@ jZ,sin@
Ml =
For the lossless case [M] { isinglZ,  coso ] (1.30)

Figure 1.10 Transmission line.
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In (1.29) and (1.30), Z, = transmission-line impedance. The complex propagation
constant Y= o + j(27/A), where o = dissipative coefficient, A = wavelength, and /
= length of transmission line in wavelengths. The phase length of the transmission
line is represented by ¢ = 27l/A.

As a further aid to the designer, a compendium of useful [ABCD] formulae for
additional common two-port RF topologies is given in Appendix A. In Appendix
B, formulae are provided for converting between the various sets of two-port net-
work parameters.

1.3 Interconnection of Two [ABCD] Matrices
Figure 1.11 shows a series cascade of two [ABCD] networks.

Cascaded parameters are

[M] = (1.31)
C,A,+DC, CB,+DD,
Figure 1.12 shows a parallel connection of two [ABCD] networks.
Parallel parameters are
A" B
M| =
[M] {C, D,} (1.32)
where
A = (AB, + A,B))
(B, + B,)
B = BlBZ
(B + B,)
(1.33)
o (B + B,)(Cy + Cy) — (A + Ay)(Dy + Dy))
(B, + B,)
D= (BiD, + B,Dy)
(B, + B,)
1.4 Modified Matrix Coefficients with Ground Impedance

In practical RF circuits, it frequently happens that the ground reference in the device
or module is not at the same potential as the external system ground. This is typi-
cally attributable to parasitic resistance or reactance in the connection between the
device and system ground planes. If the device [M] matrix coefficients are known
with reference to the device ground, the modified coefficients referenced to the
external ground can be determined from the formulas below.
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I I
‘f an, || c,o;, 1"

Figure 1.11 Cascaded [ABCD] networks.

AEERE
:

Y A,B,

G0,

¢

Figure 1.12 Parallel [ABCD] networks.

Let the parasitic impedance between the device and external ground planes be
represented by Z,, as shown in Figure 1.13.
Modified parameters [M’] are:

[M] = [ é g’, } (1.34)
where
A =(A+CZ,)/(CZ, +1)
B'=B-Z,(A-1)(D-1)/(CZ, +1)

C' =(0)/(Cz, +1)
D' =(D+CZ,)/(CZ, +1)

(1.35)

o o
> y »
| AB y

V1 //1 lé V2
A" A
vy l-Jl]Zg V3

(e, O
v

Figure 1.13 Network with ground impedance.
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S-Parameters: Key Relationships

Unlike [ABCD] parameters, scattering (S) parameters can be used to characterize
networks with an unlimited number of ports. They are by far and away the most
widely used electrical parameters for characterizing RF networks. The reason for
this is that they are based on normalized power flow variables. For a high-frequency
RF network, it is typically very difficult to directly measure the currents and volt-
ages at the network ports, while power flow measurements are relatively straight-
forward. Thus, rather than direct current and voltage parameters, the S-parameters
are based on power-based normalized voltages at each of the ports. The normalized
input voltages are customarily denoted by a,,, while the normalized output voltages
are denoted by b,. These voltages are normalized to characteristic impedances on
each of the ports, which may be different from one another. However, it is com-
mon practice to choose 50Q) as the default normalization impedance for all ports
of an RF network.

Given the dominance of S-parameters in RF circuit analysis, a wider range
of formulae for differing network configurations than in those for other network
parameters is presented in this chapter.

A network with 7 ports and the S-parameter voltage variables and scattering
matrix is shown schematically in Figure 2.1.

The network is represented by the scattering equations:

b, Su o Sy, a
= 2.1)
bn Snl Snn a,
St . . Sip
ng Son

=
]!

Figure 2.1 Definition of multiport scattering parameters.
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that is,

The variables a,, and b,, at each port, are related to the voltages and currents
at the port by the following relations

V,=a,+b, (2.3)
I = (@, - b)/Z, (2.4
where Z,, = characteristic reference impedance at port 7.
Thus,
ay = (V, +1,Z,)12 2.5)
by = (V, ~1,Z,)2 2.6)

S-parameters are extensively used for representing linear RF networks because
of the ease with which they can be measured on the bench and because they can be
used to characterize a network with an unlimited number of ports. However, they
are generally very unwieldly to manipulate directly mathematically. S-parameter
formulae for even relatively simple network interconnections are typically very
complex. This is not an issue when using RF commercial analysis software tools to
manipulate the networks. However, it typically makes them unattractive to use as
the basis for the development of analytic network synthesis solutions.

2.1 Some Useful S-Parameter Relationships
Some useful S-parameter relationships are the following. If the network is reciprocal
Son = Sum (2.7)

In addition, if the network is lossless

Sll o Sln Sfl v S;n

Snl o Snn S:1 s S:;zn
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where [ |7 represents the transpose of the matrix, and [1] represents the unitary
matrix, that is,

1S, > + 1S, +18,° =
=1
, 1 (2.9)
|S1n|2 + |SZn|2 """ + |Srm|2 =
and

5115;‘2 + 5125;2 ........... +SlnSZZ =0

o (2.10)
Snlsik(nfl) + SnZS;(nfl) T +SnnS:(n—1) =0

Input reflection coefficient at port 7

r,=b,la, (2.11)
Input impedance at port 7
a,+b
7\ =41
(Z:), b L (2.12)
Output voltage at port 7
V,=(1+T,)b, (2.13)

where I',, = load reflection coefficient at port 7.

If Vg = voltage driving source on port 7z and Zg = series source impedance, as
in Figure 2.2,

Vo= Lt s, Z”Z_ sy, (2.14)

or with

[SSmn]
b,

Figure 2.2 Voltage driving source on port n of a multiport network.
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S k41 (2.15)
’ ZS + Zn '
Vs = —>—(a, - T'b,) (2.16)
1- T :
2.2 Changing Port Normalization Impedances

The S-parameters for an RF network may be based on differing normalization
impedances on each of the ports. They may be chosen, for example, to match the
loading impedances on the ports. Occasionally, it may be desirable to change the
normalization impedance on one or more of the network ports. This is not straight-
forward as the S-parameters are all interdependent. Thus, changing the normaliza-
tion impedance on only one port can result in a change in all the S-parameters.

The formulae for changing the normalization impedance on port P of a network
from Zp to Zp are given below.

The network S-parameters are modified from S,,, = S,,,, where

Form =P, n+P,

~ 28
5, - _ 25 _ (2.17)
1 + ZP/ZP - SPP (l - ZP/ZP)

Form=n=P,

~ 1_ZP/ZP_SPP(1+ZP/ZP)

s ZolZy — S (1-2/2s) o
Form# P,n# P,
) SypSen (1 Zp1Z
Soen = S+ 74 zpfpzlf —( Sre (1P— sz)’/ZP) -
Form#P,n="P,
i 28,,pZp/Zp (2.20)

P 1+ ZP/ZP - Spp (1 - ZP/ZP)

These formulae yield the modified scattering parameters of a multiport network
when the normalization impedance is changed on one of the ports, 7 = P. If it is
desired to change the normalization impedances on more than one port, the above
formulae should be applied sequentially to the ports in question.
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2.3 Some Useful Two-Port S-Parameter Relationships

Complex RF networks are typically characterized by S-parameter representations
comprising multiple ports. However, it is frequently the case that, for the final
analysis, the network is reduced to a two-port representation by terminating the
remaining ports with impedance networks. The characteristics of the network for
transforming an input signal on one of the ports to an output signal at the second
port can then be evaluated. Among the key characteristics of interest are the network
input and output impedances, gain, and phase or group delay through the network.
The S-parameter matrix for a two-port is reduced to

b, _ S S a 291
b, S Sx a (2.21)

corresponding to scattering equations

by = Spiay + Sy, (2.22)

b, = $y1a, + Spa, (2.23)

where the normalization impedances on ports 1 and 2 are Z; and Z,, respectively.
If the network is reversed,

b S»n S a
1[_| 92 Su 1 (2.24)
b, Sz Su )
For a two-port network, with port 1 as input, and source voltage Vs and out-
put on port 2,

Vin=a; + b (2.25)
I, = (a1 - b1)/Z1 (2.26)

Defining
I's= % and T = % (2.27)

A=l S11 512 [ =%
b4 S21 S22 "2
(\)Vs

v

Figure 2.3 Two-port S-parameter network variables.
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a =

bl = (S]l +

2 [(1 - FSSM) (1 - 1—‘LSZZ) - 1—‘Sl—‘LS12S22

181285 P
1-T1S,

l—‘LSZI

Clz_

b,

V, =

2

S 1- IS

_ 8,
1-T1S,

_ (1 + FL) SZl
1- FLSZZ

a

a

251

Z, = ( jZl
1-8 - FLSHSZl/(l - FLSZZ)

\%

1n

((1 +811)(1-T18) + FLS]ZSZI)Z1

Iy

Vs (Z1 +Zs+811(Z, - Zs)) (1-T182)+ 18128, (Zi - Zs)

Lo = ( sz
1- 85 = TsS128:1/(1-T's814)

Vi S (1-Ts)(1+Ty)

Vs 2(1-TSyy)(1 - T1S5) ~ TsT 181,85

2.4 Common Two-Port Network S-Parameters

Z+2,-2, 27,
§=| ZtB+e ZrZiv,
- 27, Z+2,-2,
— Z+Li+24, Z+Z2i+24,
Z, - (1 + YZZ)Zl 27,

21+ 2,+Y2Z,

[S]= 27,

21+ 2,+Y2,Z,
Z - (1 + YZl) Z,

2+ 2, +YZ2Z,

2+ 2, +YZ,Z,

(2.28)

(2.29)

(2.30)

(2.31)

(2.32)

(2.33)

(2.34)

(2.35)

(2.36)

(2.37)

(2.38)
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s]=| P P (2.39)
Su Sn
D D
where
Si=-(M+Y,—(1+Y22)/1Z, + 1+ Y,2)Z, + Z(Y,Y, - 1/Z,Z,))
glz = Z/Zz
§21 =2/Z,
Sp=-(Y+Y+(1+Y,2)/Z, -(1+ Y, 2) Z, + Z(Y,Y, - 1Z,Z,))
D=Y,+Y,+(1+Y,2)/1Z,+(1+ Y, Z2)Z, + Z(Y\Y, + 1/Z,Z,)
s]=| P P (2.40)
Su Sn
D D
where
Su=0+2,12)1YZ, — (1= Z,1Z))1YZ, — (1= Z,1Z,)) (A + Z,1Z,)
S, =2/YZ,
§21 =2/YZ,
Sy =(1+2,12)IYZy — (1= Z,1Z,)IYZ, — (1 + Z,1Z,)(1 - Z,1Z,)
D=(+2,1Z,)IYZ + (1 + Z,1Z))IYZy + (1 + Z,/1Z,) (1 + Z,12,)
ke [S] = b b (2.41)
LB L, Su S
D D

where
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Si = jo(Li/Zy ~ L/2,) -1~ 0* (1= &) LiL,/1Z,Z

Si, = 2jokLiL,/Z,

S,1 = 2jokLiL, /Z,

S = jo(Ly/Zy — Li/Zy) -1 - * (1= k)L L,/ 2,2,
D = jo(Li/Z, + L,/1Z,) +1- 0 (1 - k) L,L,/Z,Z,

Su S
- - [S] = b Db (2.42)
Ly S Sn
L, D D
where

S, = —(1 + 0 (1= ) LiLy/Z 2 + joo(Ly + Ly + 2kJLL,) /2, - Lz/Zl))
Si2 = 2jo(Ly + kJLL,)/Z,
S, = 2;‘a>(L2 + k@) /Z,
5, = —(1 + 0 (1= R LLy/ZZ, ~ joo((Ly + Ly + 2kJLL,)/Z, - Ly /gl))

D =1-0*(1- &) LiL,/Z,Z, + ;‘w((L1 + Ly +2kJLLy)/ Z, + Lz/zl)

”12 Z, - ”%Zl 2mn, Z,

mZi+mZ, mZ+niZ,

[ ] [} S —
n, n, [ ] 2mn, 2, ”%21 _ ”1222 (2.43)
mZy+mZy mZy+niZ,

Zo/Zi+ (W myin)” 2(1+ mylny)
ZZ/Zl_(1+n2/nl)2 Z,1Z, —(1"‘”2/”1)2
[S] = R (2.44)
2 ”z. 2(1+n2/7’l])ZZ/Z] _Zz/Z] +(1+7’12/7’l])
m 2212 - W+ mylm)'  Zy1Zy = (L4 myImy)’
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2.5

Su S
————————  —
D D
L [s]=| © (2.45)
v Su Sn
D D

—Q?}—

where

Si =2 (2, = Z,)cosh (Yl) + (th - ZlZZ) sinh (Yl)
S, =222,

§21 =22,Z,

gzz =2, (Zl - Zz) cosh (7’1) + (th - ZIZZ) sinh (7’1)
D = Z,(Z, + Zy)cosh () + (27 + Z,Z,)sinh (vl)

where Z, = transmission-line impedance. The complex propagation constant y =
o + j(2m/A), where o = dissipative coefficient, A = wavelength, and / = length of
transmission line in wavelengths.

Coupled-Inductor Multiport S-Parameters

Coupled inductors are an important component and building block essential to the
functioning of many RF communications circuits. They are used principally for
phase splitting/combining of two RF signals or for impedance matching. A simpli-
fied schematic representation for such a component is shown in Figure 2.4.

Such a pair of coupled inductors is often referred to as a transformer. However,
it should be noted that the coupled-inductor pair is characterized by two induc-
tance values L; and L, and not by a turns ratio as would typically be used for a
true transformer. This difference can be seen in the two-port examples in Figures
1.6 and 1.8. Viewing a coupled-inductor pair as a transformer can lead to many
unrealistic expectations as is discussed in detail in Section 12.1.

Because coupled-inductor pairs are such an important component of RF circuits,
it is worthwhile to characterize their S-parameter representations in the common
topologies in which they are used.

As shown in Figure 2.4, in its most general form, a coupled-inductor pair con-
stitutes a four-port network. Due to reciprocity and top-to-bottom symmetry of

L

Figure 2.4 Coupled-inductor four-port schematic.
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the network, the number of independent S-parameters required to represent the
network reduces from 16 to 6. These are Sy1, S12, S35 S14, S33, and S;4. The four-
port S-parameter matrix for a coupled-inductor pair takes the form

by St S Siz Sie a
b, S S Sie Si )
by | | S Su Sy Sy . as (2.46)
by Sia Sz Sz S33 as

or, writing the equations out explicitly,

by = Snay + S12a; + S13a5 + Si4a4
by = Sipay + S11a; + S1aa; + S13a4
by = Si3a1 + S14ay + S35 + S34as (2.47)
b4 = Sl4a1 + Sl3a2 + S34a3 + 53344

With the following definitions:

Z, = common four-port normalization impedance
k = mutual coupling coefficient
Ziy =Ry + joL, (2:48)

Ziy = Ry + jol,
The individual S-parameters can be expressed in terms of the circuit elements as

L (2Zg+Z1))Zyy + (k) LiL,
U220 + 20)2Z0 + Z1) + (k) LiL,
272,27y + Z;»)
2Zy + Z1)2Z + Z1,) + (k) LiL,

2jwkL,L,Z,

QZy+ Z1,)2Zo + Z15) + (k) Ly L,
o - 22jokJLL,Z, (2.49)
N QZo+ 21220 + Z1o) + (0k) LiL,
2Zy+ Z15)Z15 + (0k) LiL,
(2Zo + Z1)2Zy + Z1,) + (k) LiL,
27,(Zy + Z1))
2Zo + Z11)2Zy + Z15) + (0k) L, L,

S12 =

Si3

33 —

S34

Another, more restricted, application of the coupled-inductor configuration is
its use as a three-port. In this case, one of the ports of the generalized network is
grounded, as shown in Figure 2.5.
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Figure 2.5 Coupled-inductor three-port schematic.

This architecture is commonly employed for differential combining or splitting
and its use is considered in detail in Chapter 14.

Due to reciprocity and top-to-bottom symmetry of the network, in this con-
figuration, the network requires only five independent S-parameters to represent it.
In terms of the four-port S-parameters, given in (2.49), the modified S-parameter
matrix [S’] for the three-port configuration is

by S S Sis a
b, |=| S, Sii S || & (2.50)
by Sis S5 85 as

or, writing the equations out explicitly,

by = Stia; + Sha, + Sisas
b, = Sira, + St1a, + S53a5 (2.51)
by = Sisa1 + Si3a, + Si3a5

From circuit analysis, the three-port S-parameters can be derived in terms of
the four-port S-parameters as:

Sis

S =8, -
11 11 1+S33
S, =8, + 5B
12 12 1+S33
28
S5y = —¢ (2.52)

1+ 855
$), =
3 1+ 855
. 3851
=228 1
33 1+ 853

A still more restricted use of the four-port coupled-inductor network is it use
as a two-port. In this case, the four-port network is grounded on two ports, as
shown in Figure 2.6.

Applications of this inline coupler configuration for PA output matching are
examined in Chapter 12.



20

S-Parameters: Key Relationships

Figure 2.6 Coupled-inductor two-port schematic.

For this configuration, only three independent S-parameters are required to
represent the network. The modified two-port S-parameter network matrix [S’] is

b, _ ATRENE _ ay 553
by Sts S5 as (2.53)

or, writing the equations out explicitly,

by = $tyay + 8345

by = Si3a; + Si3a; (2.54)

From circuit analysis, the two-port S-parameters can be derived in terms of the
four-port S-parameters as:

(1-38)(1+S53) + 385

ST =
! Sts - (1+8;1)(1+S55)

Si; = 2.55
13 S123 _(1+S11)(1+S33) ( )
, (1+8)(1-3855)+ 385

533 =

Sty — (1+81;)(1+ Ss3)

When a coupled-inductor pair is incorporated in a compact RF layout, for opti-
mum circuit performance, it is generally desirable that the mutual magnetic coupling
factor be made as large as possible. Doing this requires that the two inductors are
placed in the closest possible proximity to each other. The two inductors are typi-
cally implemented by conductor traces on the substrate or printed circuit board
(pcb). These traces may be on the same layer, as in Figure 12.2, or superposed on
adjacent layers. In either case, with the inductors in close proximity, in addition to
the magnetic coupling, there will be a distributed capacitive coupling. This undesired
capacitive coupling between the two coils can significantly impact the performance
of the coupler, especially at higher frequencies.

Adding capacitive cross-coupling into the model for the generalized four-port
coupler of Figure 2.4 is extremely challenging. However, closed-form analytic solu-
tions can be obtained for a more restricted case, which are helpful in understand-
ing the impact of cross-capacitance on a coupled-inductor performance. For the
restricted case L, = L,, the terminating external impedances on all ports are Z,. A
coupled-inductor network with equal-value inductors is an important building block
in many circuits. These include shunted-inductor lattice couplers (SILCs) (Chapter
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1 of Volume 2 of this series), branch-line couplers (Chapter 2 of Volume 2 of this
series), Wilkinson couplers (Chapter 8 of Volume 2 of this series), and others. A
simplified schematic for such a coupler is shown in Figure 2.7.

The S-parameters for the four-port network are again represented by (2.46)
and (2.47). The following variables are defined for the analysis:

Definitions:

L = inductance of top and bottom inductors

O; = inductor quality factors

R; = wyL/Q; = series resistance of each inductor
Z, =R, +joL

k = inductors’ mutual coupling coefficient

C = total cross-capacitance between inductors
QO = capacitor quality factors

G = 0yC/Q¢ = capacitive parallel conductance
Ye= Ge+joC

Determination of the S-parameters is most easily carried out using an incre-
mental model for the coupler. The incremental schematic to be used for analysis is
shown in Figure 2.8.

The generalized four-port coupled-inductor network with L; = L, = L is repre-
sented by the distributed schematic shown in Figure 2.8. The external terminating
impedances on all four-ports are Z,.

Here, 6L is the incremental inductance per unit length and 6C is the incremental
capacitance. In terms of the overall inductor values, these incremental values are
given by 6L = L/, and 6C = C/I, where [ = length of the inductor. The analysis of
the coupled-inductor network is most readily carried out using an even-odd mode
analysis. For this, the boundary conditions applied are a source voltage Vg on port
1, with zero excitation on port 3. This excitation is then split into an odd-mode
drive with +V/2 on port 1 and —V/2 on port 3 and an even-mode drive with +V/2
applied to both ports. The two drive scenarios are shown schematically in Figure 2.9.

k

LBL
@

Figure 2.7 Equal coupled inductors with cross-capacitance.

v Vs

oL oL oL oL
@""l,2 0C_ 00025000, ---2€000-25000-C r"‘h@

l4 _I_ r— _I_ r— o r— _I_ r— _I_ l
@y 000 ——000- 000 02‘5 42

v, oL oL oL Vs

Figure 2.8 Distributed four-port coupled-inductor model with cross-capacitance.
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Z +V/2

@+V/2 C
W J__\OQQ/J_\OQQ/J_

1

~1=000—1—000—1, P
AT T AN

(a)

Z, +V/2

@+V/2 C
Q_W_L J__\O.QQ/J_\O.QQ/J_

1

T—fom T 700 Tty Lo TR
<1—f\/\AJ@_ ®L<—f\/\/\-<::)—l>

(b)

Figure 2.9 Even-odd mode drive on ports 1 and 3 of equal coupled inductors: (a) odd mode,
and (b) even mode.

The net transfer coefficients defining the network are then obtained by lin-
ear superposition.

For the odd-mode drive, the equivalent network for both the upper and lower
inductors is as shown in Figure 2.10. For the even-mode drive, the equivalent net-
work for both the upper and lower inductors is as shown in Figure 2.11.

For the odd-mode drive, the network is equivalent to a transmission line. The
[ABCD] matrix coefficients for such a transmission line, with lossy elements are
determined from (1.29), as

cosh¢ Z;sinh¢

[M]=| sinho cosho (2.56)
Z
where line impedance
(Z, - jokL)
Z) = | ———=
I Ve (2.57)

(1-koL  (1-K)oL (1-k)oL  (1-K)oL

25CI 26CI 26C¢ 2(3(:? 25CI

Figure 2.10 Odd-mode network schematic for equal coupled inductors with capacitance.

(1+K)OL  (1+k)SL (+K)0L  (1+k)dL
L —000—000 --—000—000—

Figure 2.11 Even-mode network schematic for equal coupled inductors with capacitance.
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(2, - jokL)2Y,

propagation coefficient Y= ] (2.58)
and
0 =1 = (2, - jokL)2Y, (2.59)
From analysis, we determine on port 1
Vi Z(Zycosh¢ + Z;sinh¢) 5 60
Vsl2 27,7, cosh¢+(Z§ + Z,z)sinhq) (2.60)
and on port 2
Y2 ZoZs (2.61)
Vs/2 27,7, cosh¢ + (Zé + Z,Z)sinh(p ’
For the even-mode drive, circuit analysis yields:
Vi _ Zy+ R, +jo(l+ k)L 5 6
Vg/2  2Zy+ Ry + jo(l+k)L (2.62)
\% Z
= £ (2.63)
Vg/2  2Zy+ R, + jo(l+k)L
Hence, for excitation on port 1, the net voltages are
Vi  Zy+ R +jol+k)L N Z,(Zycosh¢ + Z, sinh ¢) 5 64
Vs/2 2Zy+ Ry +jo(l+R)L ~ 2Z,Z cosh¢ +(Z§ + Z})sinh¢ (2.64)
v, _ 2 . 2,2, e
Vs/2  2Zy+ R, + jo(1+k)L 2+ Z})si (2.65)
f o+ Ry +jo(l+k) ZZOZ,coshq)+(Zo +Z,)smh¢
V;  Zy+ R +jo(l+k)L _Z (Zycosh¢ + Z; sinh ¢) (2.66)
Vsl2  2Zy+ Ry +jo(l+R)L  2Z,Z cosh¢ +(Z5 + Z})sinhg
Vs Zo ZoZi (2.67)

Vs/2 ~ 2Zy+ Ry + jo(I+R)L 22,7, cosh¢ + (28 + Z7)sinhg

Assuming the normalization impedance Z, to be pure real, as is invariably the
case, for the S-parameters, we have

Vi = (1+Sy,)Vs/2 (2.68)
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thus
S = % -1 (2.69)
S, = % (2.70)
Sis % (2.71)
S, = % (2.72)

Substituting from (2.64) to (2.67), the S-parameter expressions for the equal-
valued, coupled-inductor network, accounting for cross-coupling capacitance are
determined as

Si11=8, = S33 = Sus
-Z, Z,(Zycosh¢ + Z,sinh ¢)

= +
2Zy + R+ jo(l+R)L 27,7, cosh¢ +(Z; + Z})sinh ¢ (2.73)
S =8,1= S34 = S43
= Zo + L2 (2.74)
2Zy+ Ry + jo(L+ KL~ 27,7, cosh¢ +(Z; + Z})sinh ¢ ‘
Si3 =831 =84 =S4
_ Zy+ R +jo(l+k L Z,(Zycosh¢ + Z,sinh¢) 2.75)
2Zy + Ry + jo(L+R) L 2Z,Z,cosh¢ +(Z5 + Z})sinh ¢ '
Si4 =84 =83 =385
Zo ZoZy (2.76)

T 2Zy+ Ry + jo(l+ KL 27,7, cosh¢ + (23 + Z})sinho

2.6 Interconnection of Two Two-Port S-Parameter Networks

Figure 2.12 shows a series cascade of two two-port S-parameter networks.
Denoting S-parameters resulting from the cascade of the two two-port networks
by S,,,, we have

S’f =S + 811281215211
11 — “111

2.77
1= SiSonr (2.77)
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A1 [S111 S112] |So11 S| €92
b14|S121 S120| |S201 S2of P D2

v v

Figure 2.12 Cascaded two-port S-parameter networks.

& S112512
Sp=rT"7— 2.78
2T S (2.78)
& 81215221
Si=—e—— 2.79
- $122811 ( )
g 812282128221
Sy = 8yy, + =
22 222 F 7T S1Sois (2.80)

Figure 2.13 shows a parallel connection of two two-port S-parameter networks
with the following equalities:

Dy = 1+ Si11)(L+ S122) = S1125101 (2.81)
Dy = (1+ 811)(L+ $522) = $112801 (2.82)

E=D\D, - 2(5111 + Slzz) D, - 2(5211 + Szzz)D1

2.83
+ 4((1 +8111) (1+ Sa00) + (14 S500) (1 + S505) = 81128001 — 32125221) ( )

Denoting S-parameters resulting from the cascade of the two two-port networks
by S,,.., we have

2(2(1+ S111) Dy + 2(1+ S541) Dy — DiDy)

Si=-1+ 5 (2.84)

~ 4(S,1,D, + S,,D
S,y = ( 111 2E 212D)) (2.85)
~ 4(8,,:D, + S,,,D
5, = ( 121 zE 221 1) (2.86)
ey S Sz 0

S121 S
e=lia 121 122_‘5 >,

So1 Sz

Sa21 S22

v Y

Figure 2.13 Two parallel two-port S-parameter networks.
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2(2(1+ S122) Dy + 2(1+ $305) D, — DiD,)

- (2.87)

Szz = —1+

Figure 2.14 shows a stacked connection of two two-port S-parameter networks
with the following equalities:

Dy = (1= S111)(1 = S122) = S1128121 (2.88)
D, = (1= 8511)(1 - $220) = $,125001 (2.89)

E=DD, + 2(5111 + SlZZ)DZ + 2(5211 + SZZZ)Dl

2.90
+ 4((1 = 8122) (1= S211) + (1= S111) (1 = $205) = S112821 — 51215212) ( )

Denoting S-parameters resulting from the cascade of the two two-port networks
by S,,.,, we have

2(2(1=S111) Dy + 2(1 = S341) Dy — DiD;)

S, =1-
" E (2.91)
S, = 4(S112D; + $51,Dy) (2.92)
E
S, = 4(S121D; + $50:D1) (2.93)
E
~ 2(2(1=842,)D, +2(1 - S,5,) Dy, — DD
§,=1- ( ( 122) D +2( 222) Dy 1 2) (2.94)

E

Figure 2.15 shows a parallel-series connection of two two-port S-parameter
networks with the following equalities:

Dy = (14 S111)(1 = $122) + S112811 (2.95)

Dy = (1+ S511)(1 = S522) + $2125001 (2.96)
E = DD, = 2(S111 = $122) Dy = 2(S211 = $222) Dy

2.97
+ 4((1 +8111) (1= S500) + (1+ S311) (1 = S122) + S1128501 + 51215212) ( )

A
N

a
b | S iz
$121 S122

Y

S211 5212
SZZ1 S222

<1-| L]

o

Figure 2.14 Two stacked two-port S-parameter networks.




2.6 Interconnection of Two Two-Port S-Parameter Networks 27

as

S S p
9> S121 $122 2
b <€| v

5211 5212

S221 S222
v R

Figure 2.15 Parallel-series connection of two, two-port S-parameter networks.

+

L1

Denoting S-parameters resulting from the cascade of the two two-port networks
by S,,., we have

2(2(1+ Si11) Dy + 2(1+ Sy14) Dy — DiD;)

Sii=-1+ 5 (2.98)
~§12 _ 4(3112D2 + 5212D1) (2.99)
E
S, = 4(S121D; + $20:D;) (2.100)
E
~ 2(2(1=81,)D, +2(1-8,,,) Dy — D;D
5, =1- ( ( 122) D> ( 222) Dy 1 2) (2.101)

E

Figure 2.16 shows a series-parallel connection of two two-port S-parameter
networks with the following equalities:

Dy = (1= 811)(1+ S122) + Si128121 (2.102)
D, = (1 - 5211) (1 + Szzz) + 812801 (2.103)

E = DD, +2(S;11 = $122) Dy + 2(S511 — $200) Dy
+ 4((1= Si)(1+ Spon) + (14 8,25)(1 = Sy11) + S1128m01 + SiiSan) 104

Denoting S-parameters resulting from the cascade of the two two-port networks
by S,,.,, we have

2(2(1 —S111) Dy +2(1 = S541) Dy — D1D2)

§11=1— E

(2.105)

a

T 1S111 S
bt [5111 Sz
! S121 $122 <«
|: v [ b

5211 5212

S221 5222
2 v

Figure 2.16 Series-parallel connection of two, two-port S-parameter networks.
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512 = E (2.106)
5, 4(S121D; + $,,,D,) (2.107)
E
~ 2(2(1+ 8122) Dy +2(1+ S55,) D, — DD
§, =1+ ( ( 122) Dy +2( 222) Dy i 2) (2.108)

E

Figure 2.17 shows a two-port with a direct input-output connection across
the network.
Denoting the resulting S-parameters of the two-port network by S,,,, we have

— S11S22 _ (1 — Slz)(l _ SZl)

S.=S
H - 2+ 81 +85 8,8

(2.109)

12 =921 =
2+ 811 +85 8,28

(2.110)

Figure 2.18 shows a two-port comprising a direct line with terminated two-
port shunt to ground.
The reflection coefficient on output port of the two-port is

Z1-2%

r,=2L-%22
" Z+ 4,

(2.111)

where Z, is the characteristic impedance on port 2 of the network.
Denoting the resulting S-parameters of the two-port network by §,,,, we have

S1-1+T (Szz = 8118y, + 512521)
Si1+3 =T (385 + 8118 — $15,1)

Sll = SZZ = (2.112)

G| (S S| | € 92
b4 |S21 S| » b,

v
Figure 2.17 Two-port with input-output short S-parameters.

- <+« @
b14—|_ > b,
S Sz

V4
S S22

r
v

Figure 2.18 Terminated two-port in parallel with through-line S-parameters.
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Sp,=8,=1+8, (2.113)
Figure 2.19 shows a terminated two-port connected in series with direct line.

[ Sy +1-T (Szz + 81182, — 512521)
! 23— Su-Tp (3522 =818 + 512521)

(2.114)

512 = 521 =1- 511 (2.115)

Figures 2.20(a, b) show the schematic exchange of port 1 with the ground of
a two-port network. Such a transformation could be used, for example, to convert
the S-parameters of a transistor, measured in common-emitter configuration, to
common-base, as shown in Figures 2.20(c, d).

Defining

D=(1+58)1-82)+2-S5)2-5x) (2.116)

and, denoting the resulting S-parameters of the two-port network by S,,,, we have

~ 4(1+S

5, = —14-—£—25—E) (2.117)
; 202-8

Su==2(l—-i—f;iﬁ) (2.118)
o <0

b 4 | —» b,

St Sz
Z
Sxn S

v

Figure 2.19 Terminated two-port in series with through-line S-parameters.

(2] 1 P Q€92 a; Gy N ) =
bie |21 22| Fp, bybe |31 22| b
! ‘; S$x1 S % 2 72 ‘; Sa1 S22 % ?
(a) ()
a4 <0 a; a,
b4 > b, bie —» b,
© (d)

Figure 2.20 Exchanging port 1 and ground port S-parameters: (a), (b), (c), and (d).
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Sy = 2(1 - M} (2.119)

Sy =1- # (2.120)

The transformations for exchanging port 2 with ground follow trivially
from above.

2.7 S-Parameter Reduction of a Terminated Three-Port to a Two-
Port Network

When a three-port S-parameter network is terminated on one-port by a complex
impedance, the resulting network reduces to an equivalent two-port network. This
section presents the modified S-parameters of the resultant two-port network in
terms of the original network parameters. Figure 2.21 shows the S-parameter rep-
resentation of a three-port network with a complex termination impedance, Z;,
on port 3.

The reflection coefficient of the load on port 3 is defined by

Zy = Zs

'y =———=—
" Zy +Z;

(2.121)

where Z; is the characteristic impedance on port 3 of the network.
Denoting the S-parameters, the resulting two-port network by S,,,, we find

. Si3S
S — S + LP13931 .
11 L T,S;, (2.122)
G 181385
S =8 +————=
12 =912+ T T,Ss5 (2.123)
;858
S S + LP23931 .
21 = 90 F T T,Ss, (2.124)

10— Z 3
S11 512 S13 %]
-

SZ1 SZZ 523
S31 S32 S33

Figure 2.21 Terminated three-port S-parameter network.
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< FLSZ3S32

S, =8, + —=== .
22 22 1-T,5,; (2.125)

2.8 S-Parameter Reduction of a Terminated Four-Port to a Three-
Port Network

When a four-port S-parameter network is terminated on one-port by a complex

impedance, the resulting network reduces to an equivalent three-port. This section

presents the modified S-parameters of the resultant three-port network in terms of

the original network parameters. Figure 2.22 shows the S-parameter representation

of a four-port network with the complex termination impedance, Z;, on port 4.
The reflection coefficient of the load on port 4 is defined by

2y~ 24

= m (2.126)

Ly

where Z, is the characteristic impedance on port 4 of the network.
Denoting the S-parameters, the resulting three-port network by §,,,, we find

Si1 = Si1 + 14814841/ (1 - T4S44) (2.127)
Sio = Sip + 14814842/ (1= Ty S4y) (2.128)
Si3 = Si3 + T4S14843/ (1 - T4S4s) (2.129)
So1 = So1 + 14824841/ (1= TySus) (2.130)
Sry = S22 + 14854842/ (1 - T4S44) (2.131)
Sss = So3 + 14824843/ (1 T4S44) (2.132)
Ss1 = S31 + T4S834841/ (1 - T4S4s) (2.133)

1o Sy S1p S13 S0, [°3
Ul S0 2 13S0 | V

531 S32 S33 S34
20— -Z 4
Sa1 Sz Sz Saq | =

Figure 2.22 Terminated four-port S-parameter network.
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Sy =85+ T485484/ (1= T4S44) (2.134)
333 =85+ F4534543/(1 - 1ﬁ4S44) (2.135)
2.9 Useful Three-Port Formulae

Three-port networks are very common and find many applications in RF circuits.
Examples include couplers, power splitters and combiners, and diplexers. In this
chapter, some useful formulae are presented to aid in their analysis and design.
Figure 2.23 shows key circuit parameters appropriate to analysis of a three-port
network characterized by scattering parameters.

Three-port S-parameter equations are:

b, St S Sis a4
by |=| Su Sn S || @ (2.136)
bs S S S a3
that is,
by = Spya + Sppay + 1343 (2.137)
by = Syia1 + Spay + Sy3a; (2.138)
by = Sy1a1 + S5pa, + S33a5 (2.139)

From circuit analysis, we have

Vi=a +b (2.140)
Vy=a,+b, (2.141)
Vi =as+b; (2.142)
I
Vs S

CI3+
< @ b3<_ V3

2v15

I S S12 Sz I,
V.

> -
Gp Vi) Sar S22 San ZIZ'_GZ
—'b < Sy S35, S b, =
@ Ve g7 e Pn Vsz

Figure 2.23 Three-port network with voltage and current variables.
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and
Iy = (a; - by) /12 (2.143)
I, =(a, - b)) /2, (2.144)
I = (a5 - b3)/2Z, (2.145)

where Z,, Z,, and Z; are the normalization impedances on ports 1, 2, and 3,
respectively.

If the external impedances on the three ports are Z,, Z,, and Z;, the loading
reflection coefficients are given by

r,=-2-%22 (2.146)

While three-port networks are extremely useful, some care must be taken when
working with them, on the bench or analytically. The principal difficulty is that,
from simple analysis, it can be shown that the three ports of a lossless network can-
not be matched simultaneously, which implies that the following equation cannot
be realized in any physical lossless reciprocal network

S11=82=533=0 (2.147)

Although a lossless three-port network cannot be simultaneously matched on
all ports, this does not mean that power transfer through the network must incur
some mismatch losses. In fact, power transfer through the network can occur with
great efficiency, save only for dissipative losses, so what is the consequence of not
being able to implement a three-port network that satisfies (2.147)?

Consider a network with two ports arbitrarily terminated. At a given frequency,
it will generally be possible to conjugately match the input at the third port to an
arbitrary source impedance. Power will then flow from the source to the two loads
with no mismatch loss, despite the fact that at the two loaded ports there would
not exist a conjugate match between the loads and the network. Due to the latter, if
all external impedances were left unchanged and one of the two previously loaded
ports now driven instead, there would be power loss due to mismatch at that port.

In the case that a three-port is used as a coupler, two ports, rather than one,
are simultaneously driven. Again, this function can be accomplished in the three-
port without any mismatch loss on the two ports or output if it is designed appro-
priately. It is simply necessary to imagine the three-port scenario in the previous
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paragraph being operated in reverse. By reciprocity, if the input power on one port
of the network is split efficiently to the two alternate ports, then simultaneously
applying corresponding output voltages to the said output ports will result in the
network efficiently combining the two inputs at the previous input port. Note that,
in this case, the two input ports strongly interact. If either of the ports were to be
excited independently, there would be a mismatch loss at that port. Furthermore,
if the two ports are excited simultaneously, but the relative drive voltages differ
from the ratio resulting from the splitter scenario, each of the two ports will suffer
a mismatch loss.

The subtleties of the use of a three-port as a combiner are most easily understood,
and analyzed, using linear superposition. For example, to analyze the three-port as
a coupler, we can first determine the reflected power at the first coupled input, set-
ting the voltage source at the second coupled port to zero. Next, setting the voltage
at the first coupled port to zero and that at the second coupled port to its appropri-
ate value, the power coupled (or leaking) to the first port can be determined. There
will be a perfect match (i.e., no reflected power) at the first port if the sum of the
reflected and coupled power at the first coupled port exactly cancel. This is similar
for the match at the second coupled port.

2.9.1 Input Impedance and Voltage Division, Driving Port 1 Alone

2 ~1|z,
1-5 | IBAPS (521 +T5(85383 — 521533)) + 383 (531 +T5(85,8 - 522531))
Y -
(1= T385) (1= T5853) = ToT'38,385,
(2.148)
Vo _ (4TS +T5 (8585 = $21853))  Zi+ 2, (2.149)
Vo (1=T38) (1~ T3855) = ToT55,585, 2(Z1 + Zun) '
Vs _ (L+T5) (S50 + T2 (85281 = $22831)  Zy+ 2y 4 (2.150)
Vs (1=T582)(1 - T3853) = T2T3855; 2(Z1 + Z1,in) ’
These equations may be used to calculate power transfer.
2.9.2 Input Impedance and Voltage Division, Driving Port 2 Alone
2 ~1|z,

B 485 (S12 +13 (313532 - 512533)) + 13853 (532 +14 (512531 - 511532))
(1= T48;1)(1 = T'38535) = T438:585

1-5,

(2.151)
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Vi (1+ Fl)(slz +T3(S1383 — 512533)) Z,+7Z) iy

= 2.152
Vo O-TS)0-T38) - IS8y 2(Za v 22 ) 07
vy _ (1 T3)(S5 + T0 (Si2Ss1 = $11832)  Zo +Z i 2159

Vo (1=T48;1)(1 = T58535) = 458,585, Z(Zz + Zz,in) '

These equations may be used to calculate power transfer.
2.9.3 Input Impedance and Voltage Division, Driving Port 3 Alone
7. 2 “1|z
an 1= S — IS5 (Fzslzsza + 3853 (1 - rzszz» + 1,85 (F1513821 + 853 (1 - r1511» =
? (1=T811)(1 = T285) = T1T181585

(2.154)
i _ (1 + Fl)(Sl3 + FZ (812823 - 813522)) Z3 + Z37in (2 155)

Vs (1=T4Siy) (1= T28) = Thl281,8 2(Z3 + Z3_in) ’

V. 1+ T5)(S55 + T1(S5155 — S14S s+ 725

Vs _ ( 2)( 23 + 11821813 = Siy 23)) Ly+ 25 in (2.156)

Vs (1=T4811)(1 = T385) = T1T185,151 2(23 + Z3,in)

These equations may be used to calculate power transfer.

2.9.4 InputIimpedances, Driving Ports 1 and 2 Simultaneously

Frequently, when a three-port network is used to combine two input powers to sum
as an output at the third port, the magnitudes of the two input voltages are equal.
In this scenario, two of the most common cases are: (1) the voltages are in phase,
or (2) the voltages are out-of-phase. When the two voltages are in-phase, this is
referred to as an even-mode drive; when they are out-of-phase, this is referred to as
an odd-mode drive. Alternatively, more commonly, the latter mode is also known
as differential. When a three-port is used in this manner to combine two differen-
tial input powers into a single output, it is referred to as a balun (abbreviation of
balanced-to-unbalanced). A balun can equally function in reverse to split a single
input signal into two equal differential outputs. Some basic examples of three-port
networks are shown in Figure 2.24.

Figure 2.25 shows the defining circuit variables for a three-port network under
even-mode and odd-mode drives.

The impedances at the two input ports (1 and 2) are given by

7 ((1 +811)(1 - T3853) + F3S13S31) 4+ (Slz (1-T5853)+ 1ﬂ3513S32) a
lin = £
((1 = S1) (1= T'3853) - 1ﬂ3513531) a; = (S1z (1-T58;5) + F3Sl3S32) a, (2.157)
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and
7 (521 (1-T5855)+ r3523531)a1 + ((1 +82)(1 - T5853) + F3523532) @ Z, (2.158)
in — =) .
2 —(Szl (1 - F3533) + Iﬂ3523531) @+ ((1 - Szz)(l - Iﬂ3533) - F3Sz3332) a
where a; and a, are the incident voltage amplitudes at each port.
For the even-mode drive
a) =aq (2.159)
and for the odd-mode drive
a4 =-4q (2.160)

thus, for the even-mode drive, the input port impedances are

2(1-T;S;3) J
Ziyen = -1|Z )
1 {(1 = 811 = 812) (1= T'3835) = T'3815(S31 + S32) ! (2.161)

7 2(1-T5S55) ]
even — -1|Z
’ [(l = 851 = 850) (1= T'3833) = T3855(S51 + S52) ? (2.162)

©] (d)

Figure 2.24 Basic three-port network examples: (a) in-phase discrete combiner, (b) in-phase
discrete splitter, (c) differential transformer combiner, and (d) differential transformer splitter.

7 >
+Y’ +‘./ - b1;__ S11 S12 Sis 4_—153 >
- az_y S21 S22 Sa3 v
. b <+ | S31 S32 S33 (v
2
+V,—V ® F

Figure 2.25 Three-port with even-mode and odd-mode drive.
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and for the odd-mode drive

2(1 — F3S33) ]
Ziodd = 1)z
ol ((1 — 811+ S1) (1= T5853) = T'58,5 (S5, — S50) 1 (2.163)

2(1-T58;5) ]
Zyodd = -1|z2 2.164
20dd [(1+s21 S -T380) + ToSy, (S - 8) )22 (2164

2.9.5 S-Parameters from Terminal Voltages and Currents

On occasion, having determined the port voltage-current relations for such a net-
work, from, say, circuit analysis, it is desired to use these values to derive an S-param-
eter representation for the network.

Consider the three-port network shown in Figure 2.23, with the voltages and
currents shown at each port. Suppose the following voltage-current relationships
have been determined for the network

Vi=2Zul + 21, + 24515
Vo = Zply + Zpl,y + 2315 (2.165)
Vi = Zyli + ZIh + 23515

Assuming the same normalization impedance Z,, on all three ports, the S-param-
eters for the network may be derived from the following formulae, with

D = o305, (0511 + Zo) + 013003 (0‘22 + Zo) + 001500, (0‘33 + Zo)

2.166
—001200530031 — Ol130031003) — (0511 + Zo)(azz + Zo)(a33 + Zo) ( )
The S-parameters are
20530057, — (0 + Zo) 033 + Z)) Z,
S, =1- ( 23003 — (0t D_o)( 33 _o))_o (2.167)
20050037 — 0y (035 + Zy)) Z
S, = ( 130032 12 (033 _o))_o (2.168)
D
2(0t1,0005 — 05 (0 + Z)) 2
S,; = ( 120023 13 (02 _0))_0 (2.169)
D
2(0t530031 — Oy (035 + Zp)) Z
S, = ( 230031 21 (033 _0))_0 (2.170)
D
2050031 — (0641 + Zo) (0635 + Zo)) Z
S, =1- ( 13031 — (01 + Zo) (33 _0))_0 (2.171)

D
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2(05130521 — s (ot + Zo)) Z

Sy = D

S = 2(0‘210‘32 — ot (0 + Zo)) Zy
31 = D

S, = 2(05120‘31 — oty (041 + Zo)) Z
32 =

D

2(0‘120‘21 — (o1 + Zo) 0y + Zo)) Z
D

S35 =1-

2.9.6 Derivation of Terminal Voltages and Currents from S-Parameters

(2.172)

(2.173)

(2.174)

(2.175)

As an inverse to the previous section, sometimes it is desired to determine the volt-
ages and currents on the ports of a three-port network, given its S-parameters and

nature of the externally applied sources.

Consider the three-port network shown in Figure 2.26, with the voltages, cur-

rents, and external driving sources shown at each port.

Assuming the same normalization impedance Z, on all three ports, the volt-
ages and currents at the network ports may be derived from the following formulae.

With

(Zo = Z51)S15Vs3 ] :
Zo+Zss +(Zo— Zs3)S33 )~

E, = (Vm -

Zo — Zs))(Zy — Z3)S13S
E, =Zy+Zs +(Zo - Zs1) S11 — (Z 1) (Zy 53)S1555:

Zo+ Zsy +(Zo — Zs3) S5

(Zo — Z51)(Zo — Zs52) $13532
Lo+ Zgs + (Zo - Zsa) S33

E; = (Zo - Zs1) Siz —

(Zo ~ Z52)$23Vss ) Z,
Zo+Zss +(Zo— Zs3) S35 )~

E, = (Vsz -

< @ /A
CHN % 7}
SH S12 S13

Vil
" S21 Sa2 Sas
") Ve, ‘r S31 532 533

V

Figure 2.26 Three-port network with voltage and current variables.

(2.176)

(2.177)

(2.178)

(2.179)
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Zo—Z) (2o — Z¢3) 5538
Es = (Zo - Z52)So1 — (Zo 52)(Zo 53) 523831 (2.180)
Lo+ Zg + (ZO - Zs3) Ss3
Eq=Zy+ Zsy +(Zo — Z52) Sna - (= Zsp)\Zo = Z55)$555 (2.181)
6= 520 sprne Zo+ Zgs +(Zo — Zs3) S33 '
we have
_ EE, - EE,
1= 7]52156 "ELE; (2.182)
_ E,E, - E|E;s
) = 7E2E6 "EE, (2.183)
ViZo — (Zy — Z3)(S51a; + S35a

a4, = 320 — (2o 53)(S31a1 + S32a5) (2.184)

Lo+ Zgs + (Zo - Zs3) Ss3

The voltages are
Vi = (L+S1)a; + Sipa; + Si3a; (2.185)
Vy = Syay + (1+ Sy5)ay + Sp3a; (2.186)
Vs = Sy1a + Sy, + (1+ S33) a5 (2.187)
The currents are
= U= Sua _ZSMZ —Sue) (2.188)
Lo

=S +(1=S8)a, — Sy)sa

I, = ( 21a + 2)a — 83 3) (2.189)
Z

=S54y — S04, + (1= 833)a

13:( 5141 — S320; + ( 33) 3) (2.190)

Zo
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Y and Z-Parameters: Key Relationships

3.1

For certain networks and interconnections, S-parameters may not always provide
the most convenient matrix representation for circuit modeling and analysis. Some
basic properties of two alternate sets of matrix parameters, namely, Y and Z, are
presented in this chapter.

Y-Parameters

Y-parameters provide an alternative to S-parameters, for characterizing a multiport
network with an unlimited number of ports. They are particularly advantageous
when networks are to be connected in parallel. Y-parameters are admittance param-
eters and thus are current-based, rather than power-based, as are S-parameters.
This makes them particularly suitable for analyzing solid-state designs comprising
current-driven active components such as transistors.

A network with 7 ports, the Y-parameter voltage, and current variables and
matrix parameters is shown schematically in Figure 3.1(a). In Figure 3.1(b), an
example schematic is shown of a parallel connection of two Y-parameters repre-
sented two-port networks.

The Y-parameter matrix network equations are:

Il Yll T Yln Vl
= (3.1)
In Ynl T Ynn Vn
— Yu . . Y > <
ﬂ‘? Yir Yo /‘ﬂ‘
v LV I Y Y1 |
N T v v,
@ v v — Yor Yo
Mmoo . n o Yo
v v
il
() ()

Figure 3.1 Multiport Y-parameter network schematics: (a) n-port Y network elements, and (b)
two-port parallel Y-parameters.

4
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3.2

that is,
L =Y Ve +Y1,V,
(3.2)
L, =Y, Vy-ee +Y.,.V,
thus,
I
fon = ‘;: V;=0,for i%n 3.3)

Hence, the Y-parameters for each port are determined by the ratio of the ter-
minal input current to an applied independent voltage source, while all other ports
are simultaneously short-circuited. This can prove very challenging to achieve in a
bench measurement. In light of (3.3), Y-parameters are often referred to as short-
circuit admittance parameters.

(2, Yo%)

Port admittances Y, = v (3.4)

Thus, for the parallel-connected two-ports in Figure 3.1(b), the Y-parame-
ters of the combined network are simply the sum of the corresponding individual
Y-parameters on each port.

Some Useful Two-Port Y-Parameter Relationships

Complex RF networks are typically characterized by Y-parameter representations
comprising multiple ports. However, it is frequently the case that, for final analysis,
the network is reduced to a two-port representation by terminating the remaining
ports with impedance networks. The characteristics of the network for transforming
an input signal on one of the ports to an output signal at the second port can then
be evaluated. Among the key characteristics of interest are the network input and
output impedances, gain, and phase or group delay through the network. Figure
3.2 shows the key circuit parameters for analysis of a two-port network character-
ized by Y-parameters.
The Y-parameter matrix for a two-port is reduced to

Yo Y,
Y, Yo (3.5)

[Y]=

<<
AN
&

S
A
N

A\ 4

S
<]

v
Figure 3.2 Two-port Y-parameter network variables.



3.3 Common Two-Port Network Y-Parameters

43

with

Input admittance

Input impedance

Output admittance

Output impedance

I =Y,Vi+ Y,V

I, =Y, Vi + Y5,V

Yi = A Yo = A
Vi V.
1lv,=0 2lv,=0
Yo = & Yy, = &
V; V.
1lv,=0 2lv,=0
I Y,,Y
Y, =-Lt=Y, - 22
Vi Y, +Y,
Z, = & _ Yn +Y;
I Yy (Yzz + YL) =YYy,
1 Y,,Y.
Y2 — _2 — Y22 _ 12121
v, Y+ Yy,
Z, & _ Y+ Y

- I, - Yy, (Ys + Yn) - Y, Yy

3.3 Common Two-Port Network Y-Parameters

[
4 4

Y] =
M- 4
Z Z
[Y]{: :}
Vel 1
[Y]= Z 4
1 Y, +1

(3.10)

(3.11)

(3.12)

(3.13)

(3.14)

(3.15)
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1+YZ, -1
v+ 2,+Y2 2, Z,+7Z,+YZZ,
B 1 1+YZ, (3.16)
Z+72,+Y2, 72, Z,+7Z,+YZ,Z,

-j ik
o(l-£)L,  o(l-k)JLL
sk e [Y]= p j (3.17)
LggL o(l-&)JLL,  ol-£)L,
[ L+ L, +2kJLL, L,+kJLL, ]
jo(l-kK)LL,  jo(l-£)LL,
[Y]= (3.18)
7090~ L+ kJL,L, L
T jo(l-kK)LL,  jo(l-k&)LL
n n, [Y] ={ : } (3.19)
ny o
o [Y]= { B} } (3.20)
1 -1
B — (Z] coth (YI) (Zz sinh ()/l))
- [Y]= o . (3.21)
Y 7(Zt o (yl)) [choth (yl)
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where Z, = transmission-line impedance. The complex propagation constant y =
o + j(27/A), where o = dissipative coefficient, A = wavelength, and / = length of
transmission line in wavelengths.

Note that finite Y-parameters do not exist for several of the above networks. In
those cases, Y-parameters cannot be used to characterize such networks.

3.4 Z-Parameters

Z-parameters provide another alternative set of variables for characterizing a mul-
tiport network with an unlimited number of ports. They are particularly advanta-
geous when networks are to be connected in series. Z-parameters are impedance
parameters and thus are voltage-based.

A network with 7 ports, the Z-parameter voltage, and current variables and
matrix parameters is shown schematically in Figure 3.3(a). In Figure 3.3(b), an
example schematic is shown of a series connection of two Z-parameters represented
two-port networks.

The network is represented by the Z-parameter matrix equations:

Vl le o Zln Il
=l . (3.22)
V. Zn Zum || L
that is,
V1 = Z11I1 ...... + ZlnIn
(3.23)

Zﬂ . . Z1n

Zy Zyy, 1A
Ziy Ly

g : v, I: :I v,
| . . . .
V ZZ'H ZZ12
Zy, . . Z, T 6 Lo Loy *
(a)

(b)

Figure 3.3 Definition of multiport Z-parameters: (a) n-port Z network elements, and (b) two-
port series Z-parameters.

il
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3.5

thus

v,
L =77 | (3.24)
n1[,=0,for i#n
Hence, the Z-parameters for each port are determined by the ratio of the ter-
minal voltage to an applied independent current source, while all other ports are
simultaneously open-circuited. This can prove very challenging to achieve in a
bench measurement.

(2, Zm)

Port impedances Z, = 1 (3.25)

m

Some Useful Two-Port Z-Parameter Relationships

Complex RF networks are typically characterized by Z-parameter representations
comprising multiple ports. However, it is frequently the case that, for final analysis,
the network is reduced to a two-port representation by terminating the remaining
ports with impedance networks. The characteristics of the network for transforming
an input signal on one of the ports to an output signal at the second port can then
be evaluated. Among the key characteristics of interest are the network input and
output impedances, gain, and phase or group delay through the network. Figure
3.4 shows the key circuit parameters for analysis of a two-port network character-
ized by Z-parameters.
The Z-parameter matrix for a two-port is reduced to

Zy 7

[ﬂ=[Z; iﬁ} (3.26)
that is,

Vi=Zul+ 2,1, (3.27)

Vo =2l + 2y, (3.28)
with

Zn=? Z2=? (3.29)
111,=0 211,=0

Figure 3.4 Two-port Z-parameter network variables.
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v

-
21 Il

1,=0

v

7. =
22 IZ

1,=0

(3.30)

Thus, the Z-parameters on port 1 are obtained by open-circuiting port 2 (i.e.,

V, = 0) and vice versa.

I, Ipn+7Z;

Input admittance Y, =—

- Vi - Zy (Zzz + ZL) — 2125

i Vi VA Y
= — = _—————
Input impedance Zy 1, Zy 7o+ 20
I, Zs+ 2y,

Output admittance Y, =—

- V, - Zy (Zs + Z11) =212l

V.
Z2=_2= 22

Output impedance i
2

21325
Zs+ 744

3.6 Common Two-Port Network Z-Parameters

T (o)
11
Y Y
7| =

AT
T Y Y

1+Y,Z 1

[Z]= Y+, +YY.Z Y +Y,+YY,Z
1 1+YZ

Y,+Y,+YY,Z

Y, +Y,+Y,Y,Z

(3.31)

(3.32)

(3.33)

(3.34)

(3.39)

(3.36)

(3.37)

(3.38)
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sk Ie ) joL,  jokJLL,
1,981 = 3.39
'38h jokJLL, oL, 937

jwL, jo(Ly + kJLiL,)

Py (Z] = (3.40)
” 1 jo(Ly + kyLiL;) jo(Ly + Ly + 2k, L)

[ ) [ ] _ _
n, n, [z]=] = ° (3.41)

¢ n2° i ) ]
o [Z1=] _ _ (3.42)

Z
) Z, coth(yl) Sh (1)
S =), (3.43)
v ——-—  Z,coth(yl)

—‘1?»— sinh (j/l)

where Z, = transmission-line impedance. The complex propagation constant y= o
+ j(27/ L), where o = dissipative coefficient, A = wavelength, and [ = length of the
transmission line in wavelengths.

In Appendix C, formulae are given for converting four-port network S param-
eters to equivalent Y parameters.
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Power Relationships

4.1

Once a preferred set of parameters capable of accurately modeling the performance
of a network has been determined, either experimentally or analytically, invariably,
the designer will seek to use them to determine how efficiently the network per-
forms an assigned task. For this, the power transfer relationships for the network
are required.

There are two distinct measures of power-transfer efficiency (i.e., insertion
loss) that can be used to characterize a network. While for many networks, in the
band of interest, they may be very similar, there is a subtle but important differ-
ence between the two. Taken together, these two transfer parameters can tell us a
lot about the network.

1. Pyo/Piy: This ratio, referred to as the operating power gain, describes the
power delivered to the load(s) relative to the input power (i.e., entering the
network). This power loss characterizes any dissipative losses in the network.

2. Pyo/Pyyair: This ratio, referred to as the transducer power gain, describes
the power delivered to the load(s) relative to the maximum power available
from the source. This power ratio accounts for power loss to the load arising
from any mismatch loss on the input and power dissipated in the network.

In all cases, Py/P,.i1. < Pye/Piy- It is generally very instructive to plot these two
insertion gain characteristics when analyzing any RF network. Over any frequency
range in which the input to the network is well matched to the source, they will be
essentially the same. Any discrepancy between the two is indicative that the network
input impedance is not well-matched to the source impedance at that frequency.
The parameter Py, /P;, is helpful in revealing the best power transfer efficiency that
could possibly be achieved with the network, for the given source and load imped-
ances, given the dissipative nature of the network.

Fundamental Power Relations

Power available from the source

_ Vg

Pavail = SR(‘/I*) - AR (ZS)

Power into the network

49



50 Power Relationships

_ R(Zn) VS
" zs+ Z
Power delivered to the load
v,vi) Vi
P = m[—j -Vl 5iz,)
ZL ) |zl

where R( ) denotes the real part and * denotes the complex conjugate.

Hence, the transmission gain in decibels is

V, IV’
Y 49%(28)9%@)}

L RZIR(Z)

Pdel

avail

= 10log[

= ZOlog[Z

(Zs + Zi,) VLIV
Z; EK(Zm)

(Zs+ Zi,) VLIV [R(Z))
Z; R(Z:)

and, if Zg, Z; are real,

k = 1010g[

Avail

2
Vil 4R, =20log|2
Vsl Ry

4.2 [ABCD] Power Relations

Power into the network is

VinVi:J _ R((AZ, + B)(CZ, +D)')V¢

Rn:g{( * 2
Z |AZ; + B+ Zs(CZ, + D)

in

Power delivered to the load is

2
7 Vs

Py = %[VLVLJ = R(Z1)

Z; ) |AZ, +B+Zs(CZ, + D)

Hence,

(4.4)

(4.5)
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Lia _ 1010g R(Z1) .
P, R((AZ, +B)(CZ, + D))

(4.9)

This expression provides a measure of the power dissipation in the network.

AR(Zy)R(Z1) ,
P AZ, + B+ Zs(CZ, + D)’

(4.10)

This expression incorporates transmission losses due to both reflection on the
input port and dissipation in the network.

4.3 Two-Port S-Parameter Power Relations

With

2
Z, = z 411
[1 S~ T SiSu/ (1 - rLszz)] ! “.11)
and

Vs (Zi+Zs+811(Z1 = Zs)) (1 =T 1.S55) + T 181251 (Z1 — Zs)

(4.12)

The power into network is

P, =R(Viulin) = %[Vi V—] = V¢

2
Vi 1
inl g3
VS (Zin) (413)

7

in
or

P - 3(((1 +811)(1- rLszz) + FLS12S21)Zl)ER((1 - Sll)(l -T18»)- FL512521) (4.14)
in — 2 .
(Z+ Zs + $11(Z) = Z) (1 = T1.85,) + T1.81:8,1 (Z, — Zs)

where R( ) and J( ) represent real and imaginary components.
The power delivered to the load is

5 (4.15)
S (1-Tg)(1+T,) |
2(1-TS)(1—T;85) ~ [T 528:1) Z,|

R(Z.)
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and

2
Pdel | S (1-T5)(1+T)(Zs + Zi) ’ R(Z.) (4.16)
| 1 FSSM 1 FLSZZ) SFL812S21) ZL‘ 9{ (Zin) )

This expression provides a measure of the power dissipation in the network.

20log. Sn0=T+T)RZIREZ,) |
Pavail ‘((1 - 1—‘Ssll)(l - 1—‘LSZZ) - l—‘Sl—‘LSlZ'S‘Zl) ZL‘

(4.17)

This expression incorporates transmission losses due to both reflection on the
input port and dissipation in the network.

4.4 Two-Port Y-Parameter Power Relations

The power into the network is

P, = Si(vmvizj = 9{((1 + ZLY22)<Y11 -7 (Y12Y21 - Y11Y22))*) Vs2 (4.18)
T ) 2 .
Zio ) [+ Z,Y0 + Zs (Vi — Zy (Yia Yoy — Vi Yan))
The power delivered to the load is
g 2
= %(VLYL] ) MEM SV (419)
ZL ‘1 + ZLYZZ + ZS (Yll — ZL (Y12Y21 — Yllyzz)j
and
2
11);lel = 10log R(ZL)Ya _[-dB (4.20)
in 9{((1 + ZLYzz)(Yn - Z; (Y12Yyy — Yllyzz)))

This expression provides a measure of the power dissipation in the network.

2
Pdel — 1010g 49'{ (ZS)SK(ZL)|Y21| > dB (4 21)
‘1 +Z1 Yy + ZS(Yll ~Z; (YioYo — Y11Y22))‘

4.5 Two-Port Z-Parameter Power Relations

The power into the network is
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P EK(V”’V‘;J EK((ZLZM + Z1Zyy — ZinZn)(Zy + Zzz)*)vsz 4.22)
in = % = 2 .
Zin ‘ZLZII +Z11Zyy = Z1y 2oy + Zs (2, + Zzzj
The power delivered to the load is
LAY R(Z)Z,o"
Py = 9{ L*L] = (1) 2 Vi (4.23)
Zy ‘ZLZH + 2Ly — 232y + Zs(Zy, + Zzzl
and
7)1,
Eﬁ-:lOkg R(Z)iZa ~|-dB (4.24)
B, ER((ZLZU +Z01Zoy = Z0:Z0)(Z1 + Z12) )
This expression provides a measure of the power dissipation in the network.
P AR(Zs)R(Z,)|Z,]
Pdel zlolog ( S) ( L)| 21| - .dB (4.25)
This expression incorporates transmission losses due to both reflection on the
input port and dissipation in the network.
4.6 Some Useful Power Relationships

Due to their compact nature, mobile devices are invariably powered by low-voltage
batteries, typically 5V or less. If they must drive a high-impedance output load
(e.g., 50Q), this substantially limits the power that can be delivered directly into
the load. If more power is required to the load, an output matching network must
be inserted between the network and the load to adapt the output impedance of
the network to that of the load. Output matching networks are invariably required
for RF power amplifiers (PAs) in a cellphone, for example. Regrettably, any output
matching network will invariably reduce the system performance somewhat from
that of the network alone. The matching network will result in additional power
losses, reducing overall efficiency, and also reduce the system bandwidth. A princi-
pal goal of the designer must be to minimize both these downsides. Some formulae
useful to these efforts are given below.

If o = inherent network efficiency, into an ideal conjugately-matched load and
dBL = post-network insertion gain, the resulting network efficiency (network +
output circuitry) is

dBL/10

n="1n,-10" (4.26)
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or inverting, if the measured efficiency of a network plus output circuitry is 1, then
the inherent transfer efficiency of the network is

Ny = 1 - 10%L/10

(4.27)
Mobile RF PAs invariably have some form of output power control. In the major-
ity of cases, the power control is implemented in the active devices and associated
with a change in efficiency; the output matching network usually remains fixed.
For a system delivering power into a load impedance R, the power is deter-
mined from

2
Py =30 +10log R’—’ZS (4.28)
or
Viak
P =30 + 10log(ﬁ] (4.29)
thus
Voeake = 2R} 10Fn/1073172 (4.30)
In a special case in which R; = 50Q,
Vi = 10 Bisn/10-1)72 4.31)

4.7 Maximum Available Gain: Optimum Conjugate Matching of a
Passive Two-Port

As mentioned in the previous chapter, how to optimize the performance of a given
network to provide maximum power transfer between a given source and load is
typically of prime importance to the practicing RF engineer. In general, for a pre-
scribed network, this may require adding additional elements to both the input and
output of the network, to achieve optimum power transfer over a desired frequency
range, as shown in Figure 4.1.

In seeking to understand what the given RF network is capable of, the designer
often is interested in knowing the best possible performance that could be achieved

Figure 4.1 Two-port S-parameter conjugate matching.
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from the network with optimum external matching networks. The term “optimum”
here means those matching networks that would result in the network having the
lowest power loss when driven by a specified source impedance on the input to a
specified load impedance on the output. To achieve this minimum insertion loss
state, the intermediate matching networks (M; and M, in Figure 4.1) must provide
simultaneous complex matches I'g and T';, on the two ports of the network.

Achieving the simultaneous match condition is nontrivial as, in general, the two
ports of the network interact. Thus, changing the external impedance on one port
will modify the impedance seen at the second port. In consequence, for example,
if an arbitrary load is applied to the output, an input matching network M; can be
determined that provides for a complex conjugate match on the input port of the
network. However, despite this input match, network analysis will generally show
that the complex conjugate match condition is not met on the output. Due to the
interactive complexities, to ensure the minimum possible insertion, or dissipative loss
in the network, the conjugate matching networks are best determined analytically.

For a simultaneous-match analysis, the matching networks M; and M, are gener-
ally assumed to be lossless and continuously adaptable to maintain the simultaneous
conjugate matching conditions at every frequency. As such, these matching networks
may not be physically realizable. Typically, they can only be approximated by physi-
cal networks over a restricted frequency range. Nonetheless, the analysis can be
helpful to the designer in understanding the circuit limitations and its capabilities.

There are a few important aspects to be aware of when performing a simulta-
neous conjugate match analysis of a passive two-port network:

1. The network must be linear.
2. Unique solutions for the matching networks only exist providing:

- |511|2 - |Szz|2 + |511$22 - 512521|2
2|S12521|

Stability factor K= (4.32)

3. For alossless reciprocal network, K = 1. In this limiting case, there will exist
an infinite possible set of solutions for the conjugate matching requirements.
If the source or load impedances are chosen arbitrarily, a conjugate match-
ing impedance at the alternate port may always be determined that results
in 0-dB insertion loss through the system.

The simultaneous conjugate matching impedances are determined as follows.
Defining

A=38§y, (1 - |Szz|2) +81,5,155 (4.33)

and

S1,S
B=1-|8," + A =SSl 21‘ (4.34)
1= 5"
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the required simultaneous conjugate matching reflection coefficients on the input
and output ports are

Lo BB -4 ry = (s, s TsSuSu) oo
5 2A LR T S '
The corresponding external impedances are then
1+ Ty 1+T,
s 1-T, 41 L 1-T, ) (4.36)

where Z; and Z, are the normalization impedances on ports 1 and 2, respectively.
From the formulae presented with simultaneous conjugate matches on the net-
work, the minimum insertion loss through the network is

( Pyel j _ 2010g‘ S$1(1=Ts)1+T)yR(Zs)R(Z)) ‘
Pt ) (1= TgS1) (L= T1850) = TsT'1812821) Z)]

-dB  (4.37)

where R( ) denotes the real component.
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Lumped-Element Basics

5.1

Typically, RF circuits comprise both active and passive components. These must
be modeled accurately over frequency in any analytic model to be used for device
simulation and design. The modeling of passive elements is especially critical, as
active device models invariably include passive elements in their circuit representa-
tions. This chapter is thus focused on presenting circuit models, which can repre-
sent passive elements over an extended frequency range, and describing how the
characterizing parametric values can be extracted from measurement.

Individual circuit elements can be divided up into three distinct groups, those
whose function is primarily inductive, capacitive, or resistive in nature. The inclu-
sion of the qualifying word “primarily” is especially critical for reactive elements,
as their characteristics will typically vary significantly over frequency. This varia-
tion is due to undesired parasitics associated with any physical element. As a result,
an element that is capacitive over one frequency range may appear inductive over
another. Likewise, an element that is inductive over one frequency range may appear
capacitive over another. For high-frequency RF circuits, such parasitics are critical
to predicting device behavior over an extended frequency range and thus must be
included in any analytic model if it is to be useful.

A common initial step to developing a valid equivalent circuit model for an RF
component is to obtain its key electrical parameters by measurement on the bench.
Alternatively, these parameters may also be obtained from complex, typically time-
consuming and expensive, electromagnetic modeling software tools. Either way,
the goal is to use the data to develop a lumped-element model of the minimum
complexity to match the characteristics over frequency.

Parametric Model Extraction

Lumped-element component models are only useful if the parametric values for the
models can be extracted from either measured or modeled data. Scattering param-
eters, commonly referred to as S-parameters, are typically used to characterize the
electrical characteristics of an RF component. Commonly, they are normalized to
a characteristic impedance Z; = 50Q.

5.1.1 Extracting Immittances from S-Parameters

Capacitors and inductors are one-port devices. To fit model parameters to measured
component data, first the impedance Z, or admittance Y = 1/Z, of the element must
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be derived from the S-parameters. The S-parameters of a one-port element may be
measured in one of three configurations, as shown in Figure 5.1.

With the circuit topology shown in Figure 5.1(a), only input S-parameter data
S1; is taken. In that case, the elemental impedance and admittance are determined
by Figure 5.1(a):

1+S11 and Y=Y01_Sll

Z=ZO
1-54 1+ 5,

5.1

where Y, = 1/Z,.

With the circuit topology shown in Figure 5.1(b), full two-port S-parameters
may be taken. However, due to the circuit symmetry, there are only two indepen-
dent parameters to consider, S;; and S,;. The elemental immittance values may be
derived from either of the latter.

In Figure 5.1(b), from Sy,

Z=_ZO1+S11 or vo_ 281

28, "1+ 58, (5-2)

In Figure 5.1(b), from S,

SZl 1_521
Z =7 —= Y =2Y,
°[2(1— Sm)] o °( S j -3)

With the circuit topology shown in Figure 5.1(c), again full two-port S-param-
eters may be taken. As before, due to the circuit symmetry, there are only two
independent parameters to consider S;; and S,;. The elemental immittance values
may be derived from either of the latter.

In Figure 5.1(c), from Sy,

2811 1 - Sll
0 1 - Sll or 0 2S11 (5.4)
In Figure 5.1(c), from S,;,
1 - 821 2 - S21
Z=-27,|—2 Y==Y 57—
0(2_821) or 0(2(1—821) (5.5)

In the two-port measurement configurations (Figure 5.1(b, ¢)), the component
immittances can be determined in two ways. This can be a useful check to verify
the device is actually behaving as a true one-port. If the immittances obtained from

;j @@@

(C)

Figure 5.1 Alternate topologies for component S-parameter characterization: (a) termination,
(b) shunt element, and (c) series element.
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5.2

the dual calculations are significantly different, this implies that the device is likely
coupling to a neighboring device, or ground plane, and that it cannot be reliably
represented in the circuit as a simple one-port component.

Once the immittances of a physical component have been obtained from mea-
surement, as described above, the next step in creating a lumped-element equivalent
circuit model of the components is to determine the value of the elements over fre-
quency. The formulations for doing this for both capacitors and inductors follow.
Both two and three-element models are considered and their usefulness contrasted.

Capacitor Lumped-Element Models

An ideal capacitor is a passive circuit element that presents a negative series reactance
at the frequency of interest, which is inversely proportional to frequency, that is,

Z =-jloC (5.6)

where = 27f, f= frequency, and C = capacitance, typically expressed in picofarads
(pF) or nanofarads (nF).

Unfortunately, due to parasitics, (5.6) is generally insufficient for describing
the behavior of a capacitor in any analytic model that is to be useful for reliable
RF design.

The first aspect lacking in (5.6) is that any practical capacitor will have loss, or
dissipation, associated with it. Thus, its impedance Z will have a real component to it.

Such dissipation can easily be accommodated in an equivalent circuit model by
the addition of a series resistor, as in Figure 5.2(b). In this lumped-element model
for a capacitor, C.g = effective capacitance of the element at a given frequency, and
R4 = resistance (Q), included to account for losses in the element. This model is
commonly used both in the literature and for design.

A prime motivation for employing a two-element model for a capacitor is that
the elemental values can be readily determined from its characterization data. As
discussed above, this is the impedance, or admittance, of the device. Because these
complex parameters comprise only two discrete values (i.e., real and imaginary),
only two equations can be directly written to yield two parameters for a model.
Despite the great advantage of this simplicity, unfortunately, the two-element model
has severe limitations.

For any lumped-element device model to be useful over a wide frequency range,
it is highly desirable that the elements of the model do not have a strong frequency
dependence. For the model of Figure 5.2(b), however, this is frequently not the case.
The reason is that the reactance of a physical capacitor does not generally behave
exactly inversely proportional to frequency, as predicted by (5.6). It may even change
sign. In consequence, C. in Figure 5.2(b) will often be determined to have values

Co R, C L. R
e = W = | |-TT AW
(a) () ©

Figure 5.2 Capacitor lumped-element representations: (a) ideal, (b) added dissipative
elements, and (c) added dissipative and inductive elements.
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that vary greatly with frequency and may even go negative, when extracted from
physical data.

To address this issue, a greatly improved lumped-element capacitor model may
be achieved by the addition of a series inductor to Figure 5.2(b), as shown in Figure
5.2(c). In the latter, C = capacitance, with parasitic elements, L= inductance (typi-
cally, nH or pH), and R = resistance. As a result of the inclusion of this additional
parasitic inductance, the elements C, L, and R, generally have a much-reduced
frequency dependence over those in Figure 5.2(b), when fitting measured data. In
many cases, over even wide bandwidths, the elements can frequently be assumed
to be relatively constant.

The implications and significant differences between the models of Figure 5.2(b)
and Figure 5.2(c) are now examined.

5.2.1 Capacitor: Extracting Two-Element Model Values

The two-element model for a capacitor is shown in Figure 5.3.
Defining

Z=2 +iZ and Y =Y, +Y, (5.7)

where the subscripts denote real and imaginary parts. Then

-1
eff oZ, an eff r (5.8)
or
2
Y,
Cop = 2L A Ry-r ,
=y an off mz (5.9)

5.2.2 Capacitor: Extracting Three-Element Model Values

The three-element model for a capacitor is shown in Figure 5.4.

Because this model has three values to be determined, and impedance, or admit-
tance, data from measurement have only real and imaginary values, the fitting
problem appears to be overconstrained. Additional boundary conditions must be
introduced to determine the most appropriate values for the three elements.

Figure 5.3 Capacitor two-element model.

Figure 5.4 Capacitor three-element model.
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One possible approach would be to assume that the element values remain fixed
between two frequencies and determine the element values to satisfy the boundary
conditions at the two frequencies. However, such an approach requires an arbitrary
choice of frequencies and does not yield a continuous representation as to how the
element values might vary over frequency. Size and performance are dual critical
design requirements for passive on-die RF circuit design, invariably involving a
compromise between the two. To enable optimal layout for a capacitor, or inductor,
the designer needs to carefully evaluate how the component characteristics, and its
associated parasitics, vary over frequency with layout changes. Otherwise, incor-
rect conclusions may be drawn. For example, if a smaller capacitor footprint leads
to a higher associated parasitic series inductance, the equality factor may appear to
degrade. However, it may well be that this is simply an artifact of the latter and of
no consequence if the capacitor is to be series-resonated in the circuit.

Rather than the dual-frequency boundary condition approach mentioned above,
another approach was developed for determining the values of three-element capaci-
tor representation of Figure 5.4. This approach was found to be extremely simple
and effective to use in the design process. The element values are extracted over
frequency directly from capacitor impedance data with no designer inputs. The
necessary third equation for determining the three element values is obtained by
equating the derivative of the capacitive reactance, at each frequency, of the model
and the measured data.

First, we define

Z!=dZ;ldo (5.10)

A prime motivation of using the three-element model in place of the two-element
model is to obtain a model whose element values vary only slowly with frequency.
Consistent with the latter, we make the following assumptions in deriving the ele-
ment values using the reactive derivative of the component, namely,

oC’ << C and oL << L¢ (5.11)

From analysis, we then determine the lumped-element values as:

2 (Zilw + Z))

C ———— and LC = and RC = Zr (5.12)

5.2.3 Capacitor: Quality Factor

The unloaded quality factor (Q) of a reactive element is a measure of how much
energy is stored to how much energy is dissipated in the element, per RF cycle. The
latter is typically due to resistive or radiative losses. It is a critical factor in determin-
ing insertion losses in RF circuits employing the component. In general, the higher
the Q factor, the less the loss in the circuit. O-factor is determined by
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0=1z]/z, (5.13)

For a capacitor having the equivalent circuit of Figure 5.4, we have

,_ oCR¢ - j(1- @’LC)

5.14
oC (5.14)
Thus,
1-0’LcC| :
= o0k (5.15)
Hence, if Lo =0,
O = —— (5.16)
7 wCR, '

From (5.16), we can see that the Q-factor of a pure capacitor (i.e., one with L
= 0) is inversely proportional to frequency. However, for a practical capacitor, with
some associated series inductance, the O value decreases faster than the inverse
dependence, according to (5.14), and approaches zero as the frequency approaches
a resonance condition where

0’L.C=1 (5.17)

For frequencies above the resonance, the reactance changes sign, implying that,
for higher frequencies, the capacitor reactance is inductive.

High-quality capacitors used employed in RF circuits typically have O values
in the range of 50 to 100, provided that they are operated significantly below self-
resonance. The O value of a capacitor is inversely proportional to both frequency
and capacitor value; thus, it is more difficult to achieve a high-quality factor for a
capacitor: (1) at higher frequencies, and (2) with higher capacitance values.

5.2.4 Capacitor: Comparing Two and Three-Element Models

We shall now compare the major characteristics of the two and three-element
equivalent circuit models for a capacitor, with a view to their use in circuit design.

All physical capacitors have a self-resonance frequency, above which they become
inductive. In practice, the type and form factor of a capacitor are specifically selected
to ensure that this frequency is well above the desired operating frequency to neglect
any resonance effects. However, sometimes this may not be possible. In other cases,
it may not even be necessary if the capacitor is to be used in a series resonant circuit,
in which case, it is only necessary to choose a capacitor that has its self-resonance
frequency above that of the series resonant frequency circuit.

To compare the major differences in the two equivalent-circuit models for a
capacitor, we shall consider a capacitor with the following characteristics:
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Capacitance: C=2.8pF
Series resistance: R =0.4Q (5.18)
Series inductance: L: =0.4 nH

With these values, the capacitor has a self-resonant frequency ~3,052 MHz.

For the two-element model, if we extract the element values according to the
formulae in Section 5.2.1, we find the values of the elements over frequency to have
the dependencies shown in Figure 5.5(a).
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Figure 5.5 Two-element capacitor parametric plots.
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The resistance, extracted from the data, shows a constant series resistance of
0.4Q, consistent with the model. However, the capacitance value, determined from
the data, varies greatly over frequency. As expected, it shows a strong resonance
around 3 GHz. However, below this, even far below the self-resonance, it has a
strong frequency dependence, rising continuously with increasing frequency. A
lumped-element model whose elements are strongly frequency-dependent is highly
undesirable for use in analytic design approaches. To be useful, the elements of the
model should remain relatively constant at least across the desired frequency band
of operation.

Figure 5.5(b) shows the dependence of the capacitor quality factor, Q, over fre-
quency. The trace on the left shows the O of a capacitor having the elemental values
of (5.18), but with L = 0. This is the inverse frequency dependence expected of
“pure” capacitor with finite dissipation. In contrast, the trace on the right shows the
O of a capacitor, having the element values of (5.18), calculated for the two-element
model from the equations of Section 5.2.1. The O approaches zero as the capacitor
approaches its self-resonant frequency. At all frequencies below resonance, the O
value of the capacitor is visibly lowered by the presence of the series inductance,
from what would be expected of the lossy capacitor alone. This can obfuscate a
clear understanding of the key physical parameters of the capacitor.

Now we turn to examining the characteristics of the three-element model. If we
extract the element values according to the three-element formulae in Section 5.2.2,
we find the values of the various parameters of the model over frequency to have
the dependencies shown in Figure 5.6(a). Except at very low frequencies, the values
of the capacitance and resistance determined from the equations are in excellent
agreement with the model values in (5.18) used to generate the data.

The plot referred to in the left axis of Figure 5.6(b) shows the calculated series
inductance of the capacitor. Again, except at very low frequencies, this is in excel-
lent agreement with the constant value expected from (5.18).

As long as the electrical characteristics of a capacitor are slowly varying with
frequency, that is, the inequalities in (5.11) are valid, the three-element formulae in
(5.12) will be appropriate for extracting the lumped-element values.

To illustrate this, we consider a capacitor having the same constant reactive
element values of (5.18), but with a resistance that is frequency-dependent. The
dependence on frequency, shown in Figure 5.7(a), is o< 1/\f that is classically asso-
ciated with skin resistance.

Figure 5.7(b) shows the extracted reactive parameters for the capacitor having
the frequency-dependent resistance. The capacitance and inductance values are in
close alignment with the model and essentially identical with those in Figure 5.6(a).

Observe that the parametric values of the elements extracted with the three-
element capacitor model are well-behaved with no singularities over frequency. This
is dramatically different from the capacitance value derived for the two-element
model, which showed a strong frequency dependence and a singularity at resonance.

The three-element equivalent-circuit model is thus much superior to the two-
element model for characterizing a capacitor. The values are much less frequency-
dependent; they do not exhibit any singularity at self-resonance; and they give a
much better physical insight into the key physical properties of the capacitor.
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Figure 5.6 Three-element capacitor parametric plots.

Inductor Lumped-Element Models

An ideal inductor is a passive circuit element that presents a positive series reactance
that is directly proportional to frequency, that is,

Z = joL (5.19)

where 0=2f, f= frequency, and L = inductance, typically expressed in microHenries
(pH) or nanoHenries (nH).
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Figure 5.7 Three-element capacitor parametric plots with nonconstant resistance.

As with a capacitor, due to parasitics, (5.19) is generally insufficient for describ-
ing the behavior of an inductor in an analytic model that is to be used for RF design.
Again, the first aspect lacking in (5.19) is that any practical inductor will have loss or
dissipation associated with it. Thus, its impedance Z will have a real component to it.

Such dissipation can easily be accommodated in an equivalent circuit model by
the addition of a series resistor, as in Figure 5.8(b). In this lumped-element model
for an inductor, L= effective inductance of the element at a given frequency, and
R.¢ = resistance (Q), included to account for losses in the element. This model is
commonly used both in the literature and design.

As with the capacitor, a prime motivation for employing a two-element model
for an inductor is that the elemental values can be readily determined from its
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Figure 5.8 Inductor lumped-element representations: (a) ideal, (b) added dissipative
elements, and (c) added dissipative and capacitive elements.

characterization data, which again is a single parameter measurement of the imped-
ance, or admittance, of the element. Because a complex parameter comprises only
two discrete values (i.e., real and imaginary), only two equations can be directly
written to yield two parameters for a model. Despite the great advantage of this sim-
plicity, unfortunately, the two-element model for an inductor has severe limitations.

As with a capacitor, for any lumped-element device model to be useful over a
wide frequency range, it is highly desirable that the elements of the model do not
have a strong frequency dependence. For the model of Figure 5.8(b), however, this
is frequently not the case. The reason is that the reactance of a physical capacitor
does not generally behave directly proportional to frequency, as predicted by (5.19).
In fact, it may even change sign. In consequence, L in Figure 5.8(b) will often be
determined to have values that vary greatly with frequency and may even go nega-
tive when extracted from physical data.

To address this issue, a greatly improved lumped-element capacitor model may
be achieved by the addition of a parallel inductor to Figure 5.8(b), as shown in Figure
5.8(c). In the latter, L = inductance, with parasitic elements, C; = capacitance, and
R; = resistance. As a result of the inclusion of this additional parasitic inductance,
the elements L, C;, and R; generally have a much-reduced frequency dependence
over those in Figure 5.8(b), when fitting measured data. In many cases, over even
wide bandwidths, the elements can frequently be assumed to be constant.

Note that, in Figure 5.8(c), the parasitic capacitor C; is added around the series
elements . and R, not directly across L. This ensures that the model predicts dis-
sipative losses even when the inductor and capacitor are close to parallel resonance.
This more closely reflects the electrical behavior of a physical inductor.

The implications and significant differences between the models in Figure 5.8(b)
and Figure 5.8(c) are now examined.

5.3.1 Inductor: Extracting Two-Element Model Values

The two-element model for an inductor is shown in Figure 5.9.
Z=Z7+]Z, and Y=Y, +/Y, (5.20)
where the subscripts denote real and imaginary parts. Then

Leff = é and Reff = Zr (5.21)
(O]

Figure 5.9 Inductor two-element model.
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oL =

or

=~

— and Ry = (5.22)

=

5.3.2 Inductor: Extracting Three-Element Model Values

The three-element model for an inductor is shown in Figure 5.10. As with the capaci-
tor, because there are three values to be determined, and impedance, or admittance,
data from measurement, have only real and imaginary values, the fitting problem
appears to be overconstrained. A necessary third equation is thus again required for
determining the three element values. Similar to the capacitor, the necessary third
equation can be obtained by equating the derivative of the inductive reactance, at
each frequency, of the model and the measured data.
First, we define

Y/ = dY,/do (5.23)

Again, we shall assume that the three element values vary only slowly with fre-
quency. Consistent with this, we make the following assumptions in deriving the
element values using the reactive derivative of the component, namely,

2
ol << L and wC] << C; and R} << al){_L (5.24)
L

Derivation of the element values, under these assumptions, is significantly more
complex than was the case for the three-element model for the capacitor. This is
because, in the inductor, lumped elements are interconnected in a series and paral-
lel configuration. However, after some analysis, we can obtain the solutions in the
following form.

Defining

o= T (5.25)

i/oc (54 + oY + 189 + aZY,2/3) ; i/oc (54 + oY 189+ aZY,2/3)

Figure 5.10 Inductor three-element model.
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R, = olY, |—= = oL,[=== (5.27)

(R? - (01)’)L

CL=Y/+ (5.28)

(R? + (wL)Z)Z

The solution for the inductor L simplifies significantly, if the following addi-
tional assumption can be made
R, << oL that is, Y, =0 (5.29)
Then

2(0Y/-Y)’

ol = 5
(41/,2 + (Y] - Y,-)2)

(5.30)

5.3.3 Inductor: Quality Factor

As discussed in the capacitor section, the unloaded quality factor (Q) of a reactive
element is determined by

_lzl

er

(5.31)

For an inductor having the equivalent circuit of Figure 5.10, we have

Ry + jo(L - (@L) + R})C)
Z= : (5.32)
(1- @’LCy) + (@C,R,)*

Thus,

= 5.33
0 T (5.33)
Hence, if C; = 0,
_lel] 5.34
0 =g, (5.34)

From (5.34), we can see that the Q-factor of a pure inductor (i.e., one with C;
= 0) is directly proportional to frequency. However, for a practical inductor with
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some associated series capacitance, (5.33) predicts that, beginning from zero at low
frequency, the Q value will grow increasingly more slowly with frequency. Eventu-
ally, it will achieve a stationary maximum value before decreasing to zero at a higher
frequency. At the frequency corresponding to zero Q, the inductor is self-resonant.

From (5.33), the frequency at which the inductor is self-resonant, with O = 0,
occurs when

1-w?’LC; = R}C,/L =0 (5.35)

For frequencies above the resonance at @,, the inductor has a negative reactance,
characteristic of a capacitor.

Let us now determine where the maximum Q value occurs, relative to the self-
resonant frequency, and how this relates to the inherent O of the inductor (i.e.,
with C; = 0).

From (5.35),

C, = ; 5.36
YT 0L+ REIL (5.36)
thus, from (5.33),
3 lw? - o’
0=2k ; ‘2 (5.37)
Ry (o,L) + R}
The maximum value occurs at
Opax = 0,13 = 0.5770, (5.38)
and the maximum value is
3
Omax = z(wm;"L) (5.39)
(B(@uuxL)’ + RE)R,
Also, if R; << @, L,
2
e e ———— 5.40
Qmax 3(a)maxL/RL) ( )

These expressions give great insight into the physical characteristics of the induc-
tor. We see that the self-resonant frequency of an inductor is predicted to occur
at ~\'3 x the maximum O frequency. Also, at the frequency at which the inductor
O is a maximum, the apparent Q is reduced by 30% from what it would be if the
inductor had no parallel capacitance.
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It is common for designers to seek to determine the Q of various inductors from
bench measurements so they can determine which configurations may be the most
advantageous for their designs. As we see from the above equations, however, the
Q of an inductor is multifaceted. Simply comparing which inductor exhibits the
maximum Q value may be inappropriate, depending on how the inductor is to be
used in the circuit.

If the inductor is to be used as a series element, then the apparent (i.e., measured)
Q value is appropriate. However, if the inductor is to be used in a parallel (e.g., tank)
circuit, then the inherent inductor Q, ignoring the inductor’s parallel capacitance,
is more appropriate. The inductor’s parallel capacitance can be absorbed into the
parallel capacitance required in the circuit. This design approach is valid so long as
the inductor’s self-resonant frequency is less or equal to that required for the par-
allel combination. In the limit that the inductor’s self-resonant frequency is equal
to that of the required parallel combination, no additional capacitor will even be
required across the inductor.

In general, RF inductors cannot achieve the high Q values possible for induc-
tors. They are the primary loss element in passive RF circuits. Typically, good RF
inductors have Q values in the range of 30 to 70, limited by skin-effect resistance,
eddy-current, and radiative loss mechanisms. Inductor Qs can be increased by
allowing an increased volume for the inductor (i.e., a larger footprint) and increas-
ing the distance from neighboring conductors or ground planes. Unfortunately,
the ultra-compact size requirements of modern RF circuits for mobile applications
make large-volume inductors impractical. Apart from this, at gigahertz frequen-
cies, even with no size constraint, it is still an overwhelming challenge to achieve
inductor Qs approaching 100.

The Q value of a pure inductor is directly proportional to both frequency and
inductor value; thus, it is more difficult to achieve a high-quality factor for an induc-
tor at lower frequencies and with smaller inductance values.

5.3.4 Inductor: Comparing Two and Three-Element Models

We shall now compare the major characteristics of the two-element and three-element
equivalent circuit models for an inductor, with a view to their use in circuit design.
All physical inductors have a self-resonance frequency above which they become
capacitive. As discussed in the previous section, if the inductor is to be used as a
series element, its design must ensure that the self-resonant frequency occurs sig-
nificantly above the frequencies of interest. If not, the network Q will be degraded
and exhibit undesirable frequency dependence. If the inductor is to be used in a
parallel (i.e., tank network), it is only necessary that the self-resonant frequency
of the inductor be at or above the nominal resonant frequency of the tank circuit.
To compare the major differences in the two equivalent-circuit models for an
inductor, we shall consider an inductor with the following characteristics:

Inductance: L=3.0nH
Series resistance: R; =0.4Q (5.41)

Series capacitance: C, =1.0 pF
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With these values, the capacitor has a self-resonant frequency ~2,906 MHz.

For the two-element model, if we extract the element values according to the
formulae in Section 5.3.1, we find the values of the elements over frequency to have
the dependencies shown in Figure 5.11(a).

For the inductor, we see that both the inductance value and resistance, as
determined from the data, vary greatly over frequency. Both are singular around
3 GHz, which corresponds to the self-resonant frequency of the inductor. Even far
below this self-resonance, both parameters continue to have a significant frequency
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Figure 5.11 Two-element inductor parametric plots.
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dependence, both rising continuously with increasing frequency. A lumped-element
model whose elements are strongly frequency-dependent is highly undesirable for
use in analytic design approaches. To be useful for the latter, the elements of the
model should remain relatively constant at least across the desired frequency band
of operation.

Figure 5.11(b) shows the dependence of the capacitor quality factor Q over
frequency. The trace on the left shows the O of a capacitor having the elemental
values of (5.41), but with C; = 0. This is the frequency-proportional dependence
expected of a “pure” inductor with finite dissipation. In contrast, the trace on the
right shows the O of an inductor, having the element values of (5.41), calculated for
the two-element model from the equations of Section 5.3.1. As predicted in Section
5.3.3, the Q grows from DC, although slower than proportional, and then reaches
a maximum value before decreasing with increasing frequency until Q = 0 around
the inductor self-resonance frequency of ~2.9 GHz. A maximum effective inductor
value Q,,.x = ~52.7 occurs ~1.68 GHz, compared to the inherent inductor Q (i.e.,
C; = 0) ~79.2 at this frequency. The ratio 52.7/79.2 = ~0.66, in line with (5.40).
Also, the ratio of the frequency at Q,,, to the self-resonant frequency, 1.68/2.91 =
~0.577, is as predicted by (5.38).

The singular nature of both the inductance and resistance values of the two-
element equivalent circuit models for an inductor make this model of limited utility
in circuit analysis and synthesis. Such rapidly changing values obfuscate any clear
understanding of the key physical characteristics of the element. In order to opti-
mize the layout of an inductor in design, it is critical to have a clear picture of how
the key elements of the inductor respond to design changes.

Having seen disadvantages of the two-element inductor model, we now turn to
examining the characteristics of the three-element model. If we extract the element
values according to the three-element formulae in Section 5.3.2, we find the values
of the various parameters of the model over frequency to have the dependencies
shown in Figure 5.12(a). The values of the inductance and resistance determined
from the equations are in excellent agreement with the model values in (5.41), used
to generate the data.

The plot referred to the left axis of Figure 5.12(b) shows the calculated series
inductance of the capacitor. Again, except at very low frequencies, this is in excel-
lent agreement with the constant value expected from (5.41).

As long as the electrical characteristics of an inductor are slowly varying with
frequency, that is, the inequalities in (5.24) are valid, the three-element formulae
in (5.25) to (5.28) will be appropriate for extracting the lumped-element values.

To illustrate this, we consider a capacitor having the same constant reactive ele-
ment values of (5.41), but with a resistance that is frequency-dependent. The depen-
dence on frequency, shown in Figure 5.13(a), is = 1/\f that is classically associated
with skin resistance.

Figure 5.13(b) shows the extracted reactive parameters for the inductor with
the frequency-dependent resistance. The inductance and capacitance values are in
close alignment with the model and essentially identical with those in Figure 5.12.

Observe that the parametric values of the elements extracted with the three-
element inductor model are well-behaved with no singularities over frequency. This
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Figure 5.12 Three-element inductor parametric plots.

is dramatically different from the inductance value derived for the two-element
model which showed a strong frequency dependence and a singularity at resonance.
The three-element equivalent-circuit model is thus much superior to the two-
element model for characterizing an inductor. The values are much less frequency-
dependent; they do not exhibit any singularity at self-resonance; and they give a
much better physical insight into the key physical properties of the inductor.



5.4 Quadratic Interpolation for dY/dw and dZ/dw 75

R(Q) Frequency-Dependent Resistance
2
1.8
1.6 -
1.4 -
.25
1 -
0.8 -
0.6 -
0.4
0.2 -
0 T T
0 1000 2000 3000 4000 5000 6000
Frequency (MHz)
(@)
L(nH) Inductance & Capacitance C(pF)
8= ; ; ] ;
L s o W
51! -
)1 ~ 12
1\
4 q T - ]
I 0.8
3 :
0.6
2
0.4
W 0.2
0 T T T 0
1] 1000 2000 3000 4000 5000 6000
(b) Frequency (MHz)

Figure 5.13 Three-element inductor parametric plots with nonconstant resistance.

5.4 Quadratic Interpolation for dY/dw and dZ/dw

For derivation of the three-element capacitor and inductor equivalent circuit models,
the derivatives of impedance or inductance must be determined on a frequency-
by-frequency basis. This is best done by fitting a quadratic polynomial through
the frequency of interest and the frequency data above and below it. Assuming,
for admittance,
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5.5

Y, =ay+af, + af, (5.42)
and for impedance
Z,=by+bif, + bof; (5.43)

based on expressions in Appendix E, after some manipulation, we determine

{d_Y} Bt ) R (el [ TR A R /PRt R SR
df 2 (f3—f2)f12—(f3—f1)f22+(f2_f1)f32 .
[d_Z} _ —(fs—f2)221+(f3—f1)(f1—2f2 +f3)Zz +(f2 _fl)zz3 (5.45)
df 2 (fs—fz)f12—(f3—f1)f22+(f2—f1)f32 '

Integration of RF Inductors into a Compact Module Design

Inductors in RF modules are invariably planar in construction. They may be imple-
mented in one or more layers in a laminate carrier, on an active die, or on a passive
die. For optimum performance characteristics and highest yield, critical RF inductors
are invariably implemented on die, rather than in a laminate. The reason for this is
that on die the inductor traces are controlled lithographically and thus subject to
less variation in the manufacturing process. Smaller trace widths and gaps between
the traces can also be achieved.

Figure 5.14 shows examples of some common planar on-die RF inductor lay-
outs. To minimize the footprint area required to achieve a given inductance value,
they typically comprise metal traces wrapped tightly around one another. If both
ends of the inductor need to be in close physical proximity, then some type of via
or underpass metallization is required on the wafer. Such compact planar induc-
tors may be implemented on an active die, such as a PA. Alternatively, a separate
passive die may be designed for inclusion in a module. This approach typically has
the advantage of lower cost.

One particularly advantageous approach for implementing a low-cost compact
PA module utilizes flip-chip attach technology. Such a module is typically realized
with two or more dies mounted on a laminate carrier. Passive dies for implement-
ing multiple planar RF inductors required for biasing, matching, and filtering func-
tions, have the dual advantages of low cost and low production variability. Active
die carry the transistors and associated circuitry required for signal processing and
amplification. Flip-chip bumps are plated on each die. Figure 5.15 shows a profile
of a representative on-die stud bump.

The active and passive die are flip-chip-attached to a laminate carrier by
reflowing the Sn solder cap on top of the stud bumps. After reflow, the module is
overmolded with a resin and the individual modules are then singulated. This con-
struction technique is shown schematically in Figure 5.16.
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Figure 5.14 Examples of on-die critical RF inductor layouts.

Figure 5.15 Multiple inductive passive die and Cu stud bump profile.
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Impedance matching network

RF power amplifier

Laminate carrier
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Figure 5.16 Flip chip PA module construction.

5.6

This flip-chip module construction technique has several very significant advan-
tages over conventional die wire bonding.

[EN

The Cu bumps have very low resistance.

The Cu bumps have very low inductance.

3. There is minimal RF magnetic coupling between the bumps and other cir-
cuit elements.

4. Because the bumps are lithographically defined, they have minimal vari-
ability in production.

5. The bumps permit a very low-profile module.

>

Summary

Reactive elements (i.e., capacitors and inductors) are critical elements in all RF
circuits and circuit models, whether active or passive. Because they are essentially
one-port devices, they are characterized by only a single complex parameter, namely
impedance or admittance, Z or Y. Consequently, lumped-element models of reactive
elements generally comprise only single reactive and resistive elements.

In order to develop useful analytic synthesis approaches for the RF circuit,
lumped-element models for inductors and capacitors, with relatively constant values
over frequency, are essential. In practice, all reactive elements have an associated
self-resonance, above which their reactance changes sign. If the self-resonance is
sufficiently above the frequencies of interest for the design, it may be of little conse-
quence and may be ignored. However, for high-frequency RF circuits, for example,
hundreds of megahertz or gigahertz, this is frequently not the case and becomes
ever truer as designers are continuously pressured to reduce the size of their designs.

When self-resonances of the reactive components cannot be ignored, simple
two lumped-element representations are not useful for analytic circuit design. The
reason for this is that the element values become increasingly frequency-dependent
as the resonance is approached and change sign above resonance. With such behav-
ior, it is nearly impossible to derive analytic formulae useful for circuit design. It
also masks any clear understanding of how the key design parameters affect the
element’s performance and how it might be improved by redesign.
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Formulae are presented in this chapter for deriving three-element, equivalent-
circuit models for reactive elements from the one-port data. These formulae do
not rely on a best fit of the models to the data over a moving range of frequencies.
Instead, the element values are derived in a closed form on a frequency-by-frequency
basis. The additional parameter required for these solutions is the derivative of the
reactance at each frequency.

The three-element, equivalent-circuit models for reactive elements are greatly
advantageous compared to the two-element models. The three-element component
values are much better behaved and typically vary only slowly and smoothly over
frequency. This makes them eminently suitable for deriving analytic formulae for
RF circuit design. It also greatly aids in understanding how design trade-offs impact
the key RF characteristics of the reactive element.

When referencing the quality factor Q of a reactive element, there are two
alternate values that are relevant, depending on how the element will be used in the
circuit. The first we shall call the inherent O factor of the element. For a capaci-
tor, this would be its O factor, ignoring any series inductance of the element; for
an inductor, this would be its Q factor, ignoring any parallel capacitance of the
element. The second Q factor would be the apparent O factor of the reactive as
determined by measurement.

The inherent Q factor of a capacitor (i.e., ignoring any self-inductance) is the
appropriate parameter to use when a capacitor is to be used in a series configura-
tion. In this case, any series inductance can be absorbed in the series inductance
required in the circuit, thereby reducing the required value of the inductance. This
design approach is applicable, providing only that the self-resonant frequency of the
capacitor is at or above the desired self-resonant frequency of the series configuration.

The inherent O of an inductor (i.e., ignoring any self-capacitance) is the appro-
priate parameter to use when an inductor is to be used in a parallel (i.e., tank)
configuration. In this case, any parallel capacitance can be absorbed in the paral-
lel capacitance required in the circuit, thereby reducing the required value of the
capacitance. This design approach is applicable, providing only that the self-resonant
frequency of the inductor is at or above the desired self-resonant frequency of the
parallel configuration.






Efficient Analytic Optimization Approach

The starting point for any RF design is the set of electrical requirements for the
circuit supplied by the end user. The choice of circuit topology to best meet these
requirements is generally left to the designer. Frequently, there can be multiple pos-
sible design approaches with the potential to meet the sought-after design goals.
It is up to the designer to select the best circuit for the application in terms of size,
cost, performance, and production yield.

When faced with a new set of required performance specifications for an RF
module, the designer must decide as quickly as possible the topology to be used
that will have the best chance to meet these requirements. The choices are typically
to modify an existing design or to start afresh with a new approach that may offer
the chance for improved performance, smaller size, or lower cost. While the latter
may be advantageous in the long run, in the short run, it requires significantly more
time and effort. To minimize such an effort, the approach as detailed in this book is
to develop a set of easily applied test benches that can rapidly provide the designer
with all the key design trade-offs for each approach. These test benches will allow
the optimum design architecture to be selected as expeditiously as possible and at
the same time give the designer a comprehensive appreciation of what each circuit
option is, and is not, capable of.

Like a set of colored paints for an artist, a set of test benches can be developed
for each of the common basic circuit functions that a designer may face. These may
include input and output amplifier impedance matching in various forms, filtering,
diplexing, power splitting and combining, and couplers. The test benches to be
described are based on analytic circuit analysis combined with a novel approach to
circuit optimization that makes them extremely time-efficient.

To illustrate the fundamentals of this approach, consider the schematic of an
archetypal two-section amplifier matching architecture shown in Figure 6.1. The
two cascaded lowpass 7t-sections comprise a total of 10 elements. The amplifier, on

Figure 6.1 Example of two-section amplifier output match with frequency traps.
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the left, has complex source impedance Zg, and the load impedance, on the right,
has a complex impedance Z; . This circuit is representative of those commonly used
for matching the low output impedance of an RF PA to a higher impedance load,
typically the antenna.

Optional reactive elements C,44 and L4 are included in the matching circuit to
implement frequency traps at user-specified frequencies. Commonly, these may be
harmonic frequencies of the passband, for example, second and third harmonics,
where the network is required to have desired impedances or rejection character-
istics. Because the circuit has 10 elements, determining unique values for the ele-
ments would require 10 equations with associated boundary conditions (i.e., input
specifications). Given that both the complex source and load impedances are speci-
fied, for a low insertion loss through the network, we require the input impedance
to the network Z;, = Zs, where “*” denotes a complex conjugate. Combined with
this impedance requirement, we can write the following equations for the network:

(Zin)real = (Z)real-

(Zin)imag = _(ZS)imag'

L,c1 = 1/@%,C,, where o¢, = trap frequency for C,.
L,c» = 1/, C,, where w¢, = trap frequency for C,.
L,c; = 1/@’c;Cs, where wc; = trap frequency for Cj.
Cy1 = 1/0% Ly, where ;| = trap frequency for L.

Cy12 = 1/w%,L,, where @, , = trap frequency for L,.

NNk WD =

This comprises only seven equations, yet the network has a total of 10 element
values to be determined. Consequently, the network synthesis problem is under-
constrained, implying that there is a limitless set of solutions that is possible for the
element values. While this might at first appear to be disadvantageous, presenting
an insurmountable challenge for the optimization of the network via synthesis, the
opposite is actually true. The fact that a limitless set of network solutions is pos-
sible, each with differing performance characteristics, presents the designer with the
freedom to select an optimum configuration, for the application, from an infinite
spectrum of possibilities. No single “optimum” solution exists. Among the pos-
sible configuration choices, each may be optimum for one parameter, for example,
insertion loss, input impedance, and harmonic rejection. Invariably, none will be
optimum for each of the desired characteristics simultaneously.

Because there is no one optimum solution for the network, what is the best
and most time-efficient way for the designer to find the best compromise for the
application? A common approach, typically used in powerful RF computer-aided
design (CAD) software suites, is to begin with a starting solution for the network
and arrive at an improved solution by means of an optimizing algorithm. However,
this approach typically has the following drawbacks:

The designer must set design goals for key performance characteristics.
Only a single design configuration is returned.

The optimization can be very time-consuming.

There is a risk that only a local optimum will be found.

Optimization must be rerun if minor design parameters are changed.

SR e
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For an unfamiliar network, it can be a challenge for the designer to set goals
for key network characteristics a priori. The designer first needs to have a good feel
(i.e., understanding) how individual goals might impact each other. For example,
it might be that requiring too good an impedance match across a passband limits
the minimum insertion loss that can be achieved.

Optimization algorithms, if they are successful, generally stop when they find
the first set of component values, which result in the circuit performance being just
within the design goals. They do not continue to improve the circuit performance
beyond that point, because a computer algorithm cannot decide what is better
without further user input. With only a single design solution, the designer has
little insight into the limitations, capabilities, and sensitivities of the circuit. This
can only be gained by running repeated circuit optimizations with different goal-
setting objectives. Such an approach can be very challenging and time-consuming.

Optimization algorithms are notoriously challenged by being trapped by a local
optimum. If the initial circuit values going into the optimizer are not well-chosen, the
best performing circuit design returned may not be truly the best solution possible.
Wider ranging, randomized optimization algorithms do exist, but in practice the
results are frequently disappointing. Conservative optimization algorithms applied
to an already well-conceived design typically yield the best results.

Finally, once circuit values have been selected for a design, using some type of
optimization process, designers will frequently want to slightly modify its perfor-
mance or make minor modifications to the circuit. In Figure 6.1, for example, the
designer might want to replace one or more of the ideal elements by a three-element
equivalent circuit, as discussed in Chapter 1, to account for parasitics. Alternatively,
there might be a need to improve harmonic rejection. To maintain optimum per-
formance, such small changes would inevitably result in the need to modify all the
circuit elements, even if only slightly. Consequently, using the software optimizer
approach, every time the designer wants to make any changes to the circuit, the
optimizer must be rerun. The designer does not get instantaneous feedback to cir-
cuit modifications, which can slow down the design process.

The analytic optimization approach developed overcomes the drawbacks listed
above. It allows circuit prototyping to be performed very rapidly, at minimal cost,
on computers with only moderate processor capability. It is very flexible and allows
rapid comparison of different design approaches by clearly providing the perfor-
mance trade-offs of each architecture.

Consider again the amplifier output matching circuit in Figure 6.1. It is imprac-
tical to consider all possibilities for the network as, even if only 10 values for each
element were to be considered, there would be a total of 10" solutions for the
network to be analyzed, which would take considerable computational time. For
this reason, software optimization algorithms generally begin with a set of “seed”
network element values and proceed by methodically making progressive and incre-
mental changes to each of the elements in turn, and then repeating the process, in an
attempt to bring the network performance closer to the design goals. This approach
is very time-consuming, requires considerable computation, and has no guarantee
of finding a global optimum.

If we apply circuit analysis, as detailed above, we can write only seven circuit
equations for the network, which has 10 unknowns. We thus need three additional
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boundary conditions (i.e., equations) to determine unique solutions for the element
values of the network. One possible approach might be to set arbitrary values for
three of the elements and then determine values for the remaining elements from
the circuit equations. If the values of these three elements are then stepped, through
a predetermined range, a spectrum of solutions for the network could be obtained.
However, such an approach is highly problematic for the following reasons:

1. The key circuit performance parameters will have varying sensitivities to
each of the individual circuit elements (in this case, 10). Consequently, the
three elements chosen for the analysis will be critical to the outcome.

2. With no a priori knowledge of the appropriate values for the elements chosen,
it is extremely difficult to set well-chosen values for the span and increments
for the elements being varied.

3. Circuit solutions may not even exist for some of the three-element value
combinations being evaluated.

Thus, choosing element values for the additional circuit boundary conditions
to generate a spectrum of circuit solutions is not a recommended approach. The
better choice, and the one that forms the basis of the approaches in this book, is to
identify key circuit characteristics whose limits can be identified a priori and then
step though the ranges for each of them to provide the spectrum of circuit solutions.
These alternate analytic solutions can then be compared and the one that provides
the best compromise of electrical characteristics selected.

By way of example, the circuit of Figure 6.1 can be viewed as a concatenation of
two m-networks. Each of these networks will have a transmission phase shift associ-
ated with it. In addition, at the common node of the networks, the impedance look-
ing to the right and left will be complex conjugates of each other if the network is to
provide the required input match. The phase shifts of the two sections plus the real
impedance at the common node can then be chosen to complete the three variables
to be used for the network scan. Limits can be placed on these three parameters
relatively easily without preassigning any of the element values. This approach has
been found to be very effective at providing a rapid and comprehensive knowledge
of a network’s capabilities and trade-offs, as is illustrated in the following chapter.

It should be emphasized that the analytic optimization approaches described
here are not proposed as an alternative to a full, typically three-dimensional (3D)
CAD analysis. Quite the opposite, they are meant to complement it. On being
given a list of desired device specifications, a designer must first decide upon the
best circuit architecture to employ for achieving the goals and to what extent they
are achievable. In practice, there are only a relatively few number of passive circuit
architectures employed for PA output matching. Flexible analytic models for these
can be extremely helpful to the designer to decide which architecture is the best
starting point for a full CAD simulation and optimization.



Excel: A Powerful Interactive RF
Design Tool

One of the most important aspects of any circuit analysis and optimization software
tool is its visualization capability. The design equations and optimization algo-
rithms presented in this book may be implemented by a competent designer using
any number of programming choices. However, in this book, we shall be illustrat-
ing the RF circuit design approaches using Microsoft Excel. This may strike many
designers, who have likely never contemplated Excel as being capable of complex
RF analysis, to be a surprising choice. However, the latest versions of Excel have
many overlooked capabilities that can be exploited for efficient RF design. We
shall explain how these capabilities can be used to build powerful RF design and
analysis software tools. The built-in conditional statements functionality in Excel
is particularly powerful in enabling the creation of dynamic circuit visualizations,
which are more flexible and fluid than those available in even the most expensive
RF software design suites.
The principal advantages for RF circuit analysis in Excel are:

Dynamic circuit visualization.

Low cost, much lower than any commercial RF design software suite.
Widely available, being part of the Microsoft Office suite.

No additional licensing fee required.

Design tools can be run anywhere, without the need to access a license server.
Readily customizable.

Easy to exchange data with other programs.

Programming help and tips widely available, for free, on the internet.

PN R WD =

Excel can be used as RF analysis tool as it has complex functional and calcula-
tion capabilities built in. It is a very flexible tool used by millions around the world
for a multitude of disparate purposes. To satisfy the varying needs of its wide user
base, its data manipulation capabilities have been dramatically expanded on a con-
tinual basis to the point where the typical user today is only cognizant of a very
small range of its capabilities. We shall attempt, in this book, to demonstrate how
some of these capabilities may be applied to efficient and user-friendly RF analysis.

While Excel has the capacity for use as an RF design tool, it does not have any
built-in RF functions. It is, in essence, a programming platform with an excellent
visual interface, which can be used for building RF applications.
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7.1

Visualizations in Excel

As listed above, a major incentive for building RF applications in Excel is its visual
display capabilities. There are three classes of visual interaction tools available to
the designer:

1. Data display plots. The data may be displayed in a variety of plot formats,
for example, Cartesian, polar, bar, and 7. Excel incorporates a wide variety
of built-in display formats. They provide the designer with near unrestricted
freedom to display in the best format for visualization.

2. Dynamic circuit schematic layout. This is made possible by the “conditional
format” capability of Excel. To arrive at an optimum design, the RF designer
needs to begin by considering a layout that encompasses as many variants
as possible. For example, if the design is for a filter, the order of the filter
should be a variable; if the design is for a matching network, the number of
sections and whether they should be highpass or lowpass networks should be
investigated. Depending on the analysis/optimization, the circuit schematics
could look very different. Excel has the unique ability to cleanly present a
schematic for the chosen solution on the spreadsheet, with no crossed-out
elements or disconnects. Even the most expensive RF design tools are not
capable of this.

3. Contour plots. In addition to the dynamic schematic layout, the “conditional
format” capability also makes a form of contour plotting relatively easy to
implement. This is achieved by populating a grid of cells with colors that
correspond to a discrete range of element values. Multiple contour plots of
this kind may be linked together to how important network parameters can
be traded off with one another in the design and linked to the schematic
layout. These contour plots are elements to design optimization.

7.1.1 Display Plots

The majority of RF network performance data is typically presented in a rectan-
gular Cartesian plot format. Such plots may have left and right axes to display, for
example, displaying various characteristics of the network. Most commonly, the
abscissa, or horizontal axis, is frequency; however, it may be another network vari-
able such as the value of one of the elements.

Figure 7.1 shows a Cartesian plot example from an Excel spreadsheet for a cou-
pler. In this example, the coupler was assumed to have a coupling coefficient of 22
dB, and 20 dB directivity. The load reflectivity for the plot was VSWR = 2.5. The
coupler parameters are plotted versus the phase of the mismatch on the output of
the coupler. Note that multiple parameters may appear on one plot and each may
be referred to either of the vertical axes. In addition, parameters can be turned on
or off in the display window at will.

In RF design, reflection data and input and output impedances are invariably
displayed on a Smith chart. Fortunately, Smith charts can easily be created on an
Excel spreadsheet. Complex data is displayed using the polar chart option in Excel.
Hence, the parametric data to be plotted need simply to be converted to its polar
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Figure 7.1 Cartesian plot example for a coupler in Excel.

format (i.e., magnitude and phase). If a Smith chart graphic is then used as the fill
option for the chart, a classic Smith chart representation of the data may be obtained.

Figure 7.2 shows examples of two different Smith chart fill options displaying
the same data. The first has an immittance background, showing both impedance
and admittance contours. The second shows only the impedance contours. Multiple
contours may be included on the same chart. Note also in Figure 7.2 that the titles
capability may be used to display dynamic information related to the data displayed
in the chart. In the charts shown, the frequency range of the data is displayed on
the left at the top and bottom of the charts. A description of the data being plotted
is shown on the top right, which is also dynamically linked to the system variables.

On the Cartesian plots, the ranges on the abscissa and ordinate axes can be
modified interactively and the resulting ranges are displayed on each of the axes.
Thus, for example, if the abscissa displays frequency data, the user can change the
frequency range for the plot and the modified frequency range of the data will be
instantly and clearly displayed on the axis. However, for the Smith chart plots,
varying the range of the data being displayed is a little more complicated. The nor-
mal extent of the data on both axes is —1 to + 1, the nominal range for a reflection
coefficient. However, what we are commonly interested in seeing on a Smith chart
is data over a limited frequency range. For example, we might only want to see the
input impedance of a filter over the passband frequency range. How do we accom-
plish this? The workaround is relatively simple. In two cells, close to the Smith
chart, allow the user to enter the range to be displayed on the chart. For example,
if the independent variable is frequency, the two cells could look like Table 7.1. On
the Excel sheets, for convenience, data values in cells that the user is free to modify
are always assigned to the color blue.

These values can then be used in conditional statements in each of the data
cells where the values to be displayed are calculated. For example, if the entries
specify a frequency range and the frequency associated with a data value is within
that range, the cell value is left untouched. However, if the associated frequency is
outside the specified range, the cell value is set to NA(), the null value. Cells with
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Figure 7.2 Smith chart examples in Excel.
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this value (#N/A) will not be displayed on the chart. Hence, even if the data range
in the Smith chart plot window is set to include the full extent of the data, only
data within the specified range will be displayed.

By way of example, Figure 7.3 illustrates how the input impedance of a filter
may be displayed over differing frequency ranges, depending on the user inputs,
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Figure 7.3 Smith chart examples illustrating reduced data display range.
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using this technique. On a spreadsheet in the workbook, frequently hidden from
the user, the filter characteristics are calculated over an extended frequency range,
say, 10 to 12,000 MHz. The range of the input impedance data to be displayed on
the chart is set to encompass this full range. However, in the case of the plot on the
left, the user specifies a desired frequency display range for the data from 1,000
to 3,000 MHz by means of entries such as those in Table 7.1. For the plot on the
right, the user specifies a reduced frequency display range, corresponding to the
filter passband, from 1,700 to 2,025 MHz by changing the entries in cells such as
those in Table 7.1.

This facility in Excel of conditionally equating a data value to the null value is a
very useful tool that can be exploited in many ways beyond the example described
for the Smith chart. When displaying multiple data sets on the same chart, it can
be used to dynamically turn data sets on and off. If the designer is trying to meet
customer-defined performance specifications, it can be used to include dynamically
variable template limits on the chart.

7.1.2 Dynamic Circuit Schematic Layout

The RF design challenge begins with a set of electrical performance specifications
that the circuit will be required to meet. In most cases, there will be multiple alter-
nate circuit approaches to consider that could potentially meet the specifications.
The challenge for the designer is to narrow down these choices, with a minimal
expenditure of time and resources, to arrive at an “optimum” solution based on a
set of critical criteria.

Alternate circuit design solutions that an engineer may want to consider in
the initial stage of the design will usually comprise significantly different circuit
topologies. Thus, the circuit schematics for each approach will be different. Not
only that, but even for a single approach, there may be a choice between highpass
and lowpass elements or the number of sections required in the circuit. Therefore,
as the engineer progresses through the early stages of design, many circuit sche-
matics will typically have to be drawn and redrawn many times. These schematics
can also become inevitably cluttered with many elements that are open-circuited
or short-circuited in the schematic that can lead to confusion.

Even the most advanced RF design tools have static circuit schematic visualiza-
tions. Thus, if a matching network has three sections, even after optimization, it
will still have three sections albeit if some of the elements are unneeded. Likewise,
a lowpass section or filter in a schematic will remain lowpass in nature, regardless
of any circuit optimization applied to it.

In contrast to the commercial RF design tools, the “conditional format” capa-
bility of Excel enables the creation of dynamic circuit schematics on a spreadsheet.
This means that if, as a result of optimization, for example, a highpass network is
required in place of a lowpass one, the schematic can immediately be redrawn as
the former with no superfluous elements in the schematic. Similarly, if as a result of
optimization or user inputs, a two-section matching network is preferred to a three-
section network, the schematic can immediately morph from the latter to the former.

The dynamic schematic morphing capability, combined with the associated
optimization and analysis capabilities that can be incorporated into an Excel work-
book, makes it a powerful tool for RF design. Lossy and reactive parasitics can be
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included in the circuit analysis, as described in Chapter 1. While these parasitics
are relatively basic, and do not incorporate higher-order parasitic element coupling,
they are generally sufficient to give the designer a solid understanding of the cir-
cuit behavior and capabilities. Because schematic changes can be evaluated easily
and essentially instantaneously, the designer can rapidly compare different circuit
topologies to determine the optimum for the application.

Figure 7.4 shows an example of the dynamic schematic capability on an Excel
spreadsheet. Both circuit topologies are from the same spreadsheet, but with differ-
ing user inputs. As can be seen, inductors are represented as rectangles, but, other
than that, other components take their conventional form.

Figure 7.4(a) shows a two-section lowpass PA matching network, with a bias
feed network for the amplifier. In contrast, Figure 7.4(b) shows a two-section high-
pass PA matching network, with the same bias feed, but with a frequency trap on
one of the series inductors, a series blocking capacitor, and a two-port network
(e.g., a filter) on the output of the network. These significantly different circuit
schematics are displayed in the identical area on the spreadsheet. The morphing
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Figure 7.4 Dynamic output matching network schematics: (a) basic two-section lowpass
network, and (b) network with added elements.
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is accomplished using the “conditional format” capability of Excel in response to
changes in user inputs.

A more striking example of the dynamic schematic capability of Excel is shown
in Figure 7.5. In that figure, four different schematics are shown corresponding to
the filter type selected by the user. Again, all four schematics shown occupy the
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Figure 7.5 Dynamic filter network schematics: (a) lowpass, (b) highpass, (c) passband, and (d)

stopband.
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same area on the spreadsheet. This spreadsheet allows the filter designer to rapidly
change the filter type, with all other parameters being equal, to compare the attri-
butes of the varying filter type for the application in question. In addition, while
in Figure 7.5 all the filters comprise two sections, by changing only one entry on
the spreadsheet, the designs can be immediately reconfigured to have anywhere
from one to five cavities. Each time, the schematics are redrawn accordingly and
instantly. This greatly facilitates the RF design challenge by significantly reducing
design cycle time and permits the designer to consider more options that can hope-
fully result in a more “optimum” design.

An example of how conditional formatting can be used to cause two groups of
cells to display as either a vertically orientated capacitor or an inductor is shown
in Table 7.2.

7.1.3 Contour Plots

As discussed earlier, there is invariably never a single design whose performance
is optimal in all key aspects of design. A design that is best for, say, insertion loss
may not be best for input impedance or harmonic rejection. Faced with a spectrum
of possible design solutions, the engineer must choose the one that offers the best
compromise between the critical performance parameters for the RF functionality
of the module. A visual representation of the compromises available to the designer
for the various circuit options available can greatly facilitate this choice. Colored
contour plots are an effective option for doing this.

To generate the contour plots in Excel, the designer needs to first identify two
key independent circuit variables that can best be used to characterize the network.
This approach was described in Chapter 6. By sweeping these variables in turn and
determining the associated analytic solutions for the network, the values of key
performance parameters can be entered on a 2 x 2 grid on the spreadsheet. Once
such a scan is complete, colors can be assigned to each of the cells, based on the
cell value relative to the extreme values in the grid, using the “conditional format”
capability in Excel.

Figure 7.6 shows an example of two such grids for a scan of a two-section
amplifier output match, such as that shown in Figure 7.4(a). The two independent
variables 8¢, and 8¢, are the phase shifts through the two lowpass 7 matching
sections, as will be explained more fully in Section 11.8. The first contour plot,
Figure 7.6(a), shows the value of network insertion gain as a function of 8¢, and
0¢,. The second contour plot, Figure 7.6(b), shows the magnitude of the complex
input impedance mismatch of the network also as a function of d¢,; and d¢,,. In
each chart, the green cells have the most desirable values for the corresponding

Table 7.2 [C-Series Resonator Design Parameters

Formula Border Format Applies To

=IF($E$5=1,TRUE,FALSE) AaBbCcYyZz =$F$17:5G$18,$V$17:$W$18

=IF(OR($E$5=2,$E$5=4), TRUE,FALSE) AaBbCcYyZz =$F$17:$G$18,$V$17:$W$18
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dependent variable, while the dark red cells have the least desirable values. The cells
in each chart that are dark green are the most favorable value in each chart. The
cells in each chart that are yellow represent the current design selection, which can
be simply changed by selecting a different cell in one of the charts. Each time the
active cell is changed, the color of the corresponding cells in each of the charts is
changed to yellow to highlight where the current design choice lies on each of the
charts. The schematic and all network performance data and plots on the spread-
sheet are determined based on the active cell selection. Thus, by simply moving
the mouse around on the contour plot, the schematic and performance parameters
displayed are instantly updated to reflect the design changes.

Figure 7.6 shows only two contour plots for the matching network, yet, in prac-
tice, there would typically be more. The designer can create as many of the coupled
contour plots as are necessary to display all the key parameters of interest for the

Selecting a cell in table below will automatically load phases in 5®m1 & 50omw2 11 8
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Figure 7.6 Contour plots for (a) insertion gain, and (b) mismatch.
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design. Such contour plots can greatly aid the design process. The designer can
clearly choose the parametric area that offers the best compromise in performance
characteristics. They also give a clear visual indication of areas to avoid, where
one or more of the parameters is too close to a design region where performance
degrades rapidly. The fact that the schematic and all circuit parametric plots also
change immediately in response to a change in the selected active design cell, rein-
forces the feedback to the designer.

The ability to include contour plots on the design spreadsheet is highly advan-
tageous both in letting the designer quickly explore design concepts and in clearly
conveying the design compromises of which the network is capable.

7.1.4 Bar Plots

The engineer is under constant pressure to minimize both the size and cost of an
RF module destined for use in a modern mobile RF device. Passive components in
these modules, inductors and capacitors, typically consume a significant area of
the footprint and comprise a significant portion of the module bill of materials.
For capacitors, higher-quality factors typically require higher-cost components. For
printed RF inductors, a higher-quality factor generally requires a larger footprint.
In both cases, therefore, there is an inherent cost for higher O elements. A key chal-
lenge in coming up with a cost-effective design is to understand how the Q factor
of the individual components impacts the overall module performance. This can be
visualized easily in Excel by use of bar chart plots.

Using an Excel macro, a bar chart can be generated showing the sensitivity of
a module performance parameter to variations in parasitic parameters of the pas-
sive elements.

Figure 7.7 shows the variation in module insertion gain for bracketed changes
in the ESR (equivalent series resistance) of the capacitors in the circuit.

Gain (dB) Insertion Gain (P_del/P_avail) Dependence on Capacitor ESR
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Figure 7.7 Bar plot showing insertion gain dependence on capacitor ESR.
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Figure 7.8 shows the variation in module insertion gain for bracketed changes
in the Q factors of the inductors in the circuit.
It is clear from both plots that improved module performance can be achieved
by focusing on the design of only a few key components.
7.2 Complex Expressions in Excel

The ability to evaluate complex expressions is an essential requirement of any RF
software design tool. Fortunately, Excel contains all the basic mathematical complex
functions for fulfilling this requirement. Some of the principal complex functions are:

To represent a complex number, for example, a + jb “= complex(a, b)”
To sum complex numbers, for example, Z, + Z, “=1msum(Z,, Z,)”
To subtract complex numbers, for example, Z; — Z, “=imsub(Z;, Z,)”
To multiply two complex numbers, for example, Z,; “= improduct(Z,

XZ, Z,)”
To divide two complex numbers, for example, Z,/

Zz “= imdiV(Zl, Zz)”
For real part of complex number, for example,

real(Z) “=imreal(Z)”
For imaginary part of complex number, for exam-

ple, imag.(Z) “= imaginary(Z)”
For conjugate part of complex number, for exam-

ple, imag.(Z) “= imconjugate(Z)”
For magnitude of complex number, for example,

imag.(Z) “= imabs(Z)”
For square root of complex number, for example,

NZ “=1imsqrt(Z)”

Z

For exponent of complex number, for example, e “= imexp (Z)”

For power of complex number, for example, Z" “= impower (Z, n)”

There are many more. With such built-in functions, essentially any complex
expression may be evaluated within a cell. Evaluating expressions with many terms
can be a little cuambersome due to the verbose nature of some of the functions.
However, where this is problematic, the expression may be broken down in parts
and evaluated over more than one cell.

To keep the user interface uncluttered and unconfusing, it is recommended
that all the calculation cells be assigned to a separate spreadsheet from the one
that accepts user inputs and displays the results. It is further recommended that
the calculation spreadsheets be even hidden from the user to prevent inadvertent
corruption of the embedded formulae.
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Figure 7.8 Bar plot showing insertion gain dependence on inductor Q.

7.3

On the user interface spreadsheet, there will inevitably be some cells assigned
for user inputs, while others contain the results from calculations on other pages of
the workbook. It is important that the user can easily distinguish these two types of
cells so only the user-input cells are modified. A simple way to do this is to assign a
specific color to those cells that the user is free to modify. In the examples provided
in this book, data in those cells are always assigned the color blue.

Use of Macros in Excel

Excel incorporates a Visual Basic programming capability. Subroutines written in
Visual Basic may be saved and run as macros by selecting a control box on one of
the spreadsheets. While macros can be very powerful, but they have one potential
drawback that the user should guard against. Namely, if cell values are dependent
upon being updated by a macro after, say, the user makes input changes, the values
will remain unchanged until the macro is executed. Since there is no way to tell if
a macro has been executed, after changes, cell values may be inconsistent with the
data inputs on the spreadsheet.

Macros are also inconsistent with instantaneous user feedback. Each time an
input is modified, ideally the network characteristics should be immediately updated
in response to the change. If equations are written directly in cells on a calculation
spreadsheet, the cells will be immediately recalculated as desired. The user will
therefore see the results of the changes immediately. However, if the calculations
are implemented in a Visual Basic subroutine, the user will only see the results of
any changes if the macro is executed, which thus requires an extra step that might
even be forgotten.
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Where macros are best used is in stepping through a series of changes. This is
where they excel. For the contour plots discussed earlier, macros provide the means
to step through a sequence of input changes and tabulate the results. Another very
useful utility they have is in being able to change chart parameters on the spread-
sheet. If there are multiple charts, or plots, on a spreadsheet and we wish to change
the frequency span of the data on multiple charts, it is time-consuming to have to
do this manually and interactively on each of the charts in turn. A macro can relieve
this task. By clicking on a single macro button, the x or y ranges on one or more
charts can be changed instantaneously. Below is an example of a set of Visual Basic
commands to change the x-axis range on one chart:

ActiveSheet.Shapes(“chart_name”).Select
Name = ActiveChart.ChartTitle.Caption
ActiveChart.Axes(x|Category).MinimumScale = x1
ActiveChart.Axes(xICategory).MaximumScale = x2
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LC Resonator Basics

LC resonators, at their simplest, comprise a single inductor (L) and capacitor (C).
The two elements may be connected either in series, or in parallel, depending on
the application. Figure 8.1 shows the basic configurations of an LC-series and an
LC-parallel resonator incorporating parasitic resistances Rg and Rp, respectively,
to account for dissipative losses. In both cases, the two elements will resonate at a
specific frequency f,, where the reactive impedances of the two elements are equal
to each other, but of opposite sign, that is,

jo, . -—-=0 (8.1)

0,C

Thus,
w;LC=1 (8.2)

At resonance, energy in the elements rapidly exchanges between magnetic and
electric storage.

RF systems are invariably optimized to process signals within a finite specified
range of frequencies. If strong enough, frequencies outside this range can often result
in negative effects, such as saturation of an amplifier or nonlinear mixing resulting
in the generation of unwanted spurious emissions. To attenuate unwanted signal
energy relative to the desired RF signal, LC resonators are frequently employed by
suitable placement in the RF circuit. Depending how they are incorporated into
the circuit, they may be used to effect either bandpass or bandstop filtering. When
employed as bandstop elements, they are usually referred to as “traps.”

Both the series and parallel resonator types can be designed to have very similar
bandpass or bandstop characteristics in the neighborhood of the design (i.e., reso-
nant) frequency. The major distinguishing feature between the two is the impedance
that they present in the circuit.

If the resonating elements are in series, below resonance, they exhibit a capacitive
reactance. Above resonance, they exhibit an inductive reactance. At the resonant

C
- oooaan- 1, TR
C, L R -L;ot;]_
(@ (b)

Figure 8.1 LCresonator configurations: (a) LC-series, and (b) LC-parallel.
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frequency, ideally, they have zero reactance and thus present no inhibition to the
flow of RF energy.

If the resonating elements are in parallel, below resonance, they exhibit an
inductive reactance. Above resonance, they exhibit a capacitive reactance. At the
resonant frequency, ideally, they have infinite reactance and thus completely restrict
the flow of RF energy.

The impedance of a frequency trap on the output of an RF PA can be critical
to its efficiency. To understand why, it is helpful to consider their interaction with
the energy in the desired system passband. Due to inevitable nonlinearities in an RF
PA, mixing products (i.e., harmonic products of the desired signal inputs) appear
on the output.

A high impedance mismatch on the output of an amplifier serves to attenuate
this energy by reflecting it back into the amplifier. Depending on the phase of the
reflected energy, it may remix with the desired signal energy to reduce distortion
of the waveform, thereby increasing efficiency, or increase the distortion leading to
reduced efficiency. Using a mixer analogy, we think of the efficiency being maximized
when the harmonic energy is reflected back into the amplifier with the appropriate
phase to cancel the harmonic energy being generated.

Whether used in a bandpass or bandstop function, LC resonators have two
defining characteristics for their design:

1. The center frequency f,, that is, the frequency at which the resonator provides
minimum or maximum attenuation.

2. Its quality factor (Q). This incorporates aspects of both insertion loss and
bandwidth. In general, the higher the resonator Q, the lower will be its dis-
sipative losses at resonance. However, the higher the O, the narrower will
be the bandwidth of the resonance.

For an LC-series resonator, with series parasitic resistance Rg, and in terms of
o, from (11.2):

1 Ly oL
0=y =k (8.3)

For an LC-parallel resonator, with parallel parasitic resistance R p, and in terms
of w, from (11.2):

C
Or =Rp L_P = 0,CpRp (8.4)

P

8.1 Formulae for Equivalency Between LC-Series and
Parallel Resonators

As mentioned above, in theory, LC resonators implemented with either the series or
parallel configurations can be designed to have near-identical gain characteristics in
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the neighborhood of resonance. Given one form, the element values for the alternate
form, with similar characteristics, can be obtained from the following mappings.
Mapping from parallel to series resonators is:

and from series to parallel resonators is:

where Z, = line impedance.

Cs = Lp/Z} (8.5)
Ls = CpZ3 (8.6)
Rs = Z§/Rp (8.7)
Cp=Lg/Z¢ (8.8)
Ly = CsZ5 (8.9)
R, = Z2/R, (8.10)

By way of example, employing the above formulae, consider the equivalent
LC-parallel and LC-series implemented traps, resonant at 3 GHz, with the follow-

ing parameters:

LC-series resonator 1

Rg = 2.36Q
L¢=5nH
Cg = 0.56 pF
Os = 40

LC-parallel resonator 1

R, =1061Q
Lp=1.41nH

Cp =2 pF (8.11)
Op =40

For the same resonant frequency, if the inductance and resistance are both
doubled for the L.C-series resonator, the quality factor will remain unchanged (see
(8.3)). The equivalent L.C-resonator element values are then

LC-series resonator 2

Rg = 4.71Q
L =10 nH
Cg = 0.28 pF
Qs =40

LC-parallel resonator 2

Ry = 531Q

L, =0.7 nH

Cp = 4 pF (8.12)
Op =40

These solutions are used in the sections below to illustrate some basic LC reso-

nator design concepts.
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8.2

Design of LC Resonators for Passband Filtering

In this section, we consider the use of LC-series and LC-parallel resonators in RF
circuits, primarily targeted as implementing a bandpass function. The resonant fre-
quency f, is the center of the desired signal bandwidth and the resonator’s purpose
is to provide increasing attenuation of RF energy away from the passband. The
two resonator types are incorporated into the RF circuit as shown in Figure 8.2.

Figure 8.3 shows the bandpass characteristics of the two resonator types with
the values listed in Section 8.1. For reference, the dashed line shows the passband
gain of series and parallel L.C resonators with the element values of (8.11), but with
no dissipative loss.

The series and parallel LC equivalent bandpass implementations have near
identical gain characteristics, as expected. Despite the fact that the type 1 and 2
resonator designs all have an identical O of 40, however, note that the type 2 designs
have a much narrower resonant bandwidth.

This illustrates that the major design parameter for controlling bandwidth is
actually the ratio of the two reactive elements used in the resonators. For the LC-
series resonator, the bandwidth is reduced with increasing inductor value Lg. In
contrast, for the LC-parallel resonator, the bandwidth is reduced with the increasing
capacitor Cp. These observations are consistent with (8.3) and (8.4).

In Figure 8.3, comparing the type 1 resonator designs, with and without loss,
we observe only a very minor difference in the resonant bandwidths. Changing the
resonator Qs from 40 to ideally infinity has only a minor impact on the resonant
bandwidth. The major difference, again as would be expected, is in the insertion
loss, especially close to the resonance.

Although the passband gain characteristics for the LC-series and LC-parallel
equivalent resonators are essentially identical, their impedance behavior in the neigh-
borhood of resonance is significantly different, as shown in Figure 8.4. The series
LC resonator impedance transitions from capacitive to inductive as the frequency
moves up through resonance. In comparison, the parallel LC resonator impedance
transitions from inductive to capacitive as the frequency moves up through resonance.

Also of note is that the type 2 LC resonators exhibit a wider swing in reactance
across resonance than do the type 1 designs. It is this that is responsible for their
narrower passband width.

(@ (b)

Figure 8.2 [C-bandpass resonator configurations: (a) LC-series, and (b) LC-parallel.



8.3 Design of LC Resonators for Stopband Rejection

103

8.3

{doB} LC-series Ris_?pator_lia_ Edp?sshlnserlion Gain

1 4

-2 4

-3

-4 -

-5 -

6 -

7

-8 - — - =|C-senes bandpass_0
.9 - LC-series bandpass_1

LC-geries bandpass_2
-10 T T
2000 2500 3000 sslgpequency (Ml-fﬂoo
(a)
(duB} LC-parallel Resonator Bandpass Insertion Gain

1
2000 2500

= - =| C-parallel bandpass 0

LC-parallel bandpass_1

LC-parallel bandpass_2

3000 3502 quency (miE]®°
(b)

Figure 8.3 [C-bandpass resonator insertion gains: (a) LC-series, and (b) LC-parallel.

Design of LC Resonators for Stopband Rejection

In this section, we consider the use of LC-series and LC-parallel resonators in RF
circuits, primarily targeted as implementing a stopband rejection function. In such
traps, the resonant frequency f, is the center of the desired rejection bandwidth and
the resonators’ purpose is to provide high levels of attenuation of the unwanted RF
energy. The two resonator types are incorporated into the RF circuit as shown in

Figure 8.5.
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Figure 8.6 shows the bandpass characteristics of the two resonator types with
the values listed in Section 8.1. For reference, the dashed gray line shows the pass-
band gain of series and parallel LC resonators with the element values of (8.11),
but with no dissipative loss.

The series and parallel LC equivalent bandpass implementations have near-
identical gain characteristics, as expected. Despite the fact that the type 1 and 2
resonator designs all have an identical O of 40, however, note that the type 2 designs
have a much narrower resonant bandwidth.

This illustrated that the major design parameter for controlling bandwidth is
actually the ratio of the two reactive elements used in the resonators. For the LC-
series resonator, the bandwidth is reduced with an increasing inductor value Lg. In
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Figure 8.6 LC-bandstop resonator insertion gains: (a) LC-series, and (b) LC-parallel.

contrast, for the LC-parallel resonator, the bandwidth is reduced with increasing
capacitor Cp. These observations are consistent with (8.3) and (8.4).

In Figure 8.6, comparing the type 1 resonator designs, with and without loss,
we observe only a very minor difference in the resonant bandwidths. Changing the
resonator Qs from 40 to ideally infinity has only a minor impact on the rejection
bandwidth. The major difference is in the depth of the notch. Thus, dissipation in
the bandstop configurations primarily limits the maximum attenuation achievable
and has little influence on the rejection bandwidth.

Although the passband gain characteristics for the L.C-series and LC-parallel
equivalent resonators are essentially identical, their impedance behavior in the
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neighborhood of resonance are dramatically different, as shown in Figure 8.7.
The series L.C resonator impedance transitions from capacitive to inductive as the
frequency moves up through resonance. In comparison, the parallel LC resona-
tor impedance transitions from inductive to capacitive as the frequency moves up
through resonance. However, in the neighborhood of resonance, the series LC
resonator presents close to a short circuit to the source. In contrast, the parallel LC
resonator presents close to an open circuit.

Also, of note is that the type 2 LC resonators exhibit a wider swing in reactance
across resonance than do the type 1 designs. It is this that is responsible for their
narrower passband width.

8.4 Design of LC-Series Resonators with Desired In-Band Capacitance
and a High-Side Resonance

In an RF circuit where a capacitor is needed in the passband, for matching or other
purposes, it can be implemented with an LC-series resonator, rather than a simple
capacitor. The advantage is in addition to the passband capacitance; the resonator
can be designed to have its self-resonance at a desired frequency above the pass-
band. This can be useful for achieving attenuation of unwanted high-frequency
signal components.

For such a resonator design, there are two requirements for the circuit designer:
(1) achieve the desired capacitance at the passband frequency f,,, and (2) effect a series
resonance at a frequency f, above the passband. Because we only have two elemen-
tal values to determine (i.e., L and C), there is a unique solution to this problem.
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Figure 8.7 Smith chart impedances of bandstop LC-series and LC-parallel resonators.
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It is important to note here that the capacitance in the passband will be affected
by the high-side resonance. While the desired capacitance can be designed for f,
the effective capacitance of the resonator will vary across the passband. The closer
f, is to fy, the greater will be the capacitance variation across the passband. Fortu-
nately, in many cases, the frequency band for rejection is at a harmonic frequency
and thus significantly removed from the passband.

As discussed in Chapter 5, the majority of components used in practical RF
circuits have significant associated dissipative and reactive parasitics. For any useful
synthesis, these parasitic elements must be taken into account in the design equations.

Figure 8.8 shows an LC-series resonator with a composite equivalent incor-
porating the parasitic elements described in Chapter 5. Rather than determine the
values of L and C directly from the design constraints, we seek to determine the
values of I and C’, which incorporate the effects of the parasitics on the overall
resonator response. Because the reactive parasitics have the dominant influence on
the resonator characteristics, the resistive elements can typically be ignored in such
a synthesis. The parasitic resistive elements contribute little to frequency shifts of
the resonator and predominantly result in dissipative losses that are unavoidable.

The required capacitance is obtained from the solution to a quadratic equa-
tion, with

a~ o ((1/(: + @}Lo)LCy - 1/(0? - o) c)
b=1-C./C - (0} +w))LcC

c= CL
The solution is
., —b—-b*—4ac

O~ Z2TNY —ac (8.13)

2a

and

1

L' = (8.14)

-0 (C, + 1 (UC - L))

By way of example, consider the LC-series resonator parameters in Table 8.1.
As in Chapter 7, the entries in blue are user inputs. The parasitic element values
associated with both the inductor and capacitor are typically obtained from manu-
facturers’ data sheets, bench measurement, or sophisticated RF electromagnetic
simulation software. The element values in the two right columns of the table are

fromo- =

Figure 8.8 [C-series resonator with parasitics.
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Table 8.1 LC-Series Resonator Design Parameters

Series (Type 1)

fo 2000 MHz Parasitics Elements
fi 4000 MHz — Re(Q) LonH) O,  CupF) I/ (aH)  C (pF)
Cs(atfy) 0.6 pF 0.2 0.1 40 0.15 246633  0.47708

the required element values for the resonator obtained by applying the formulae
above which incorporate any detuning due to the parasitics.

In this case, the LC-series resonator is desired to have a capacitance of 0.6 pF
at the center of the band f, = 2,000 MHz and to have a series resonance at f, =
4,000 MHz.

Figure 8.9 shows the key performance characteristics of the LC-series resonator
obtained when implemented with the values for L” and C’ given in Table 8.1. Note
that both the key goals for the resonator have been achieved.

8.5 Design of LC-Series Resonators with Desired In-Band Inductance
and a Low-Side Resonance

In an RF circuit where an inductor is needed in the passband, for matching or other
purposes, it can be implemented with an LC-series resonator, rather than a simple
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Figure 8.9 LC-series resonator characteristics: (a) capacitance, and (b) reactance.
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inductor. The advantage is in addition to the passband inductance, the resonator
can be designed to have its self-resonance at a desired frequency below the pass-
band. This can be useful for achieving attenuation of unwanted low-frequency
signal components.

For such a resonator design, there are two requirements for the circuit designer:
(1) achieve the desired inductance at the passband frequency £, and (2) effect a series
resonance at a frequency f, below the passband. Because we only have two elemen-
tal values to determine (i.e., L and C), there is a unique solution to this problem.

It is important to note here that the inductance in the passband will be affected
by the low-side resonance. While the desired inductance can be designed for f, the
effective inductance of the resonator will vary across the passband. The closer f, is
to [y, the greater will be the inductance variation across the passband.

As discussed in Chapter 5, the majority of components used in practical RF
circuits have significant associated dissipative and reactive parasitics. For any useful
synthesis, these parasitic elements must be taken into account in the design equations.

As in the previous section, Figure 8.8 shows an LC-series resonator with a
composite equivalent incorporating the parasitic elements described in Chapter 3.
Rather than determine the values of L and C directly from the design constraints,
we seek to determine the values of L” and C’, which incorporate the effects of the
parasitics on the overall resonator response. Because the reactive parasitics have
the dominant influence on the resonator characteristics, the resistive elements can
typically be ignored in such a synthesis. The parasitic resistive elements contribute
little to frequency shifts of the resonator and predominantly result in dissipative
losses that are unavoidable.

The required capacitance is obtained from the solution to a quadratic equa-

tion, with
4~ 02’ ((L - Le) LeCp + LI (0 - 0})
b~-1-wLCy + (0} + ] ) LcCy
c=-C;p

The solution is

,z—b+\/b2—4ac

C
2a

(8.15)

and

1
w? (CL +1/(1/C - waC))

L= (8.16)

By way of example, consider the LC-series resonator parameters in Table 8.2.
As in Chapter 7, the entries in blue are user inputs. The parasitic element values
associated with both the inductor and capacitor are typically obtained from manu-
facturers’ data sheets, bench measurement, or sophisticated RF electromagnetic
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Table 8.2 [C-Series Resonator Design Parameters

Series (Type 2)

fo 2000 MHz Parasitics Elements
f 1000MHz — Re(@)  Le(H) O, G (pF)  L'(H)  C (pF)
Ls(atfy)  2nH 0.2 0.2 45 03 215791 10.4909

simulation software. The element values in the two right columns of the table are
the required element values for the resonator obtained by applying the formulae
above which incorporate any detuning due to the parasitics.

In this case, the LC-series resonator is desired to have an inductance of 2.0
nH at the center of the band f;, = 2,000 MHz, and to have a series resonance at
f.= 1,000 MHz.

Figure 8.10 shows the key performance characteristics of the LC-series resona-
tor obtained when implemented with the values for L” and C” given in Table 8.2.
Note that both the key goals for the resonator have been achieved.

8.6 Design of LC-Parallel Resonators with Desired In-Band Inductance

and a High-Side Resonance

In an RF circuit where an inductor is needed in the passband, for matching or
other purposes, it can be implemented with an L.C-parallel resonator, rather than

L?S{n H) Effective Series Inductance

25
2 L’//_
1.5 -
'

1600 1700 1800 1900 2000 2100 2200 2300 2400
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(@

Z,_imag. Series Reactance
10

L
0 -

5

600 700 860 900 1000 1100 1200 1300 1400
Frequency (MHz)

(b)

Figure 8.10 LC-series resonator characteristics: (a) capacitance, and (b) reactance.
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a simple inductor. The advantage is, in addition to the passband inductance, the
resonator can be designed to have its self-resonance at a desired frequency above the
passband. This can be useful for achieving attenuation of unwanted high-frequency
signal components.

For such a resonator design, there are two requirements for the circuit designer:
(1) achieve the desired inductance at the passband frequency f,, and (2) effect a par-
allel resonance at a frequency f, above the passband. Because we only have two ele-
mental values to determine (i.e., L and C), there is a unique solution to this problem.

It is important to note here that the inductance in the passband will be affected
by the high-side resonance. While the desired inductance can be designed for f,, the
effective inductance of the resonator will vary across the passband. The closer f, is
to fy, the greater will be the inductance variation across the passband. Fortunately,
in many cases, the frequency band for rejection is at a harmonic frequency and thus
significantly removed from the passband.

As discussed in Chapter 5, the majority of components used in practical RF
circuits have significant associated dissipative and reactive parasitics. For any useful
synthesis, these parasitic elements must be taken into account in the design equations.

Figure 8.11 shows an LC-parallel resonator with a composite equivalent incor-
porating the parasitic elements described in Chapter 5. Rather than determine the
values of L and C directly from the design constraints, we seek to determine the
values of L and C’, which incorporate the effects of the parasitics on the overall
resonator response. Because the reactive parasitics have the dominant influence on
the resonator characteristics, the resistive elements can typically be ignored in such
a synthesis. The parasitic resistive elements contribute little to frequency shifts of
the resonator and predominantly result in dissipative losses that are unavoidable.

The required capacitance is obtained from the solution to a quadratic equa-
tion, with

a4~ o ((1/L + 03C;) LG, — 1/ (0 - of) L)
b=1-Lc/L - (0} +wp)LcCr

CzLC

The solution is

_—b-b? —4ac

2a

L (8.17)

and

Figure 8.11 [C-parallel resonator with parasitics.
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1

¢= o} (L +1/(1/L - 02C, )

(8.18)

By way of example, consider the LC-parallel resonator parameters in Table 8.3.
As in Chapter 7, the entries in blue are user inputs. The parasitic element values
associated with both the inductor and capacitor are typically obtained from manu-
facturers’ data sheets, bench measurement, or sophisticated RF electromagnetic
simulation software. The element values in the two right columns of the table are
the required element values for the resonator obtained by applying the formulae
above, which incorporate any detuning due to the parasitics.

In this case, the LC-parallel resonator is desired to have an inductance of 2.0
nH at the center of the band f;, = 2,000 MHz and to have a parallel resonance at
f,=4,000 MHz.

Figure 8.12 shows the key performance characteristics of the LC-series resona-
tor obtained when implemented with the values for L” and C” given in Table 8.3.
Note that both the key goals for the resonator have been achieved.

Table 8.3 LC-Parallel Resonator Design Parameters

Parallel (Type 1)

fo 2000 MHz Parasitics Elements
1, 4000 MHz Re(Q) Lc(nH) Or Cr(pF) L’ (nH) C’ (pF)
Lp (at fo) 2nH 0.2 0.3 45 0.3 1.53344 0.64315
Ls (nH) Effective Series Inductance
3
2.5
2 — |
1.5 +
1

1600 1700 1800 1800 2000 2100 2200 2300 2400
Frequency (MHz)

(@
Yp_imag. Series Susceptance
0.04
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0 _/
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-0.04 . :
3000 3500 4000 4500 5000
Frequency (MHz)
(b)

Figure 8.12 [C-parallel resonator characteristics: (a) inductance, and (b) susceptance.
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8.7 Design of LC-Parallel Resonators with Desired In-Band
Capacitance and a Low-Side Resonance

In an RF circuit where a capacitor is needed in the passband, for matching or
other purposes, it can be implemented with an LC-parallel resonator, rather than
a simple capacitor. The advantage is in addition to the passband inductance, the
resonator can be designed to have its self-resonance at a desired frequency below the
passband. This can be useful for achieving attenuation of unwanted low-frequency
signal components.

For such a resonator design, there are two requirements for the circuit designer:
(1) achieve the desired inductance at the passband frequency f,, and (2) effect a par-
allel resonance at a frequency f, above the passband. Because we only have two ele-
mental values to determine (i.e., L and C), there is a unique solution to this problem.

It is important to note here that the inductance in the passband will be affected
by the low-side resonance. While the desired inductance can be designed for f,, the
effective inductance of the resonator will vary across the passband. The closer f, is
to fy, the greater will be the inductance variation across the passband.

As discussed in Chapter 5, the majority of components used in practical RF
circuits have significant associated dissipative and reactive parasitics. For any useful
synthesis, these parasitic elements must be taken into account in the design equations.

As in the previous section, Figure 8.11 shows an LC-parallel resonator with a
composite equivalent incorporating the parasitic elements described in Chapter 5.
Rather than determine the values of I and C directly from the design constraints,
we seek to determine the values of L” and C’, which incorporate the effects of the
parasitics on the overall resonator response. Because the reactive parasitics have
the dominant influence on the resonator characteristics, the resistive elements can
typically be ignored in such a synthesis. The parasitic resistive elements contribute
little to frequency shifts of the resonator and predominantly result in dissipative
losses that are unavoidable.

The required capacitance is obtained from the solution to a quadratic equa-
tion, with

a ~ 0302 ((C - C,) LGy + CI (0} - )

b = _1 - wéLCC + ((03 + CO,Z)LCCL

c= _LC
The solution is
., —b+b*—4ac
L' ——mMm (8.19)
2a
and
1/L" — w*C
C’ = OrtL (8.20)

? (1 + (UL - 02Cy) Le)
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By way of example, consider the L C-parallel resonator parameters in Table 8.4.
As in Chapter 7, the entries in blue are user inputs. The parasitic element values
associated with both the inductor and capacitor are typically obtained from manu-
facturers’ data sheets, bench measurement, or sophisticated RF electromagnetic
simulation software. The element values in the two right columns of the table are
the required element values for the resonator obtained by applying the formulae

above, which incorporate any detuning due to the parasitics.

In this case, the LC-parallel resonator is desired to have a capacitance of 3.0
pF at the center of the band f, = 2,000 MHz and to have a parallel resonance at

f.= 1,000 MHz.

Figure 8.13 shows the key performance characteristics of the LC-parallel reso-
nator obtained when implemented with the values for L” and C’ given in Table 8.4.

Note that both the key goals for the resonator have been achieved.

Table 8.4 LC-Parallel Resonator Design Parameters

Parallel (Type 2)
fo 2000 MHz  Parasitics Elements
f 1000 MHz  Rq(Q) LemH) QO  Ci(pF) L’ (nH) C’ (pF)
Cp (at fy) 3 pF 0.2 0.5 45 0.5 7.73831 2.62942
Cs (pF) Effective Series Capacitance
4
3.5
3 -
2.5
2 1 T T T
1600 1700 1800 1900 2000 2100 2200 2300 2400
Frequency (MHz)
(@
Yp_imag. Series Susceptance
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Frequency (MHz)

(b)

Figure 8.13 [C-parallel resonator characteristics: (a) inductance, and (b) susceptance.
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8.8

Practical Bandpass Filter Design

LC-series and -parallel resonator elements are critical components in many RF
designs. For optimum performance, it is critical that the resonator quality factor
be as high as possible. This improves the fidelity of the desired frequency charac-
teristics and reduces parasitic losses.

Figure 8.14 shows the schematic of a Cauer elliptic bandpass filter designed
to meet stringent passband characteristics. Implementing the filter required seven
parallel LC resonator sections. Each of the resonators was designed for a unique
individual resonant frequency. This necessitated a different capacitor and inductor
design for each of the resonators. The filter was implemented on a 200-mm high-
resistivity Si IPD wafer with two thick Cu layers available, which were critical to
maximizing inductor quality factor. Even so, there were several important aspects
of the physical realization that were critical to achieving optimum performance
characteristics for the filter.

The physical die layout for the filter is shown in Figure 8.15.

1. In the layout, each of the inductors was designed to maximize its inherent
O (see Section 5.3.3), while ensuring that its self-resonant frequency was
inferior to the desired tank frequency for the resonator. This absorbed the
parasitic capacitance of the inductor into the design while eschewing a com-
mon error in assuming that the latter implies low inductor Q.

2. In a high-Q parallel LC resonator, the circulating currents in the resonator
are substantially higher than the currents entering and leaving the resona-
tor. In each RF cycle, the energy stored in the resonator flips back and forth
between the magnetic and capacitive components. Hence, it is critical that
any resistance in the path between the two components of the resonator be
minimized as much as possible. To this end, as seen in Figure 8.15, each of
the tank capacitors was placed directly across the terminals of the inductors.
This greatly enhanced the O factor of the resonators.

Figure 8.14 Bandpass elliptic filter circuit schematic.
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Figure 8.15 Bandpass elliptic filter circuit IPD layout.

3. Asisevident in Figure 8.14, the filter required ground connections to certain
of the resonators. To minimize resistance in the ground connections, the fil-
ter was designed for a flip-chip attach to a laminate carrier, as described in
Section 5.5. The Cu flip-chip bumps, as shown in Figure 5.15(b), provided
minimal series resistance to ground.

Figure 8.16 shows the measured response for the filter. At the center of the pass-
band, the insertion gain is ~ —1.3 dB. This is extremely low considering the wide
passband and steep rejection shirts. (For details of this development, see Wright,

dB Elliptic IPD Filter Insertion Gain
0 T :

a0 { A
A\

1600 2600 3600 4600 5600
Frequency (MHz)

Figure 8.16 Bandpass elliptic filter measured insertion characteristics.
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8.9

8.10

P. V., “Radio Frequency Filtering Circuitry on Integrated Passive Die,” US Patent
11,489,506, November 1, 2022.)

Novel Resonator Pairing for Bandpass Shaping

The design and basic properties of LC-series and LC-parallel resonators were pre-
sented in some detail in at the beginning of this chapter. If the former is employed
in shunt with the line, or the latter in series with the line, as shown in Figure 8.17,
significant attenuation can be achieved for frequencies close to the resonances. How-
ever, in the desired passband, which occurs away from the resonance, either higher
or lower in frequency, the traps will exhibit some residual reactance. The extent of
this reactance, and whether it significantly impacts the insertion loss of the desired
signal energy, depends on the frequency separation between the passband and the
traps. This residual in-band reactance can also be negated by matching network,
subsequent to the trap, as discussed in Chapter 9.

In some cases, one frequency trap may be required above the passband while
another is required below it. In this case, we may take advantage of the requirement
by code-signing the trap pair such that there is no residual reactance at the center
of the passband to disrupt the signal path. The result is a bandpass-type response
for the desired signal.

Novel LC-Series Resonator Pairing for a Passband-Type Response

Figure 8.18 shows an LC-series resonator pair connected in shunt across the signal
line. Let the critical system frequencies be defined as:

f1 ~ lower trapband frequency.
fo ~ center passband frequency.

f» ~ upper trapband frequency.

1S
=y Il
gl
v v
(a) (b)

Figure 8.17 LC-resonator traps employed for filtering: (a) LC-series, and (b) LC-parallel.

Figure 8.18 LC-series resonator traps employed for bandpass filtering.
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8.11

Suppose the first resonator Lg;/Cg; resonates at f;, while the second resonator
Ls,/Cg, resonates at f,. At the center of the passband f,, resonator 1, which is above
resonance, will be inductive. In contrast, resonator 2, which is below resonance,
will remain capacitive. Because these two loading reactances are of opposite sign,
we may design them to cancel as parallel elements at f, thereby negating any net
loading reactance on the signal line.

If the capacitance of resonator 2 at f; is C, the solutions for the critical ele-
ment values are

CSl = ((0)0/&)1)2 - 1)CO (8'21)
Ly = (8.22)

! oiCg; .
CSZ = (1 - (wo/wz)z)CO (8'23)
Lg, = L (8.24)

* ;Cs, '

The value of C is a design parameter that the designer can use to compromise
the depth of the notches for the passband insertion loss. Smaller values for C are
associated with lower notch depths but a wider passband. This can be seen in Fig-
ure 8.19.

Two factors contribute to the passband loss: (1) reactive mismatch away from
fo, and (2) dissipative losses due to nonideal components. The responses shown in
Figure 8.19 assume each inductor has a Q = 35, while each capacitor has an Equiva-
lent Series Resistance (ESR) = 0.2Q.

Novel LC-Parallel Resonator Pairing for a Passband-Type Response

Figure 8.20 shows an LC-parallel resonator pair connected in series with the signal
line. Let the critical system frequencies be defined as:

f1 ~ lower trapband frequency.
fo ~ center passband frequency.

> ~ upper trapband frequency.

Suppose that the first resonator Lp,/Cp; resonates at f;, while the second reso-
nator Lp,/Cp, resonates at f,. At the center of the passband f,, resonator 1, which
is above resonance, will be capacitive. In contrast, resonator 2, which is below
resonance, will remain inductive. Because these two series reactances are of the
opposite sign, we may design them to cancel at f,,, thereby negating any net series
reactance in the signal line.
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Figure 8.19 [C-series resonator pairing passband-type response: (a) C, = 0.8 pF, and (b) C, =
0.4 pF.

Figure 8.20 [C-parallel resonator traps employed for bandpass filtering.



120 LC Resonator Basics

If the capacitance of resonator 1 at f; is C, the solutions for the critical ele-
ment values are

C
Cpi = 0 8.25
s (a)l/a)o)2 ( )
Ly = L (8.26)
" w12CP1 .
Co
Cpy = 2
P2 (@) —1 (8.27)
! (8.28)
PZ ,Cp) .

The value of Cj is a design parameter that the designer can use to compromise
the depth of the notches for the passband insertion loss. Larger values for C, are
associated with lower notch depths but a wider passband. This can be seen in Fig-
ure 8.21.

Two factors contribute to the passband loss: (1) reactive mismatch away from
fo, and (2) dissipative losses due to nonideal components. The responses shown in
Figure 8.21 assume that each inductor has a Q = 35, while each capacitor has an
Equivalent Series Resistance (ESR) = 0.2Q.
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Figure 8.21 [C-parallel resonator pairing a passband-type response: (a) Co = 2 pF, and (b) G, =
4 pF.
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Fundamentals of Amplifier Output
Matching

Power amplifiers (PAs) are critical components in all of today’s mobile communica-
tions devices. They are essential to raise the power level of an incoming modulated
RF signal, containing information, to a sufficiently high-power level such that when
it is transmitted it can be demodulated by a receiver at some distance away.

In a mobile device, the supply voltage is invariably low (~3V), since it is sup-
plied by a battery, usually Li-ion. A typical transmit power for a handheld device
is ~1W (30 dBm). Since power o V*/R, the amplifier output impedance (R) must
necessarily be also low, ~2—5Q. However, the amplifier must typically drive a load
with a much higher impedance, ~50Q. Common examples of amplifier loads are
filters, couplers, and antennas.

A network is thus required between the output of the PA and its load to avoid
power loss due to the high impedance mismatch between the two. This matching
network must transform the low PA impedance to that of the load with as little
loss as possible and across the full bandwidth of the signal. However, it also must
also be designed to meet other stringent requirements. In addition to achieving the
required passband loading impedance, desired loading impedances across the har-
monic frequencies are invariably specified. These are important for waveform shaping
in the PA and maximizing PA efficiency. Desired harmonic impedances, typically
close to open or short, are generally dependent on the modulation waveform. Yet
another requirement generally imposed on the output matching network is for it
to provide an out-of-band frequency filtering function. Rejection requirements for
the network may be both below and above the passband. As a result, the design of
such networks can be very challenging, invariably requiring compromises between
the various requirements. A number of varying circuit topologies is employed for
PA matching networks. The one chosen for a particular application typically being
dependent on the designer’s previous experience, ease of implementation within the
module, and the overall system performance specifications.

In addition to a PA requiring a matching network following the PA, it must be
also be biased from the DC power source in the mobile device. This is typically
accomplished via a bias inductor, L, connected to the supply line, V.., and the out-
put of the PA. To reduce induced RF ripple on the supply line, which might interfere
with the performance of other components within the module, the bias inductor
must be bypassed by a capacitor C, to ground.

Further to the bias inductor, as mentioned in Chapter 6, a shunt trap is generally
included across the output of the amplifier. The trap serves two purposes:

123
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1. It provides a low-impedance termination on the amplifier output over a har-
monic frequency band, most frequently the second harmonic, for waveform
shaping, which serves to maximize the amplifier efficiency.

2. It provides rejection of unwanted harmonic output, again commonly the
second harmonic.

Figure 9.1 shows a simplified block diagram of a typical single-ended mobile
PA matching network.

It should be noted that the resonant frequency of the shunt series L,/C), trap
is not typically set to correspond exactly to the second-harmonic frequency. This
design freedom allows the harmonic impedance on the output of the amplifier to
be adjusted from slightly inductive, or slightly capacitive, as required by the PA for
optimal in-band efficiency.

The PA architecture in Figure 9.1 shows a single PA and signal line. That archi-
tecture is referred to as “single-ended.” Another PA architecture, in common use, is
typically referred to as “differential” or sometimes as “push-pull.” In the differential
PA architecture two amplifiers and signal lines are used with the signal energy on
the two lines of equal amplitude but 180° out of phase with each other.

Figure 9.2 shows a simplified block diagram of a differential PA architecture.

In Figure 9.2, coupled inductors (often referred to as transformers) are shown for
implementing both the differential drive to the two amplifier chains, and combining
the outputs for delivery to the load. In practice, lumped elements may also be used for
either the differential phase splitting or combining instead of the coupled inductors.

While single-ended and differential PA architectures are most commonly
employed, other dual or multiple PA architectures also find application. Each has
its own distinct advantages and drawbacks. In general, the single-ended architecture
offers a size advantage over the multiple PA architectures. A comparison of single-
ended versus differential architectures is presented in Chapter 13.

Matching
Network _|

Figure 9.1 Simplified block diagram of single-ended PA.
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Figure 9.2 Simplified block diagram of a differential PA.
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Whether a single or multiple PA architecture, there is a commonality of match-
ing and termination characteristics for each of the amplifiers. We may thus consider
only a single PA in isolation to illustrate some of these fundamentals. Consider
the simplified schematic of a single PA output stage such as that shown in Figure
9.3. More complex and multisection LC-matching networks for single-ended PAs
are considered in Chapter 11. The source voltage Vs represents the PA, with out-
put impedance Zg. A simple lowpass matching network comprising L,, and C,, is
employed to match the low output impedance of the PA to that of the load. Note
that, even in this very basic circuit, there are six components whose values must be
chosen to optimize the performance of the amplifier. To achieve optimum perfor-
mance, it is essential that the values for these elements be chosen simultaneously
and not individually.

We will now present a rational approach for doing this. First, consider the bias
inductor L, and its bypass capacitor C,. The latter is required to shunt any RF energy
“leaking” through L, on to the supply line V. For this to be the case, we require

[2(Cy) <<|2(Ly) (9.1)
which implies
C, << lw}L, (9.2)

This inverse relationship between C, and L, signifies that lower values for L,
will require larger values for C, to effectively bypass it. While small values for the
bias inductor might be advantageous in terms of size, the associated requirement for
a large bypass capacitor can be problematic, for reasons other than size. A common
technique in today’s mobile power amplifiers, often referred to as Envelope Tracking
(ET), is based on being able to modulate the supply line with the envelope of the
signal. This can significantly boost the overall efficiency of the amplifier. However,
for such a technique to be practical, there must not be too much capacitance across
the supply line or the modulator will have difficulty driving the line. Given that
there are usually multiple amplifiers connected to the supply line, the restrictions
on supply-line capacitance for each amplifier can be extremely restrictive. A typical
limit on C,, for any individual PA is ~50 pF. Given (9.2), this puts a practical lower
limit on the value of the bias inductor L.

For an initial exploration of some key aspects of PA matching, let us assume
that C,, is sufficiently large (and lossless), such that all RF energy on the supply line
Ve is fully shorted to ground. This is represented in Figure 9.3 by the dashed short

TT I8

TG —rc

Figure 9.3 Simplified single PA lowpass matching network.
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9.1

circuit shown across C,. For an illustrative analysis, assume the following values
for the circuit parameters in Figure 9.3.

£ = 3,300 MHz fo. = 4,200 MHz
£2,, = 6,600 MHz £2,; = 8,400 MHz
Z = 5Q Z, = 50Q (9.3)

O, =40, for all inductors ESR =0.15Q, for all capacitors

Thus, the fundamental band of interest (i.e., signal passband) is from 3,300 to
4,200 MHz. The second-harmonic band limits are double the latter.

In the simplified circuit of Figure 9.3, L, and C,, are determined such that their
series resonant frequency is close to the center of the second-harmonic bandwidth.
This places a low impedance across the amplifier in this band and also results in
high attenuation across the band. The lower the O of this resonator (i.e., the lower
the value of L) the lower the impedance and the higher the harmonic rejection that
can be achieved. However, in the passband, at approximately half the frequency,
the L,/C,, resonator presents a positive (i.e., capacitive) susceptance across the line.
For low loss in the passband, this susceptance must be compensated by an inductive
susceptive loading on the line, which can come from two places: (1) the bias induc-
tor L, or (2) the lowpass matching network, comprising L,, and C,,.

We shall consider first the situation in which the harmonic resonator suscep-
tance is fully compensated by the bias inductor alone. In this case, the matching
network L,,/C,, is only required to match the real source impedance (5Q) to the
real load impedance (50Q). The latter requirement uniquely determines the values
for L,, and C,,.

Passband Harmonic Susceptance Compensated Uniquely by

Bias Inductor

Because the harmonic resonator must resonate at or close to the center of the second-
harmonic band, C,, will be dependent on L,. However, L, and L, are interdepen-
dent because we require no residual susceptance across the signal line at the center
of the passband. This leaves us with only a single independent variable L, or L,.

Although the bias inductor can be chosen to completely cancel the residual
susceptance of the harmonic resonator at a single frequency, typically at the center
of the passband, this cancellation becomes less complete moving away from the
center of the band. This is especially true on the high side. The smaller the resona-
tor inductor L,, the greater is the susceptance variation across the passband, due to
the resonance of L,/C,, close to the second harmonic. This results in an increased
insertion loss towards the edges of the passband due to reactive mismatch.

In enumerating the design options for the circuit of Figure 9.3, rather than tak-
ing the value of either of the inductors as the independent variable, it is generally
more instructive to take the maximum in-band insertion loss as the independent
variable, as insertion loss is a prime PA system performance parameter for the PA
designer. The maximum insertion loss, for the case we are considering here, is in
the passband 3,300 to 4,200 MHz, with the maximum loss invariably occurring
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at 4,200 MHz. Higher insertion losses will be associated with lower values for L,
greater second-harmonic rejection, and less impedance variation across the second-
harmonic bandwidth. This can be seen in Figure 9.4.

In Figure 9.4, note that L, and L, decrease in tandem with increasing system
insertion loss. This is because the bias inductor must provide an increasing sus-
ceptive loading on the signal line to compensate for the increasingly large residual
susceptance of the harmonic resonator in the passband.

Figures 9.5 and 9.6 show the in-band and second-harmonic reflection coeffi-
cients for 1-dB and 2-dB maximum system insertion loss, respectively. As expected,
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Figure 9.4 Key circuit variables versus insertion loss: (a) inductor variation with loss, and (b)
second-harmonic reflection angle dispersion.
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Figure 9.5 Network impedances for 1-dB insertion loss: (a) in-band, and (b) second-harmonic
band.
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Figure 9.6 Network impedances for 2-dB insertion loss: (a) in-band, and (b) second-harmonic
band.
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there is more variation in the match across the passband, but the phase variation
in the second harmonic reflection coefficient is significantly reduced at the higher
insertion loss. Corresponding insertion losses across the two bands are shown in
Figures 9.7 and 9.8.

The data clearly illustrates that the greater the second-harmonic rejection
required or the less variation in the second-harmonic impedance, the higher the
associated system insertion loss. The designer must trade off these two parameters
against each other and decide on an acceptable compromise.
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Figure 9.7 Network losses for 1-dB insertion loss: (a) passband insertion gain, and (b) second-
harmonic insertion gain.
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Figure 9.8 Network losses for 2-dB insertion loss: (a) passband insertion gain, and (b) second-
harmonic insertion gain.

In the previous analysis, the harmonic resonator susceptance across the pass-
band is compensated entirely by the bias inductor. However, this requires increas-
ingly lower values for the bias inductor for reduced second-harmonic variation. As
discussed above, this would, in turn, require larger values for the bypass capacitor
C, beyond what is acceptable. This is illustrated in Figure 9.9.

Figure 9.9 shows key in-band performance characteristics for the circuit param-
eters above having a 2-dB insertion loss, but C, = 100 pF in place of the perfect



132 Fundamentals of Amplifier Output Matching

f-max Ty $11(20=5. Q)
4200. MHz SIS o
ELE
e e
)‘ _ .é= .g- 4-.‘.???:‘-‘;@\
““" E%;» \

P (dB) Insertion Gain - Shunt Notches
" — P del/P_avail
- — =P_del/P_in
-0.5 -
1 4
-1.5 1

-—— e
- -
- -
-

-
g

3300 3500 3700 3900 4100
Frequency (MHz)
(b)

Figure 9.9 In-band characteristics with 100-pF bypass capacitor: (a) reflection coefficient, and
(b) insertion loss.
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short previously assumed. There is a clear degradation in the passband reflection
coefficient seen in Figure 9.9(a) compared with that in Figure 9.6(a). An even more
significant degradation is observed in insertion gain, comparing Figure 9.8(a) with
Figure 9.9(b). Primarily, these degradations are caused by a change in the effective
shunt susceptance of the bias inductor L, across the RF line. This indicates that the
100-pF bypass capacitor is inadequate for effectively grounding the V¢ supply end
of L. Such a change in susceptance could easily be compensated for, by a change
in the value of the bypass capacitor. However, that would not address the remain-
ing problem of inadequate grounding the V¢ supply line. Permitting RF energy to
leak on to the supply line, via the bias inductor, degrades the Power-Supply Rejec-
tion (PSR), a critical parameter in any mobile device. Thus, the data indicates that
a 100-pF bypass capacitor is insufficient for a bias inductor L, = 0.1 nH.

As a practicality, therefore, in most cases, the bias inductor alone cannot be
used to fully compensate for the residual susceptance of the harmonic resonator
across the passband. Partial reactive compensation must also be provided by the
matching network.

For example, this would require, in the illustrative case here, that the match-
ing network match a complex impedance at the output of the amplifier, to the 50Q
load, rather than a real 5Q impedance. By requiring the matching network to com-
pensate for any residual susceptance left over from the bias inductor and harmonic
resonator at the center of the passband, the value of the bias inductor can be set
independent of network insertion loss.

9.2 Passband Harmonic Susceptance Compensated by Bias Inductor
and Matching Network

Defining a residual susceptance to be absorbed by the matching network on the
output of a PA, such as that shown in Figure 9.3, gives the designer the freedom to
set the bias inductor L, to a preferred value. This, in turn, can minimize the value
required for the bypass capacitor C,. Unfortunately, there is a price to pay for this
design flexibility; in general, the greater the residual susceptance the matching net-
work must absorb, the greater the network insertion loss. The second-harmonic
impedance variation for a given insertion loss will also typically be higher. This is
illustrated in the example data in Figure 9.10.

For each insertion loss data point, the residual susceptance B, required of the
matching network for each insertion loss, was selected to maintain a constant value
for the bias inductor of 0.5 nH. The variation required for By is shown in Figure
9.10(b), and the values for L, and L, are shown in Figure 9.10(a). Also shown in
Figure 9.10(b) is the angular dispersion of the second-harmonic reflection coefficient.

Comparing Figure 9.4(b) and Figure 9.10(b), we can see significantly more
dispersion in the second-harmonic reflection coefficient, at a given insertion loss,
in the latter. This is due to an increase in both resistive dissipation and mismatch
loss in the matching network when it must adapt the complex source impedance
to the load, rather than when the source impedance is pure real. The amount of
performance degradation will depend on how much residual susceptance must be
absorbed and the nature of the matching network.
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Figure 9.10 Key circuit variables versus insertion loss for constant L,: (a) inductor variation with
loss, and (b) second-harmonic reflection angle dispersion and residual susceptance.



Basic RF PA Bias and Harmonic Trap
Networks

10.1

In the previous chapter, some of the basic concepts and trade-offs associated with
matching the output of an RF PA were introduced. Principal among these are:

1. Series LC traps in shunt on the output of a PA output are effective in provid-
ing a low impedance and rejection across harmonic bands.

2. The wider or deeper the harmonic trap (i.e., smaller L), the greater will be
its susceptive loading in the passband leading to increased insertion loss.

3. The susceptance of harmonic traps in the passband must be canceled by a
combination of the bias inductor and matching network.

4. An appropriate value for the bias inductor may be chosen by adjusting the
“residual” susceptance in the passband of the matching network. This resid-
ual susceptance negates that of the bias inductor plus traps in the passband.

5. The greater the residual susceptance for which a matching network is required
to compensate, the higher will be its insertion loss.

In this chapter, the design and analysis of some basic PA bias and harmonic
termination networks are presented.

PA Shunting Inductance and Single Harmonic Trap

Figure 10.1 shows a schematic of single shunt inductance in parallel with a series
LC trap. Such an arrangement is commonly placed directly at the output of an
RF PA. The inductance L represents the combined inductive susceptance of the
bias inductor and any residual inductance of the matching network at the PA. The
inductance L. is required to negate the unwanted capacitive susceptance of the
harmonic network (or networks) in the passband.

Figure 10.1 PA shunting inductance and single harmonic trap.
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In the case of the simple network in Figure 10.1, taking L, as the independent
variable, the value of the effective inductance required is

2
L = ((wr/wO) - 1)Lh (10.1)
and

C, =1/w?L, (10.2)
where o, is the center frequency of the harmonic trap and o, is the center frequency
of the passband. If, as is common, the harmonic trap is placed close to the second-

harmonic frequency (i.e., @, = 2@,), then
Leg = 3L, (10.3)

For analysis, the combined admittance of the network is determined as

3 1 N 1
Ry +jOLs g

(10.4)

, j
+ R¢c +joL, — ———
Lh c T JOLy oC,

where R, jemen: = resistance of associated element.

To compare and contrast the performance characteristics of this simple single-
trap architecture, with those that follow, we use the following basic parameters
for all the data:

fio =1,710 MHz fri = 2,025 MHz
f2,, = 3,420 MHz f2,; =4,050 MHz
Zs=5Q Z; =5Q (10.5)

Q; =40, for all inductors Q¢ =100, for all capacitors

In the analyses, L. is assumed to be a single inductor, although in practice it
would be a combination of the bias inductor L, with a susceptive inductance gener-
ated by the matching network. In addition, it is assumed that L. shunts the signal
line directly to ground, thereby neglecting the series reactance and resistance of the
bypass capacitor C;,. These additional complexities are avoided here in an effort to
more clearly illustrate the basic differences between the architectures being presented.

The data shown in Figure 10.2 corresponds to a circuit with L, set to the
minimum value consistent with a maximum in-band insertion loss <0.1 dB. For
meaningful comparisons to subsequent architectures, this same insertion loss target
will be used.

The reflection coefficient T, in the passband is very tight, consistent with the
low insertion loss requirement. However, the reflection coefficient across the second-
harmonic band shows much more variation, with significant phase dispersion. The
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Figure 10.2 Single-trap characteristics: (a) I';, across passband, (b) I';, across second-harmonic

band, (c) passband insertion loss, and (d) second-harmonic insertion loss.
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Figure 10.2 (Continued)

second-harmonic rejection also varies greatly across the band, with as low as 7-dB
rejection at the low end of the band.

As discussed in Chapter 9, the second-harmonic response characteristics can be
tightened by lowering the value of L,; however, this will result in an increase in the
in-band insertion loss. In an effort to increase the minimum rejection and lower the
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impedance variation in the harmonic band, without degrading the in-band charac-
teristics, designers have considered numerous circuit approaches.

One such circuit approach that is a simple extension of the single trap is to add
a second trap in the circuit. This approach is examined in the next section.

10.2 PA Shunting Inductance and Dual Harmonic Traps

Figure 10.3 shows a schematic of single shunt inductance L in parallel with two
series L.C traps. Again, the single inductance L. represents the combined inductive
susceptance of the bias inductor and any residual inductance of the matching net-
work at the PA. The inductance L is required to negate the unwanted capacitive
susceptance of the harmonic networks in the passband.

The object of adding the additional trap is to broaden the second-harmonic
characteristics without increasing the passband insertion loss. We shall now exam-
ine whether this technique can really be effective.

First, because the goal is to widen the harmonic passband and keep it flat, we
require the relative bandwidth of the two series resonators to be equal. For this the
resonant quality, factors must be equal, that is,

L L
C—’; = C—’Z (10.6)
If lower trap frequency = f),; and upper trap frequency = f},, then
Cy = ﬁ and Cy, = @ (10.7)
and
Ly, = (0y1/0,5) Ly, (10.8)

Second, the central frequency of the combined trap responses should remain
the center of the harmonic band. Thus, the two trap frequencies should be equally
disposed about the center of the band.

Defining

fon =1, —o-Af,/2 (10.9)

for = f, +a - AF 12 (10.10)

Figure 10.3 PA shunting inductance and dual harmonic traps.
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where Af, = harmonic bandwidth, and a characterizes the separation of the
trap frequencies.

For o= 0,
fm="ta=1 (10.11)
For o =1,
f»1 = lower end of harmonic band (10.12)
and
fi» = upper end of harmonic band (10.13)

For in-band susceptance cancelation, we require
1
2 2
@ @

2 2 2 2
(whl - wo)th (whz - wo)Lhz

Leff =

(10.14)

For analysis, the combined admittance of the network is determined as

1 1
Ry + jOLg

Rip + Rop + joLy, -
(Dchl
1 (10.15)

+ .

Ry + Repy + j0Ly,; —

wChZ

where R jemen: = resistance of associated element.

For a valid comparison of the characteristics of the single and dual-trap architec-
tures, in the dual-trap architecture, inductor L, was set, as in the previous section,
to ensure a minimum value consistent with a maximum in-band insertion loss of
<0.1 dB. Key electrical response data for both the single and dual-trap architectures
is shown in Figure 10.4. The frequency separation of the dual traps was consistent
with o= 0.3.

The design element values and parameters used for the data are provided in
Table 10.1.

Comparing the passband characteristics of the single and dual-trap architectures,
they are seen to be nearly identical. However, the characteristics of the second-har-
monic band are significantly different. The goal of adding the second trap was to
widen the second-harmonic response, in particular, to decrease the impedance, reduce
its variation, and increase the rejection. None of these goals have been achieved.

The angular dispersion of the reflection coefficient across second-harmonic
band of the single and dual traps is identical. Also, the impedance is not noticeably
increased anywhere in the band. More troubling still is the rejection characteristics
achieved with the two traps. Instead of a single maximum rejection point at center
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Figure 10.4 Single and dual-trap (o = 0.3) characteristics: (a) I';, across passband, (b) I';, across
second-harmonic band, (c) passband insertion losses, and (d) second-harmonic insertion losses.
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Table 10.1 Dual Trap (« = 0.3, k= 0) Elements

Element Values

a=0.3 k=0

O; =40 c=100
Ly = 0.905 nH

L,;=0.62 nH C,; =3.083 pF
L,,=0.589 nH Cpp = 2.931 pF

band, we have two maximums equally disposed about the center. At the center of
the band, the rejection response actually has a local minimum value, correspond-
ing to a significant increase in the impedance of the combined traps. In actuality,
if ideal elements had been assumed for the analysis, at the center of the harmonic
band, the traps would have presented no impedance loading and would have achieved
zero rejection.

In Figure 10.4(d), it can also be noted that rejection at the band edges is little
changed. Thus, in addition to the other deficiencies, adding a second trap does not
even serve to widen the harmonic rejection response. Based on this data, there-
fore, in the majority of cases, there does not appear to be anything to be gained by
replacing a single harmonic trap with two in parallel. However, there is one limited
exception. If a PA is required only to operate at two ends of a frequency band, and
not in the middle of the band, then the two-trap architecture may be beneficial. If
the two maximum rejection frequencies, as in Figure 10.4(d), are centered on these
two separated bands, then the rejection can be improved across both compared to
employing just a single trap.

The reason that there is a pole (zero loss with ideal components) at the center
of the band is because the two traps are in parallel with no intermediate series ele-
ments. All practical filter architectures employ both series and shunt elements. If
there were, for example, a parallel LC resonator in the line between the two traps,
this could be used to decouple the shunt traps at the center frequency. However,
such an arrangement would not meet the other circuit goals for harmonic imped-
ance and in-band loss.

In the dual-trap architecture, at the center frequency of the harmonic band,
resonator 1 is above resonance, while resonator 2 is below resonance. This means
that resonator 1 presents a negative (i.e., inductive) susceptance on the signal line,
while resonator 2 presents a positive (i.e., capacitive) susceptance. These two mutu-
ally cancel, resulting in the response pole for the network.

In addition to the poor performance of the dual-trap architecture, save for one
limiting case, there is yet another drawback to its practical implementation. Both
traps need to be physically located close to the output of the PA. This requires that
the two inductors in the traps also be located in close proximity to each other on
the circuit board, which can result in mutual coupling between the two. Mutual
coupling is also an aspect that might be considered to improve the performance of
the two-trap approach. The effects of mutual coupling between the trap inductors
are considered in the next section.
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10.3 PA Shunting Inductance and Dual Coupled Harmonic Traps

Figure 10.5 shows a schematic of single shunt inductance L. in parallel with two
series LC traps. This circuit is identical with that in the previous section with the
exception that finite coupling is assumed between the two trap inductors. Such cou-
pling may be intentional or parasitic. In practice, in a compact RF module design,
if two traps were employed, the two inductors would inevitably have to be in close
proximity, and this would inevitably lead to some coupling. It is instructive to
examine the effects of such coupling on the circuit and whether it might be useful
to improve the characteristics of the circuit.
The coupling constant k is defined in terms of mutual inductance M, by

M = kﬂLle (10.16)

where 0 < k< 1.

As in the previous section, the single inductance L represents the combined
inductive susceptance of the bias inductor and any residual inductance of the match-
ing network at the PA. The inductance L. is required to negate the unwanted
capacitive susceptance of the harmonic networks in the passband.

For a flat harmonic passband, we again require the quality factors of the two
series resonators to be equal, that is,

Ly _ Ly

= 1017
Cp i 10.17)

Also, the two trap frequencies are taken to be equally disposed about the center
of the band. That is,

fm =1f, — o Af, /2 (10.18)
fro =1fr + - Af, /2 (10.19)

where Af, = harmonic bandwidth and o characterizes the separation of the
trap frequencies.

For o= 0,
fin=1n=" (10.20)
For a =1,
f,n = lower end of harmonic band (10.21)
= G,
L Ly, i ELM
v

Figure 10.5 PA shunting inductance and dual-coupled harmonic traps.
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and

f»2 = upper end of harmonic band

(10.22)

From circuit analysis, seeking solutions for C,; and C,, consistent with the
above conditions, we find that solutions only exist providing

2(Aw,,/
(wihwr)z 10.23)

A <

1+ (Aw,/w,)

where

Aw, = o - Ao, /2 (10.24)

Consistent with the previous section, the following basic parameters are to be
used in the analysis

fio = 1,710 MHz
2., = 3,420 MHz

fii = 2,025 MHz
£2,; = 4,050 MHz

Zs = 5Q Z; =5Q (10.25)
O; = 40, for all inductors Q¢ =100, for all capacitors
a=0.3

In this case, from (10.23), we find the limiting value for the mutual coupling
coefficient is |k| < 0.05. This extremely small value indicates that, in the presence
of finite mutual coupling between the inductors, it is not possible to achieve two
equal and distinct minima in the insertion loss through the network.

Given that network solutions, with the above constraints, do not exist for
reasonable values of mutual coupling, we use the same element solutions as in the
previous section for |k| = 0, that is,

Ly, = (0y1/0,5) Ly, (10.26)
! (10.27)
" 1Ly '
1
Cp=— (10.28)
inLn
from uncoupled analysis
1
) N )
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For analysis, the admittance of the first trap is
Y = Ry + Ry +7 (‘DLhz - 1/wchz) — jokyLj, Ly,
| =

10.4

(R + Rapy + j(@Ly = V@Cyy))(Rppa + Repa + j(@Ly, = 1/0Cy)) + 0*k*Lyy Ly

(10.30)

while the admittance of the second trap is

Y, = Ry + Rop + j(@Ly = 1/0Cyy) — jwoky Ly Ly, Y, (10.31)
Ry + R + j(@Ly, = 1/0C),) = jokyLy, Ly, '
where R, jomen: = resistance of associated element. The combined admittance of the

network is then

1
Rt oLy Yi+Y, (10.32)

Figure 10.6 shows the key response characteristics of the dual coupled traps
together with that of the conventional single trap of Section 10.1. Coupled trap
responses are shown for k = —0.05 and k = 0.05. In both cases, the response char-
acteristics are degraded from that of the single trap. While the passband responses
are little changed, the second-harmonic impedances and rejection characteristics are
much inferior. The maximum rejection harmonic frequency is shifted up or down
in frequency, depending on the sign of the mutual coupling. The harmonic char-
acteristics are also highly asymmetric, with one rejection minimum much reduced
from the other. Increasing the magnitude of the coupling coefficient beyond 0.05,
already very small, degrades the characteristics further.

The data in Figure 10.6 clearly illustrates one further disadvantage of trying to
employ dual traps to widen the amplifier’s harmonic characteristics without incur-
ring the usual in-band insertion loss penalty. Namely, any coupling between the
two trap inductors is extremely deleterious to the performance of the network and
thus great efforts must be made to minimize it on the circuit board.

To summarize, dual LC-series harmonic traps in parallel on the output of a PA
are ineffective in widening the second-harmonic rejection bandwidth. Any inductive
coupling between the trap inductors further degrades the performance. Only in the
restrictive case that a PA need operate on two close, but separate bands, could it be
beneficial to employ the two-trap configuration.

Differential PA Shunting Inductances and Harmonic Traps

An amplifier or PA with a cascaded chain of amplification along a single signal
line is referred to as “single-ended.” In addition to single-ended architectures,
there are many alternative PA circuit architectures employing multiple PA chains
whose outputs are combined in a phasing network before the power is delivered to
the load. There may be two or more amplifier chains in such PA architectures, the
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Figure 10.6 Single and dual coupled traps (o = 0.3, k| = 0.05) characteristics: (a) I';, across
passband, (b) T';, across second-harmonic band, (c) passband insertion losses, and (d) second-
harmonic insertion losses.
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Figure 10.6 (Continued)

particular embodiment chosen depending on its merits for the application needed.
Among the alternative PA architectures to the single-ended, the differential PA
architecture employing two amplifier chains finds most widespread application. In
this architecture, the desired signals on the two signal lines are of opposite phase.
An example of a simplified schematic of a differential PA is shown in Figure 9.2.
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Each of the signal lines in a differential PA can be regarded as two separate
single-ended amplifiers up to the point where the signals are combined. Thus, all
the discussions in the previous sections of this chapter apply equally to the indi-
vidual signal paths in a differential PA. With this in mind, Figure 10.7 shows the
two signal paths in a differential PA with the effective shunting inductance L. (a
combination of the bias inductors with the matching networks in each chain) plus
the LC-series traps to provide a low impedance and rejection across the second-
harmonic bandwidth.

Since each of the amplifier chains behaves essentially as an independent single-
ended PA chain, the passband and harmonic characteristics would be expected to
be near identical. Such is the case.

Figure 10.8 shows the fundamental and second-harmonic characteristics of the
differential architecture of Figure 10.7, together with the responses of the conven-
tional single-ended architecture of Figure 10.1. For equivalency, the harmonic trap
inductor L;, has again been set to maintain a maximum in-band insertion loss of 0.1
dB. In addition, to maintain power equivalency, the line impedance for the differen-
tial architecture is 10Q), compared to the 5Q impedance for the single-ended data.

For the differential configuration, the signal energy on the two lines is of equal
magnitude but inverted in phase. This is represented in Figure 10.7 by the (+, —)
drive notation, commonly referred to as odd-mode. However, the second-harmonic
components on the signal lines, generated by nonlinearities in the two PAs, will be
in-phase, as will all even harmonic components. In Figure 10.7, the even harmonic
component phase relationships are represented by the (+, +) drive notation, com-
monly termed even-mode. In contrast, all generated odd harmonic components, like
the fundamental, will be in anti-phase.

In Figure 10.8, for the differential architecture, the fundamental signal data
is shown for odd-mode drive, while that for the second harmonic is shown for an
even-mode drive. For the circuit of Figure 10.7, because the two paths are essentially
independent, the even and odd-mode responses in all bands are identical. However,
this is not the case if there is any coupling between the two signal paths, as is con-
sidered in the subsequent sections.

As expected, the fundamental and second-harmonic characteristics of the dif-
ferential architecture are identical to those of the conventional single-ended, single
LC resonator architecture. This confirms, as anticipated, that simply transitioning
from a single-ended architecture to an equivalent differential architecture brings no
benefit to the fundamental trade-off between the second-harmonic stop bandwidth
and the passband insertion loss. Because the two differential amplifier chains can
be viewed as two independent amplifiers chains, no change in fundamental char-
acteristics could be expected.

L, Clh_b
L, Cl i

Figure 10.7 Differential PA shunting inductances and harmonic traps.
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Figure 10.8 Single-ended and differential characteristics: (a) I';, across passband, (b) T';, across
second-harmonic band, (c) passband insertion losses, and (d) second-harmonic insertion losses.
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10.5 Differential PA Shunting Inductances and Coupled
Harmonic Traps

For the single-ended PA architecture with dual coupled harmonic traps in Section
10.3, the coupling was shown to degrade the overall characteristics of the circuit.
In that circuit, the two traps were at different frequencies and in parallel with each
other on a single signal line. However, in the differential circuit of Figure 10.7, the
two harmonic traps are separate signal lines and are centered at the same frequency.
Thus, inductively coupling the two harmonic traps in the differential circuit may
have benefits that did not occur in the single-ended case.

Figure 10.9 shows a similar differential architecture to that in the previous
section, but with finite coupling assumed between the two trap inductors. In this
circuit, the coupling constant k,, is defined in terms of mutual inductance M,, by

M, = kL, (10.33)

where 0 < k, < 1.
There are three potential benefits sought from seeking to couple the har-
monic inductors.

1. Decreasing the effective susceptance of L, in the passband.
2. Decreasing the physical value required for the harmonic inductors L,,.
3. Decreasing the O of the harmonic traps.

Why should inductive coupling be a benefit for the differential circuit, when it
degraded the performance of the single-ended dual resonator configuration? The key
is the relative phase difference between the signals in the passband and harmonic
bands in the differential circuit.

The even harmonic on the signal lines are products of nonlinear mixing within
the PAs. Because they are products of even-ordering mixing, they are necessarily in
phase on the two lines. In contrast, since all odd harmonic products are products of
odd-ordering mixing, they are out-of-phase as are the incoming fundamental signals.

Because the second-harmonic energy on the two paths in Figure 10.9 are in
phase, and of equal amplitude, currents flowing through the inductors L, will
likewise be in phase and serve to increase the net magnetic flux in the inductors.
In consequence, the value of the inductors L, required to achieve a given effective
inductance value, can be decreased. This reduction in the physical value of induc-
tors L, by itself, would result in a reduced loading susceptance on the lines in
the passband, resulting in a reduced insertion loss. However, there is yet another
advantage to be gained from the coupling. In the passband, the signal energies are

- Leff Lh C"
<4000~ k—.\om-l 23
m h.m |

L L I-b
. eff h Ch

Figure 10.9 Differential PA shunting inductances and coupled harmonic traps.
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in anti-phase. Thus, in contrast to the even-harmonic bands, the currents flowing
in the two harmonic inductors L, are also in anti-phase. This effectively reduces
the susceptive loading of the harmonic traps still further.

Coupling between the two harmonic inductors L, in the differential case, is thus
advantageous in breaking the unavoidable trade-off required between the second-
harmonic characteristics and passband insertion loss in the single-ended architec-
tures. A physical reduction can be achieved in the size of the harmonic inductors
L, required, allowing for a more compact design. In addition, because the effective
susceptive loading of the inductors in the passband is reduced, the O of the harmonic
traps can be reduced leading to improved harmonic characteristics (i.e., less disper-
sion and higher rejection). These benefits are evident in the data in Figure 10.10.

Figure 10.10 shows the passband and second-harmonic characteristics of the
differential architecture of Figure 10.9 without, and with, coupling between the
harmonic inductors L,. The characteristics of the differential architecture with no
L, coupling are identical to those for the single-ended architecture as was demon-
strated in the previous section. For near-equivalent pass characteristics, the second-
harmonic characteristics with coupling are notably improved. There is both reduced
dispersion and increased rejection evident across the full harmonic bandwidth. For
the data in Figure 10.10, a coupling coefficient k;, = 0.7 was assumed, which is eas-
ily achievable on a typical RF module laminate board.

A very significant reduction in the value of the harmonic inductors is also obtained
by introducing the coupling as can be seen from the data in Table 10.2. There is
an accompanying modest reduction in the effective bias inductance required L.

10.6 Differential PA Shunting Inductances and Coupled Bias and
Harmonic Traps

In the previous section, significant advantages were demonstrated for inductively
coupling the two harmonic trap inductors. Additional advantages may be obtained
for the differential circuit if the bias inductors L are also inductively coupled, as
shown in Figure 10.11.

In this circuit in Figure 10.11, the coupling constant k;, between inductors L,
is defined in terms of mutual inductance M,, by

M, = Ry L (10.34)

where 0 < k, < 1.

Observe that opposite ends of the bias inductors L. are connected to their
respective signal lines, in contrast to the connection of the harmonic inductors. For
analysis, this is accounted for by a negative value for the coupling coefficient k. As
a result, the currents are flowing in the same direction through the inductors L. in
the passband but in opposite directions in the even-harmonic bands.

The motivations for inductively coupling the bias inductors are similar to those
for coupling the harmonic inductors. In the passband, the magnetic flux in the bias
inductors is enhanced, thereby increasing the effective inductance. This allows the
values of the bias inductors required in the circuit to be reduced, thus helping to
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Figure 10.10 Differential characteristics, without and with harmonic coupling (k, = 0.7): (a)
T';, across passband, (b) T';, across second-harmonic band, (c) passband insertion loss, and (d)

second-harmonic insertion losses.
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Figure 10.10 (Continued)

Table 10.2 Differential Coupling and Inductor Values

Coupling Lo L,
None 1.8 nH 0.6 n H
k,=0.7 1.56 nH 0.24 nH
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Figure 10.11  Differential PA with coupled bias and harmonic traps.

reduce the size of the module. In the even harmonic bands, because the currents flow
in opposite directions through the bias inductors, their susceptive loading in these
bands is reduced, which helps to further improve the even-harmonic characteristics.

Figure 10.12 shows the key characteristics of the differential circuit of Figure
10.11 with coupling coefficients k, = 0.7 and k;, = —0.7. For reference, the responses
of the same circuit with no coupling and k, = 0.7, k, = 0 are also shown.

In the figures, the passband characteristics are all essentially equivalent. In each
case, the values of the inductors L, were set to the minimum value consistent with
a maximum in-band insertion loss of 0.1 dB. However, passband characteristics
differ significantly. The harmonic response is improved by coupling only the har-
monic inductors, as in the previous section. It is improved yet again by additionally
coupling the bias inductors. The differential harmonic passband with both bias and
harmonic inductors coupled, as in Figure 10.11, shows the lowest impedance, least
dispersion, and greatest rejection of all the networks. In addition, a further benefit
is that this implementation can be realized with the smallest footprint.

Table 10.3 shows the inductor element values for each of the three alternatives.
The best performing architecture, with bias and harmonic inductor coupling, has
significant inductor values that would thus require less area to implement.

The magnitude of the mutual coupling coefficient value of 0.7 used in the analy-
sis is relatively arbitrary. The response characteristics of the circuit are not critically
dependent on this value but steadily improve for higher coupling. The value of 0.7
is simply one that usually easy to achieve in practice.

For analysis, the admittance on the signal lines in odd mode (i.e., fundamental
and odd harmonics) is

1 1

Yo = - + ,
© RLeff + j@ (l — kb) Leff RLh + RCh + ]((I) (1 - kh) Lh - 1/U)Ch)

(10.35)

while the admittance on the signal lines in even mode (i.e., second and even har-
monics) 1s

1 1
: . + .
RLeff + 10 (1 + kb) Leff RLh + RCh + [((D (1 + kh) Lh — 1/Cl)Ch)

Y (10.36)

where R jemene = resistance of the associated element.
The capacitance required for resonance at the harmonic frequency £, is

Cb_ 1

- T (10.37)
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Figure 10.12 Differential characteristics with bias and harmonic coupling (|k;|=0.7): (a) T';,

across passband, (b) T';, across second-harmonic band, (c) passband insertion losses, and (d)
second-harmonic insertion losses.
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and the value required for the effective bias inductance, for the minimal passband

loss at fy, is

Leff

B (a),/a)o)2 (1+ k)

_1+kh
= L
1-k, b

(10.38)
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Table 10.3 Differential Coupling and Inductor Values

Coupling Ly L,
None 1.8 nH 0.6 nH
k,=0.7 1.56 nH 0.24 nH
k,=0.7, k,=-0.7 0.69 nH 0.18 nH

10.7 All-Pass Bridge-T Lowpass Differential Network

The all-pass bridge-T lowpass network is a circuit commonly employed in RF
circuits for introducing a phase shift into the RF signal path. It is termed an “all-
pass network” in light of the fact that, if implemented with ideal circuit elements,
it introduces a phase delay into the signal, with no associated insertion loss across
all frequency. In the ideal case, the input and output impedances of the network
are equal to the characteristic impedance of the signal line and have no frequency
dependence. The schematic for the basic all-pass bridge-T lowpass network is shown
in Figure 10.13(a).

The bridge-T lowpass network comprises two equal-valued inductors and two
unequal value capacitors. The network is left-right symmetric, consistent with pre-
senting the same impedance on both sides. In a generalization of the network, some
magnetic coupling may be assumed between the two inductors, as shown in Figure
10.13(b). This may be inadvertent, the result of unwanted coupling on the circuit
board, or deliberate to gain more flexibility in the design.

In still another variant, shown in Figure 10.13(c), the nodal connections to one
of the inductors may be reversed, resulting in a negative effective coupling coeffi-
cient between the inductors.

For these networks, the element values are determined by

(sinq) + \/sinzd) +4(1- cosd))2 (1+k)/(1- k))RO

I =
@ 2(1—cos¢)(1+ k) 10.39)
(1+k)L
c =
1 2R (10.40)
2(1-k)L
C, = —( > ) (10.41)
Ry
G
L L
G
1T
(a (b) ©

Figure 10.13 All-pass bridge-T lowpass networks: (a) conventional, (b) with positive inductor
coupling, (c) with negative inductor coupling.
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where @ = desired phase delay and R, = characteristic line real impedance.

While the phase shift characteristics of the bridge-T lowpass network are not
directly relevant to the biasing and harmonic termination of a differential PA, the
circuit architecture itself may be exploited to great advantage in the differential
PA architecture.

Figure 10.14(a) shows the schematic of a biasing and harmonic termination
network for a differential amplifier that is essentially identical to the bridge-T net-
work of Figure 10.13(c). To understand the functioning of this network, consider
its properties under odd-mode and even-mode drives.

For the fundamental and odd-harmonic frequencies, the network is driven by
an odd-mode excitation (+, —) on the two signal lines. The circuit has top-to-bottom
symmetry, so under the odd-mode drive, the horizontal center line through the
circuit is a virtual ground plane. As a result, the equivalent circuit under the odd-
mode drive is that shown in Figure 10.14(b). If the parallel resonance of the coupled
inductors L;, and capacitor 2C, is set to the center of the passband, the insertion
loss will be minimal.

For the second and even-harmonic frequencies, the network is driven by an even-
mode excitation (+, +) on the two signal lines. Due to the top-to-bottom symmetry
of the circuit, no current will flow through C,. The equivalent circuit under the
even-mode drive is thus that shown in Figure 10.14(c). In this figure, the loading of
the bias inductor is shown in gray, as generally L, can be made large enough to have
negligible loading effect on the circuit. Unlike the previous single and differential
circuits, in this circuit L, can be chosen independently of the passband (odd-mode),
as it is virtually grounded in the passband.

In Figure 10.14(c), it can be seen if the series resonance of the coupled inductors
L, and capacitors C,/2 is set to coincide with the center of the second-harmonic
band, a short-circuit impedance will be realized in the band. The bridge-T bias and
harmonic trap architecture is more compact than the more conventional approaches
described in the previous sections, as it uses only one bias inductor. It is also much
more flexible as the harmonic and passband equivalent circuits are effectively decou-
pled. The decoupling of the passband and harmonic band characteristics gives this
network significant performance advantages.

Figure 10.15 shows the key performance characteristics of the bridge-T network,
compared to two of those considered previously. With equal in-band insertion loss
for all the networks, the bridge-T circuit has much improved second-harmonic
characteristics. The dispersion across the harmonic band is greatly reduced and the

(a (b) ©)

Figure 10.14 Differential bridge-T lowpass network: (a) schematic, (b) odd mode, and (c) even
mode.
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Figure 10.15 Differential characteristics of bridge-T lowpass with previous circuits: (a) Iy,
across passband, (b) T';, across second-harmonic band, (c) passband insertion losses, and (d)
second-harmonic insertion losses.
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Figure 10.15 (Continued)

rejection across the band is much deeper and flatter than the previous alternatives.
Compared to the differential architecture with no coupling, which is identical to
that for the single-ended circuit, there is between 5 and 10-dB increase in rejection

across the band.

In all responses shown in Figure 10.15, an arbitrary coupling coefficient |k| =

0.7 was assumed.
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If needed, the bridge-T circuit of Figure 10.14(a) can also be easily modified to
additionally provide high third-harmonic rejection (odd-mode). This requires only
one additional inductor Lj, as shown in Figure 10.16(a). The second-harmonic
response is essentially unaffected by this addition, because no current flows through
L5/C,under even-mode excitation. In the passband and third-harmonic band, which
are odd-mode, the equivalent circuit of Figure 10.14(b) is transformed into that in
Figure 10.16(b). To maintain minimum insertion loss in the passband L; and C,
are chosen to have an equivalent series capacitive reactance to that of 2C, in Figure
10.14(b). For low impedance and high rejection across the third-harmonic band, L;
and C, are chosen to have a series resonance at the center of the band.

The very significant reduction in impedance across the third-harmonic band,
achieved by the addition of inductor L; to the bridge-T circuit, can be seen in Figure
10.17. There is little dispersion across the entire band and a very low impedance is
demonstrated. All other passband and second-harmonic responses are essentially

Figure 10.16 Differential bridge-T lowpass network with second and third-harmonic shorts: (a)
schematic, and (b) odd mode.
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Figure 10.17 Differential bridge-T lowpass network third-harmonic reflection coefficients,
without and with additional inductor Ls.
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unchanged from those shown in Figure 10.15, save for a very minimal increase in
passband insertion loss due to the nonideal nature assumed for the components.
The element values for the circuit are (accounting for L;):

C, = 2 - (10.42)
b= .
w3, (1+k,) L, 3,1,
For no third-harmonic short
C, = ! (10.43)
" 2(1- k)L, :
with third-harmonic short
L ! (10.44)
’ (Dszhct '
and
_ 1/wf - 1/w3,
T (10.45)

The odd-mode loading impedance (i.e., fundamental and odd harmonics) on
the two lines is

_ (Ryj, + joo(1-ky) Ly)(Re, + Rys + j(@Ls — VwC,)) /2
Ry, + jo(1-k,) L, + (Re; + Ry + j(0L; — 1/0C,))/2

o (10.46)

while the even-mode loading impedance (i.e., even harmonics) on the two lines is,
accounting for Ly,

2
1 1

+
RCIa - ]/O)Cb RLb + ]O)Lb

Zp =Ry, +jo(l+k)L, + (10.47)

where R, jomen: = resistance of associated element.



LC Single-Ended Matching Networks
Overview

LC networks are the workhorses of passive RF networks. As building blocks, they
are used for implementing matching networks, splitters, couplers, phase shifters,
and filters. In general, such networks comprise multiple ports that interface with
other network elements in an RF module. In this chapter, however, we shall focus
on the most basic network form, the two-port. It is essential to have an intimate
understanding of the capabilities and limitations of two-port networks to be able
to be able to build upon them to implement networks of greater complexity, which
are discussed later in this book.

Generally, two-port networks are divided into three classes: lowpass, highpass,
and bandpass. Lowpass networks have insertion loss characteristics that increase
with frequency, while highpass networks have insertion loss characteristics that
decrease with frequency. To achieve a bandpass response, resonant elements, such
as those discussed in Chapter 8, must be introduced into the networks. Typical
frequency characteristics of the three network classes are shown in Figure 11.1.

For impedance matching the typically low output impedance (~5Q) of a mobile
power amplifier (PA) to a near universal 50Q load, multiple cascaded matching sec-
tions are often required. The network class chosen for the sections may be the same
or different. In addition, for optimum transmission characteristics, the intermediate
impedances at the common nodes between sections must be allowed to be complex.
Given the design complexity, achieving optimum overall network performance is
dependent upon having a well-founded analytic description of each section.

The most basic form of a discrete matching network configuration comprises
two elements, one element typically capacitive and the second element inductive.
The possible configurations can take four different forms, as shown in Figure 11.2.

There are two lowpass options, with the appropriate choice dependent upon
the relative impedances on the two ports. Likewise, there are two highpass options,
again with the appropriate choice dependent upon the relative impedances on the
two ports.

More complex discrete matching configurations comprise three elements and
employ coupling between inductive elements or combinations thereof. General
configurations for three of the most important two-port matching network archi-
tectures, used in RF design, are shown in Figure 11.3.

The 7 and T-network forms are widely used in PA matching applications. Here,
the elements Y, and Z, represent the admittance and impedance, respectively, of

165
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Figure 11.1 Typical transmission characteristics of two-port LC networks: (a) lowpass response,
(b) highpass response, and (c) bandpass response.
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Figure 11.2 Basic two-port LC network architectures: (a) lowpass 1, (b) lowpass 2, (c) highpass
1, and (d) highpass 2.
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Figure 11.3 More complex two-port network architectures: (a) m-network, (b) T-network, and
(c) transformer.

either inductive or capacitive circuit elements. The nature of the latter is dependent
on the source and load impedances on the network.

A simplified two-port transformer schematic, as is commonly employed in
low-frequency applications, is shown in Figure 11.3(c). Such a schematic is not
physically realizable in high megahertz frequency ranges and above. This is due
to the dual challenge of realizing large inductance values simultaneous with very
tight coupling. Its function can be approximated by a pair of coupled inductors in
RF circuits, although it is rarely used in single-ended impedance matching applica-
tions. However, coupled inductors do find widespread application in differential
impedance matching networks. The application of coupled inductors for impedance
matching for both single-ended and differential networks is examined in detail in
subsequent chapters.

This chapter will focus on the design of 7 and T-networks and their two-element
lowpass and highpass derivatives. The following parametric definitions are com-
mon for all the analyses:

Source impedance Zsg =R+ jXs (11.1)

Load impedance Zp =Ry +jX; (11.2)
Rs JXs

Y. = G, + jBg = -
ST SIS T R X2 T R X2

(11.3)
Source admittance
R, jXp
R} +X; RI+X}

Load admittance Y, =G +jBp = (11.4)

Basic Two-Element Matches

The simple two-element network configurations shown in Figure 11.2 can be used
for effecting impedance matching either in isolation or in a cascade arrangement.
For a single section, as there are only two network variables to determine (i.e., I and
C) and a complex impedance match is required, the elemental solutions are unique.

The choice of whether a lowpass or highpass match is most appropriate in a
given design must be made by the designer in the light of system requirements. Once
that choice is made, which of the alternate versions is required depends entirely on
the source and load impedances to be matched.
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For the lowpass match, the lowpass 1 type match is required, when
1] > JRsR, (11.5)
or, if X; =0,
Ry > Rs (11.6)

with required element values

X, + \/(Rf + X})R, /Ry - R}

oC =
R} + X}

(11.7)

a)L=(a)C(Rf+Xf)—XL)RS/RL—XS (11.8)
For the lowpass match, the lowpass 2 type match is required, when
Z4 > JRsR,, (11.9)
or, if Xg=0,
Ry >Ry (11.10)

with required element values

X £ ||(RE + X3)Rg/R, — R

oC =
R + X3

(11.11)

oL = (@C(R} + X3) - X;)R, /Ry~ X, (11.12)

For the highpass match, the highpass 1 type match is required, when
1, > JRsR, (11.13)
or, if X; =0,
Rp > Ry (11.14)

with required element values

_X, + \/(Rf + X})R, /R - R?
ol =
1—R, /Ry

(11.15)

LR, /Ry
C= 2 2
oL(XsR,/Rg + X1 )+ Rf + X1

(11.16)

For the highpass match, the highpass 2 type match is required, when
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124 > JRsR;, (11.17)
or, if Xg=0,
Rg >Ry (11.18)

with required element values

~X; +(R? + X3)Rs/R, - R
oL =
1-R/R,

(11.19)

co LRs/R;

= (DL(XLRS/RL + XS) + R§ + X§ (11.20)

11.2 Basic Two-Element Matching Networks Characteristics

Characteristics of the basic two-element matching networks of the previous sec-
tion can be obtained by straightforward application of the relationships provided
in Chapters 1 and 4. Some examples are given below.

First, see the design parameters given in Table 11.1.

With these external impedances, the lowpass and highpass matching networks
take the form shown in Figure 11.4 with the parameters in Table 11.2.

Table 11.1 Design Parameters for Basic
Two-Element LC Matches

Design Parameters

fio fhi
1,710 MHz 2,025 MHz
Zs= 50 7, = 50Q

Inductors, Q; =60  Capacitors, Q= 100

(@ (b)

Figure 11.4 Basic two-element LC matching networks, with Rs < R;: (a) lowpass, and (b)
highpass.

Table 11.2 Design Parameters for Basic Two-
Element LC Matches, with Rg < R;

Lowpass Parameters

L=1.278nH C=5.11pF
Highpass parameters

C=5.682pF L =1.420 nH
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The impedance and gain characteristics of the lowpass network are shown in
Figure 11.5.

With the elemental dissipation factors specified in Table 11.1, the minimum
passband insertion gain, Py, /P,.ii = 0.71 dB. Note that, in Figure 11.5(c), the two
dependencies Py /P, and Py, /P;, increasingly diverge at the band edges. The latter

f-max
2025. MHz

Real (Q) Low-pass Input Impedance (Rs=5,RL=50) Imag (Q)
10 [ 5
— 70 real
9 | | 4
- = =7 inimag.
8 i + 3
2 | | — -1 2
s_\ "__.....1"'. 1
5 | et _ 1o
4 I - - = 4+ 1
3 T ot I T '2
2 + -3
1 A + 4
0 I I T | 1 -5
1710 1760 1810 1860 1910 1960 2010

Frequency (MHz)
(©)

Figure 11.5 Lowpass LC characteristics, with Rs < R;: (a) input reflection coefficient, (b) input
impedance, and (c) insertion gain.
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11.3
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-1
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Frequency (MHz)
©

Figure 11.5 (Continued)

represents the power delivered to the load relative to the power entering the network.
This insertion gain dependency is thus indicative of losses within the network due
to dissipation in the elements. The insertion gain dependency Py /P,.i, in addition
to Py./P;y, also includes reflective losses on the input to the network. Thus, the sig-
nificant divergence between the two dependencies, particularly at the band edges,
indicates that the simple two-element network is not capable of maintaining a good
impedance match across the full bandwidth, with the 10:1 impedance mismatch.
The variation of the input match over frequency can be seen in Figure 11.5(a, b).
At the top end of the band, ~0.25-dB insertion loss can be seen to be attributable
to mismatch.

The impedance and gain characteristics of the highpass network, for the design
parameters of Table 11.1, are shown in Figure 11.6.

With the elemental dissipation factors specified in Table 11.1, the minimum
passband insertion gain, Py, /P,..; = 0.69 dB, is almost identical to the lowpass
configuration. Similar to the lowpass configuration, there is a significant divergence
between the two insertion gain dependencies. An additional loss due to mismatch
~0.3 dB can be seen in Figure 11.6(c), this time at the low end of the band.

In conclusion, assuming the same elemental quality factors, the insertion gains
across the passband for the two-element lowpass and highpass network configura-
tions are approximately equivalent. Thus, the decision as which is most advantageous
for a given application is generally decided by considerations of the transmission
characteristics either above, or below, the passband.

Three-Element Network Dependency Options

The ©t and T-networks both comprise three independent elements, as is seen in Figure
11.3(a, b). However, to permit an impedance match between a complex source and
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Figure 11.6 Highpass LC characteristics, with Rs < R;: (a) input reflection coefficient, (b) input
impedance, and (c) insertion gain.
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11.4
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Figure 11.6 (Continued)

a complex load, only two equations must be satisfied, for the real and imaginary
parts of either the terminated input or output impedance of the network. With three
variables, the two equations are undetermined and capable of an infinite number
of solutions. To address this issue, an additional constraint must be introduced to
arrive at a unique set of solutions for the equations.

A first choice for an additional constraint is to treat one of the elements as an
independent variable. Solutions for the remaining two elements will then be expressed
in terms of this variable. Depending on which of the three circuit elements is selected
as the independent variable, this would then yield three independent sets of solu-
tions. Instead of one of the element values, a less obvious, but extremely useful,
independent variable that can be chosen for each of the networks is the through-
network phase shift. Choosing the network phase shift as the independent variable
has the advantage of a frequency-independent quantity. This greatly facilitates the
reuse of cascaded multisection amplifier matching network designs in differing
frequency bands.

In the following sections for 7 and T networks, distinct sets of design solutions
are developed for the alternate options of independent variables.

n-Network Design

For the synthesis solutions provided, all three network elements are assumed to be
ideal (i.e., purely reactive). However, the solutions provided are for matching an
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Figure 11.7 m-network reactive element definitions.

arbitrary complex source to an arbitrary complex load. The nomenclature for the
reactive components of the network elements is detailed in Figure 11.7.

Case 11.1: Independent Variable = X

In terms of the parametric values in Figure 11.7, and those in (11.1) to (11.4), if the
independent variable is taken to be the series reactance X, in order to match the
complex source to the complex load impedance, require

B, = (1 FGs (UG, - GSXZ))/X _ B (11.21)

B, = (1 7JG1 (1/Gs - GLXZ)) /X - B, (11.22)

Case 11.2: Independent Variable = B,

In terms of the parametric values in Figure 11.7 and those in (11.1) to (11.4), if the
independent variable is taken to be the left shunt susceptance B, in order to match
the complex source to the complex load impedance, require

| By+ B, +GsyGE +(Bs + B)' /GG, 1

X
G5 +(Bs + B1)2

(11.23)

B, = (l FG. (1/Gs - GLXZ)) /X - B, (11.24)

Case 11.3: Independent Variable = B,

In terms of the parametric values in Figure 11.7 and those in (11.1) to (11.4), if the
independent variable is taken to be the right shunt susceptance B,, in order to match
the complex source to the complex load impedance, we require

B, +B, + GL\/((BL + By +G)/GsGy ~1
X =

11.25)
Gi + (B, + BL)2 (
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B, = (1 7G5 (UG, - GSXZ)) /X - By (11.26)

Case 11.4: Independent Variable = Network Phase Shift

Either the phase shift from the source to the load can be referenced, that is,

@, = —£(V,1Vs) = —tan™ (V, /Vy) (11.27)
in which case
X +(Rgsin®; — X cos D) (11.28)
JRG,
or the phase shift through the network can be referenced, that is,
(11.29)

q)z =-/ (VL /Vl) = _tan_1 (VL/Vl)

in which case
_ *sin®d,

= \/RS—GL (11.30)

For both phase references from (11.21),

B, = (17 cos®,/Gy/Gy ) X — B (11.31)
and, from (11.22),
B, = (1F cos ®,/G, /Gy )/X - By (11.32)

For lowpass networks, the series reactance X must be inductive (i.e., X > 0). For
highpass networks, the series reactance X must be capacitive (i.e., X < 0).

B, =0, for
@, (B, (0)) = £cos™" (= BsX) (11.33)
JG/G, :
B, =0, for

®, (B, (0)) = +cos™ [%] (11.34)

11.4.1 Dual Section m-Network Design

As mentioned above, multiple cascaded matching sections are frequently used to
implement large impedance matching transformations. Employing two sections in
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the place of one invariably increases the bandwidth of the impedance match and
significantly reduces insertion loss. However, these advantages are gained at the
expense of an increase in the footprint of the network.

In the two cascaded sections, there are a total of five elements. As with the single-
section match, only two equations need to be satisfied for the real and imaginary
components of impedance. Thus, in this case, three independent variables must be
defined to determine a unique set of element values.

A convenient choice for two of these variables is the phase shifts in each of the
sections. Again, this choice is advantageous for ease of application to multiple fre-
quency scenarios, as the phase shifts are independent of frequency.

For the third variable, an optimal choice, which is also frequency-independent,
is the conductance Gy, at the common node between the two sections. This is not
meant to imply any assumption that the impedance at this node is pure real. In
general, for optimal network characteristics, particularly bandwidth and insertion
loss, it will not be. However, requiring a conjugate match at the common combining
node implies a common real conductance at this point, namely, Gy.

The network element definitions, for a dual-section 7-network impedance match,
are shown in Figure 11.8.

In this case, the phase shifts for the two sections are chosen as

@, = —~£(Vy/V}) = —tan" (Vy/V)) (11.35)
and
®, = —~£(V,/Vy) = —tan™" (V. /Vy) (11.36)

In order for the cascaded sections to realize an impedance match between com-
plex impedances Zg to Z;, we require

sin®;

X, = ———L
1 m (11.37)

X, =—= .
2= JonGr (11.38)

and

Figure 11.8 Dual-section m-network impedance matching network.
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i (1 FGs (/G - Gsxf))

B =
! X B, (11.39)

. (1 %G (1/Gs - GNXf)) ) (1 7Gx (1/G, - GNX§)) e
X, X,

(1 T \/GL (1/Gy - Gin))
By = X, - B,

(11.41)

Thus, in these design equations, there are three independent variables to define
the match: ®,, ®,, and Gy.

11.5 T-Network Design

For the synthesis solutions provided, all three network elements are assumed to be
ideal (i.e., purely reactive). However, the solutions provided are for matching an
arbitrary complex source to an arbitrary complex load. The nomenclature for the
reactive components of the network elements is detailed in Figure 11.9.

Case 11.5: Independent Variable = B

In terms of the parametric values in Figure 11.9, and those in (11.1) to (11.4), if the
independent variable is taken to be the series reactance X, in order to match the
complex source to the complex load impedance, we require

X, = (1 + JRy/R, — (BR;)* j/B - X (11.42)
X, = (1i~/RL/RS —(BRL)Z)/B—XL (11.43)

— O,
-0,
v, Zv, X Xy Z

jB

Figure 11.9 T-network reactive element definitions.
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Case 11.6: Independent Variable = X,

In terms of the parametric values in Figure 11.9, and those in (11.1) to (11.4), if the
independent variable is taken to be the left shunt susceptance By, in order to match
the complex source to the complex load impedance, we require

X, + X + \/(R§ +(X, + XS)Z)RS/RL ~ R2
B =
RE + (X, + Xs)

X, = (1 + R /Rs - (BR,)'|/B- X, (11.45)

Case 11.7: Independent Variable = X,

(11.44)

In terms of the parametric values in Figure 11.9, and those in (11.1) to (11.4), if the
independent variable is taken to be the right shunt susceptance B,, in order to match
the complex source to the complex load impedance, we require

X, + X, * \/(R,% +(X, + X)) Ry /Rs - R}
- R? +(X, + X,)

X, = (1 +Rg/R; — (BRS)Z)/B ='¢ (11.47)

B

(11.46)

Case 11.8: Independent Variable = Network Phase Shift

Either the phase shift from the source to the load can be referenced, that is,

@, = —£(V/Vs) = —tan™ (V,./Vy) (11.48)

in which case

B +XL cos®; + Ry sin®,

=T 11.49
JRsR, (R} +X3) 4
or the phase shift through the network can be referenced, that is,
®, =-£(V,/V}) = —tan"" (V. /V}) (11.50)
in which case
B=+ (G5GL - BsBL)Sinq)z — (GSBL + GLBs)COS (1)2 (11‘51)

JGsG,
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11.6

For both phase references, as above,

X, = (1 + JRy/R, — (BR;)* |/1B - X (11.52)
X, = (1 + R, /Rs - (BR,)|/B - X, (11.53)

For lowpass networks, the shunt susceptance B must be capacitive (i.e., B >
0). For highpass networks, the shunt susceptance B must be inductive (i.e., B < 0).

m and T-Network Characteristics

As an aid to understanding of the key distinguishing features between 7 and T-net-
work impedance matches, some of their key characteristics are presented here with
the design parameters listed in Table 11.3. To allow a direct comparison of between
the two types of networks, all responses are determined using the following com-
mon design specifications.

Also, for each of the networks, the base design values listed correspond to a
through-network phase shift |®| = 90°.

11.6.1 Lowpass n-Network

An example of a lowpass 7-network is shown in Figure 11.10. Note, in general, that
the shunt elements may be either inductive or capacitive depending on the imped-
ance terminations and through phase shift.

With element values:

L=1.348 nH
C, = 5.390 pF
C, = 5.390 pF

and minimum passband insertion gain, Py./P,,.;; = 0.73 dB.

Table 11.3 Common Parameters Used for
Evaluating Two-Port LC Networks

Design Parameters

flo fhi

1,710 MHz 2,025 MHz
Phase shift IA®| = 90°
Zs=5Q 7, = 50Q

Inductors, Q; = 60 Capacitors, Q¢ = 100
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Figure 11.10 Lowpass m-network implementation.
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Figure 11.11 Lowpass m-network key characteristics: (a) insertion gain versus frequency, (b)
insertion phase versus frequency, (c) insertion gain versus phase shift, and (d) element values
versus phase shift.
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Figure 11.11 (Continued)

Note that, for insertion phase shifts in the range of 0° to ~ —71°, the correspond-
ing value of C; is negative. For physical realization, to implement phase shifts in
this range, C; must be replaced by a shunt inductor with an equivalent susceptance.

11.6.2 Highpass n-Network

An example of a highpass 7-network is shown in Figure 11.12. Note, in general, that
the shunt elements may be either inductive or capacitive depending on the imped-
ance terminations and through phase shift.
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Figure 11.12 Highpass n-network implementation.
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Figure 11.13 Highpass n-network key characteristics: (a) insertion gain versus frequency, (b)
insertion phase versus frequency, (c) insertion gain versus phase shift, and (d) element values
versus phase shift.
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dB High-1r Insertion Gain (Rs=5, RL=50, freq=1867.5MHz)
0
-0.5
A
-1.5
..
\
2.5 - l \
" — — —P_deliP_in \
5 ' P_del/P_avail A
0 45 90 135 180
Phase (deg.)
©
gﬁ (pF) High-1r Elements (Rs=5, RL=50, freq=1867.5MHz) L {glg)
18 -+ 40
16 -+ 30
14 120
12 + 10
10 + 0
8 - + 410
6 - 1 -20
4 - 1 -30
2 1 .40
D T T T '50
0 45 90 135 180

Phase (deg.)
(d)
Figure 11.13  (Continued)

With element values:

C=15.39pF
L, =1.348 nH
L,=1.348 nH

and minimum passband insertion gain, Py./P,..; = 0.81 dB.



184

LC Single-Ended Matching Networks Overview

In this case, the value of L, is negative for insertion phase shifts in the range
of 0° to ~71°. For physical realization, to implement phase shifts in this range, L,
must be replaced by a shunt capacitor with an equivalent susceptance.

11.6.3 Lowpass T-Network

An example of a lowpass T-network is shown in Figure 11.14. Note, in general, that
the series elements may be either inductive or capacitive depending on the imped-
ance terminations and through phase shift.

With element values:

C = 5.390 pF
L,=1.348 nH
L,=1.348 nH

and minimum passband insertion gain, Py /P,..; = 0.73 dB.

In this case, the value of L, is negative for insertion phase shifts in the range of
0° to ~ —=71°. For physical realization, to implement phase shifts in this range, L,
must be replaced by a shunt capacitor with an equivalent susceptance.

11.6.4 Highpass T-Network

An example of a highpass T-network is shown in Figure 11.16. Note, in general, that
the series elements may be either inductive or capacitive depending on the imped-
ance terminations and through phase shift.

With element values:

L=1.348 nH
C, = 5.390 pF
C, = 5.390 pF

and minimum passband insertion gain, Py./P,..;; = 0.81 dB.

In this case, the value of C, is negative for insertion phase shifts in the range
of 0° to ~71°. For physical realization, to implement phase shifts in this range, C,
must be replaced by a shunt inductor with an equivalent susceptance.

Figure 11.14 Lowpass T-network implementation.
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Figure 11.15 Lowpass T-network implementation: (a) insertion gain versus frequency, (b)
insertion phase versus frequency, (c) insertion gain versus phase shift, and (d) element values
versus phase shift.
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Figure 11.15 (Continued)
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Figure 11.16 Highpass T-network implementation.
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Figure 11.17 Highpass T-network key characteristics: (a) insertion gain versus frequency, (b)
insertion phase versus frequency, (c) insertion gain versus phase shift, and (d) element values
versus phase shift.
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11.6.5 m and T-Network Equivalencies

Any m-network can be transformed into an equivalent T-network or vice versa.
Figure 11.18 shows generic schematics for a 7-network and a T-network.

The m-network will be equivalent to the T-network, given the following elemen-
tal relationships

Ly + L\ L+ 257,

Z (11.54)
A Zz
Z\Zy + ZiZy+ 7,7,
Zy=—=2 123 = (11.55)
1
22y + Z\Zs + 7,7,
Ze =22 %3 == (11.56)
3
or, alternately,
Z,
Y, = 11.
Y22, + (20 + 2,)1Y, (11.57)
Z
Y, = 11.
P22, +(Z, + Z) 1Y (11.58)
Ze=2i+2y+ Y22, (11.59)

Reciprocally, the T-network will be equivalent to the m-network, given the fol-
lowing elemental relationships

1= L (11.60)
Lo+ 2Zp+Zc
__ ZyZc
T Za+ Zy+ Ze (11.61)
ZyZy
Ly = ——mF—r
3 Zot Zg + Ze (11.62)
| 1 ZC | | Z1 ZZ
Y/Z, Y/Z, Y/Z,
| | |
v v
(a) (b)

Figure 11.18 Equivalent = and T-networks: (a) generic n-network, and (b) generic T network.
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or, alternately,

7, = — Wplc (11.63)
Y+ Y+ Y, YZc

7, = — YaZc (11.64)
Y o+ Y+ Y, YpZc

Y; =Yy +Yp+ Y, YpZc (11.65)

11.7 Two-Element, Single-Ended Matching Networks

The 7 and T-matching networks each comprise three elements. This gives them
extreme flexibility with an infinite set of possible element values available for pro-
viding an impedance match between two arbitrary complex impedances. Having
an infinite set of solutions from which to choose gives the RF designer the freedom
to choose the design set that most closely optimizes the parameter of most impor-
tance, typically insertion loss.

In some cases, however, this additional degree of freedom is not required and
the designer would prefer to use a matching network with fewer elements (i.e., two).
This has advantages for both footprint and cost. Unfortunately, it will inevitably
result in incurring some degradation in performance. In addition, depending on
the terminating impedances, a two-element solution might not even be possible.

The two-element match has two potential forms, either a series-shunt connec-
tion, or a shunt-series connection. These are shown in Figure 11.19, together with
the element parameters.

Values for the network elements can be derived directly from those for either
the 7 or T-networks. Simply equating one of the susceptances on either side of
the m-network to zero yields solutions for the two-element networks. Conversely,
equating one of the reactances on either side of the T-network to zero will also yield
solutions for the two-element networks.

The formulae for determining the appropriate element values for each of the
four two-element LC matches networks are given below (see Figure 11.20):

L= (—XS + M)/w (11.66)

Z X Z Z X Z
QIB QIB
@ (b)

Figure 11.19 Two-element LCimpedance matching networks: (a) series-shunt match, and (b)
shunt-series match.
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C= (—BL +JG,(URs - G,)) /o

1
C =

o(Xs + Rs (G, - Ry))
L= !

o(B, + /G, (R - G,))
C-= (—BS +JGs (1R, - GS)) lo

L= (XL + R, (UG - R))) /o>

1
L=
(l)(BS + \,GS (1/RL - Gs)’
C= !

(X, + R, (UGs - R,))

(11.67)

(11.68)

(11.69)

(11.70)

(11.71)

(11.72)

(11.73)

Details of the impedance contours for these networks are shown in Figure 11.21.

11.8 Dual-7 Single-Ended PA Matching

The most common exploited matching network configuration for a single-ended
mobile PA comprises a serial cascade of two w-networks. In general, such a network
is easy to design, not challenging to lay out, and has good performance. A simpli-
fied schematic of a typical two-section 7 PA output match is shown in Figure 11.22.

In the schematic, the bias and harmonic trap taken together constitute the
leftmost susceptance of the two-section 7 match. Including the latter, there are a

R, R, R, R, R, R, R, R,
il [ |
v 4 v

(a (b) ©

Figure 11.20 Two-element LC impedance matching networks: (a) series-shunt—lowpass (11.66) and
(11.67), (b) series-shunt—highpass (11.68) and (11.69), (c) shunt-series—lowpass (11.70) and (11.71), and

(d) shunt-series—highpass (11.72) and (11.73).
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Figure 11.21 Two-element LCimpedance matches.

total of five elements in the two cascaded sections. Capacitor C; is included in the
circuit to isolate the load from the DC bias, and it is accounted for in the analysis
as an additional series impedance with the load. As only two equations need to be
satisfied for the real and imaginary components of impedance at a single frequency,
the element values are underconstrained and thus an infinite set of solutions is
possible. To constrain the element values, additional boundary conditions must be
applied. Examples of these are limits on the element values or passband variations
in insertion loss, impedance match, and insertion phase, or out-of-band, rejection.

In addition to requiring an impedance match at the design frequency, three inde-
pendent variables must be defined to determine a unique set of element values for
the network. Sweeping these variables then permits contour maps, such as those in
Section 7.1.3, to be generated of the performance parameters of most importance.
A network configuration that offers the best performance compromise can then
be selected.

Figure 11.22 Cascaded two-section 7 PA match.
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In Section 11.4.1, a convenient design approach was described based on choosing
two of the swept variables as the phase shifts in the two 7-sections. The phase shifts
are advantageous choices as they are independent of frequency. An optimal choice
for the third swept variable, again frequency-independent, is the conductance G,
or resistance R;,, of the complex conjugate match at the common node between the
two sections. Full design equations for this approach were given in Section 11.4.1.

Given that there are two cascaded 7 sections, each of which could be a high-
pass or lowpass network (Section 11.6), there are four possible configurations to be
considered. Some of the basic characteristics of each are analyzed in the following
sections, with the common target specifications listed in Table 11.4.

The residual susceptance value, By of the harmonic termination elements at f,,
was chosen to achieve an acceptable second-harmonic response. The impact of this
parameter on the matching network performance was described fully in Section 9.2.
Succinctly, increasing By decreases the value of L,, which reduces dispersion in the
second-harmonic band, but increases insertion loss in the passband.

11.8.1 Lowpass + Lowpass n-Networks Cascade

Figure 11.23 shows a simplified schematic of the elements in a typical PA output
match comprising a cascade of a lowpass m-network followed by a second lowpass
m-network.

Because the impedance matching requirement for the network can be satis-
fied by an unlimited set of solutions, the designer must select, from among them,
a compromise solution that comes closest to meeting the design goals. In order to

Table 11.4 Common Single-Ended PA Match
Target Specifications

Design Specifications

fio i

1,710 MHz 2,025 MHz
Phase shift A® = 180°
Input impedance 4Q

Output impedance 50Q

Residual susceptance ~ Bg=0.11
C,=350pF C; =50 pF
Inductors, Q; = 60 Capacitors, Q¢ = 100

Z> O‘O'(TL] Lo &
L, L, |
VCC E % C1 T CZ
ST TS
v

Figure 11.23 Lowpass 7 + lowpass 7 PA match.
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make this choice, the designer must have a clear understanding of the performance
trade-offs available for the network. An effective way to do this is to present the
designer with visual presentations that clearly convey the sensitivities of the key
parameters of concern to the network solutions available.

For the network “optimal” design approach proposed, therefore, a first step is
to define the key parameters that are of most importance to the performance of the
network. An example for such a list is:

Insertion gain.

Input impedance match |Z;, — Zg|, where Zg= R+ j X = source impedance.
Real input impedance match |R;, — Ry

Imaginary input impedance match |X;, + Xj|.

Second-harmonic rejection.

AR

Two-dimensional contour plots for each of these parameters are then generated
by sweeping the phase shifts in the first and second 7m-networks, 6®,; and 6@,
respectively. For each pair of phase shifts, the value of the real part of the complex
impedance at the common node of the m-networks, R;,, is chosen to satisfy the
parameter listed that is most critical. Because the optimum value for R;, is only
typically weakly dependent on the choice of critical parameter, the choice has little
effect on the contour plots generated. Furthermore, an optimal value of R;,, for
any of the listed parameters, can be chosen once the designer has selected values
for 6@, and 6@ ,.

Figure 11.24 shows typical sensitivity plots of four key parameters on R;,. Data
points corresponding to a selected value of R;, = 17.62Q are denoted by the markers.

Any software suite capable of rendering visual presentations of data could be
used for generating the parametric contour plots. As described in Chapter 7, Micro-
soft Excel provides one such option that is readily available to many. The contour
plots below were generated in Excel, using the techniques described in Chapter 7.

In each of the contour plots shown in Figure 11.25(a—d), the green cells have
the most desirable values for the corresponding dependent variable, while the dark
red cells have the least desirable values. The cells in each chart that are dark green
are the most favorable value in each chart. The cells in each chart that are yellow
represent the current design selection, which can be simply changed by selecting
a different cell in one of the charts. Each time the active cell is changed, the color
of the corresponding cells in each of the charts is changed to yellow to highlight
where the current design choice lies on each of the charts. The schematic and all
network performance data and plots on the spreadsheet are determined based on
the active cell selection. Thus, by simply moving the mouse around on the contour
plot, the schematic and performance parameters displayed are instantly updated
to reflect the design changes.

By way of example, Figure 11.25(e) provides one additional contour plot to aid in
the selection of an optimal configuration for the network. In each cell, corresponding
to a particular combination of phase shifts, the value of inductor L, (Figure 11.23)
is displayed. Darker shading is used to denote an increase in value. Such data can
be of benefit to the designer if there may be some limits on the practical size of the
inductor in a compact module.
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Figure 11.24 Lowpass 7 + lowpass = PA match R, dependence: (a) insertion gain and |Z;, - Z,
and (b) |R;, — Ry and |X;, + Xy|.

Taken together, contour plots such as those shown in Figure 11.25 provide the
designer with invaluable insight into the performance compromises that are avail-
able with the network.

Based on those plots, the optimal values were chosen as R, = 17.62Q, 6@, =
61°, and 6®,, = 63°. The corresponding set of optimal element values, to meet the
design specifications of Table 11.4, are given in Table 11.5.

Using these element values, key plots that characterize the performance of the
impedance matching network are shown in Figure 11.26.
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The dual lowpass 7 impedance matching network exhibits good characteristics.
Its input impedance across the passband is close to ideal, as is the output imped-
ance. Across the second-harmonic bandwidth, the input impedance is close to the
desired goal of an ideal short circuit. Angular dispersion of the impedance is low
and could be further reduced at the expense of insertion loss, if desired.

The maximum insertion loss of the network over the passband is ~0.53 dB, and
the rejection across the second-harmonic band is >25 dB.

Selecting a cell in table below will automatically load phases in §®mw1 & 5®w2 11 8
5D,z Ingertion Galn (n_type=low-low,opt.=Ins. loss)

74 -0.57 -0.57|-0.57 | -0.57
72 0.56 | -0.56 -0.56 -0.56|-0.55|-0.55
71 |-0.85/-0.55 055 -055-055|-0.55|-0.55|-055|-0.55 0.5
69 |-054/-054 054 -054-054|-053|-053|-054|-054]-054
67 -0.53 | -0.53 -0.53 -0.52|-052|-052
66 -0.562 | -0.52 -0.52 -052|-052|-052
64 -0.51|-0.51 -0.51 -0.

-0.56 | -0.57 | -0.57 | -0.57
-056|-056|-057 | -0.57[-0.57
-055|-055|-055|-0.66|-0.56-0.67 |-0.57
-0.54 | -0.54 | -0.55-0.585 -0.55|-0.56 | -0.56
-0.53(-0.54 [ -0.54 [ -0.54 [ -0.55 | -0.55 | -0.56
-0.53(-0.53(-0.53(-0.54 (-0.54 |-0.55|-0.55

63 |-051 -0.52|-0.52 | -0.53|-0.53|-0.54 | -0.54 | -0.55
61 -0.5 -0.52|-0.52|-0.52 | -0.53 | -0.53 | -0.54 | -0.54
59 |-0.49 5 |-0.51|-0.61-0.52| 062 |-0.53 | -0.53 | -0.64
58 | -0.49 5 [-0.51|-0.51-0.52|-0.52|-0.53 | -0.53 | -0.54
56 |-0.48 | -0.5 -0.51(-0.51-0.51|-0.52|-0.53|-0.53

55 |-048|-048 048 -
53 |-0.47 (047 047
52 | -0.47| 047 047 04
50 |-0.48 -0.46
b, 50 52 53

0.5 | -05 |-0.51|-051 -0.52 (-0.52 | -0.53
| 05 | -0.5 |-0.51|-0.51|-0.52|-0.52 | -0.53
| 05| -05|-05(-0.51|-0.52|-0.52|-0.53
-0.49| -05 | -0.5 |-0.51|-0.51|-0.52 | -0.53

71 72 74 75 77 78 80

(o] M) |Z-Zs| (n_type=low-low,opt.=ins. loss)
8 |05/05/05|04(04|04|04/03/03/03/03/03/03|03(03[04|04(04|04)05
78 |05|/04|04|04|04(03|03|03/02|02|03/0303|04|04(04|04|05|05/|05
77 |04|/04|04|03|03(03|03|02/03/03|03/0303|04|04(04|05|05|05/05
75 /04/03|/03|03|03]|02 - 03/03(03|(03/04|/04(04|04|05|05|05|06/06
74/03/03/03|03|02(02,03|03/03/03|04/04/04|04|05(05|05|06)|06|06
72 /03/02/02|03|03|03|03|03|04|/04/04|04|/05|/05|{05|05|06|06|06/|06
710203 |03(03|03(03(03|04/04/04/04/04|05/05|05|06|06|06|06/0.7
69 | 03|/03|03(03|03|04|/04|04/04/04/05/05|05|06|06|06|06|0.7|0.7)|0.7
67 |04 /04/04|04|04|04|04|04|05|/05|/05|05|06|06|06]|06 :
66 04 /04/04|04|04|04|04|05|/05|05|05|/06|06|06]0.6
64 | 04/04/04|05|05|05|05|05|/05|/06|06|06|06|0.7
63 | 05/05/05|05|05|05|05|05|06|06|06|06
61 | 05/05/05|05|05|06|06|06|06|06|06)|0.7
59 |06 /06|06|06|06|06|06|06)|06

06|06 |06

(b)

Figure 11.25 Lowpass 7 + lowpass 7 PA match parametric contour plots: (a) insertion gain, (b) |Z,,— Z4|,
(©) |Rin— Ry, (d) |Xin+ X4, (e) second-harmonic rejection, and (f) inductor L; value.
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|RIn-Rs| (n_type=low-low,opt.=Ins. loss)
031]029 02702502 023024028 03 [032]035]038
| 024 021018 | 0171019024026 |029 032 035|036 041

; 023|026| 03 031 036038042
024 (026 | 031 033|037| 04 | 045
025|027 | 031 034 038041045
024028032 034 04 |042]047
024|027 | 033 035 039043047
025|027 032 035 041/043|049
024 | 026|031 036 041043049
027 029|033 035 041|044 | 05
032 | 0.34 D.39_D.41|U.45 0.48 | 0.53
035|037 | 041 043 048|051
039|041 | 046 049 054

0.54
0.28 ;
03 0.
032 0.
033 0
0.38 | 0.36 | 0.29 | 0.34 0.37 | 0.42
58 59 81 B3 64 66 67
©
o1 % |Xin-Xs| (n_type=low-low,opt.=ins. loss)

80 [ 04]03[03[03[03[02]02[01[0A]02][02]02]02]02]02[02]02[03[03]03
78 |04 |03|03|02|02|02|02|02[02|02|02|02]|03 |03 /03 03|03|03|03|03
77 |03]/03|03|02|02|02|02|02|02|02|03[03|03|03/03|03|03|03|03|03
75 |03|03|02|02|02|02|02(03[03|03[03[03]|03|04|/04/04|04|04[04|04
74 |03|02|02|02|02(02|03|03|03|03|[03|03|04|04/04|04|04|04|04|04
72 |02 02|02|02|/03|03|[03|03|04|04|04|04|04|04|04|04|04|04|04|04
71 |02|02|02|03|03[03|03|04|04|04[04|04|04|05/ 05|05|05|05|05|05
69 |02 03|03|03|03|04|04|04|04|04|05|05|05|05|05|05|05|05]|05|05
67 |03|03|03|04|04[04|04|04|05|05|05|05|05|05|06|06|06|06|06|06
66 | 0.3]03|03|04|04|04|04|05|05|05|05|05|06|0606|06]|06| 06|06 06
64 |03|04|04|04|04[05|05|05|05|06
63 | 03]04|04|04|05[05|05]|05
61 | 04|04|04|05|05[05]|05
59 | 040405 0.6
58 | 04|05|05
56 | 040505
55 | 040505
53 | 05|05|05
52 | 05|05|05
50 | 0.5| 05|06
5®, 50 52 53

Figure 11.25 (Continued)

11.8.2 Lowpass + Highpass n-Networks Cascade

Figure 11.27 shows a simplified schematic of the elements in a typical PA output
match comprising a cascade of a lowpass m-network followed by a second highpass
m-network.

Figure 11.28 shows typical sensitivity plots of four key parameters on the value
of R;,. Data points corresponding to the optimal selected value of R;, = 19.28Q are
denoted by the markers.

Parametric contour plots of the most critical performance parameters were again
generated, as in Section 11.8.1. Based on those plots, the optimal values were chosen
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o2

Rejection (n_type=low-low,opt.=ins. loss)

-29 | -29 | -30

-30

-31

-31
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Figure 11.25 (Continued)

Table 11.5 Lowpass n+ Lowpass &

Optimal PA Match Elements

Element Values

L,=0.755 nH
L,= 0273 nH
L,=0.623 nH
L,=2256nH

C, = 6.934 pF
C,=9.731 pF
C,=2.295 pF

(o] Y L1 (-ve=cap.) (n_type=low-low,opt.=ins. loss)
80 (05/06|06|06|07|07|07|08|08|09]| 1 1 11113 |13[16[1.7
78 |05/06|/06|06|07|07|07|08|08|09| 1 1 | 1.1 ] 1.3 | 1.3 [FIEBR(F1CT
77 |05/06|/06|06|07|07|07|08|08|09)| 1 1 11112 (13[15[17
75 /| 05/06|/06|/06|06|07|07|08|08|09]| 1 1 1112 |13 [[15[ 157
74 | 05/06|/06|06|06|07|07|08|08|09]| 1 1 |31 12|13 1.5 EEA
72 |05/06|/06|/06|06|07|07|08/08/09/09| 1 |11|12/13|15]|186
71 /05/06/06|/06|06|07|07|08/08/09/09| 1 |11|12/13|15]|186
69 | 05/06|/06|/06|06|07|07|08/08/09/09| 1 11|12/ 13|15]|186
67 |05/06|/06|/06|06|07|07|08/08/09/09| 1 11|12/ 13|15]|186
66 | 05/06|/06|/06|06|07|07|08/08/09/09| 1 |11|1213|15]|16
64 | 05/06|/06|/06|06|07|07|08|/08/09/09| 1 |11|12/13|15]|16
63 |05/06|/06|06|06|07|07|08/08/08/09| 1 |11|12/13|15]|16
61 /05/06/06|/06|06|07|07|07/08/08/09| 1 11|12/13|14]|16
59 |05/06|/06|/06|06|07|07|07|08|08|09]| 1 1 112]12]|14]15
58 |05/06|/06|/06|06|07|07|07/08/08/09/09| 1 |12/12]|14]|15
56 |05/06|/06|/06|06|07|07|07/08/08/09/09| 1 |12/12]|14]|15
55 | 05/06|/06|/06|06|07|07|07/08/08/09/09| 1 |12/12]|14]15
53 |05/06|/06|/06|06|07|07|07/08/08/09/09| 1 |11/12]|14]|15
52 |05/06|/06|06|06|07|07|07/08/08/09/09| 1 |11/12]|14]|15
50 | 05/05/06|/06|06)|07|07|07/08/08/09/09| 1 |11]12]13]14
0P,y S50 52 53 55 56 58 59 61 63 64 66 67 69 71 72 T4 75
®



11.8 Dual-r Single-Ended PA Matching 199

f-max
2025. MHz

Rsal () Input Impedance - Dual N (RL=50.) Imag (%)
7 — 2
6 - -1
g P==" il SR — 0
4 - + -1
3 - + =2
2 T T T T T T -3
1710 1760 1810 1860 1910 1960 2010

Frequency (MHz)
(@)

Figure 11.26 Lowpass 7+ lowpass & characterization plots: (a) input impedance, (b) passband
output impedance, (c) passband insertion gain, (d) second-harmonic input impedance, and (e)
second-harmonic insertion gain.

as R, = 19.28Q, 6@, = 61°, and 6@, = 64°. The corresponding set of optimal ele-
ment values, to meet the design specifications of Table 11.4, are given in Table 11.6.

Using these element values, key plots that characterize the performance of the
impedance matching network are shown below.
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Figure 11.26 (Continued)

The dual-7 lowpass + highpass impedance matching network exhibits good
characteristics. Its input impedance across the passband is close to ideal, as is the
output impedance. Across the second-harmonic bandwidth, the input impedance
is close to the desired goal of an ideal short circuit. Angular dispersion of the lat-
ter is low and could be further reduced at the expense of insertion loss, if desired.

The maximum insertion loss of the network over the passband is ~0.52 dB, and
rejection across the second-harmonic band is >18 dB.
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Table 11.6 Lowpass m + Highpass ©
Optimal PA Match Elements

Element Values

L,=0.716 nH
L,=0.273 nH
L,=0.652nH
C, = 3.051 pF

C), = 6.934 pF
C,=7.796 pF
L,=3.187 pF
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Figure 11.27 Lowpass 7 + highpass = PA match.
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Figure 11.28 Lowpass 7 + highpass = PA match R;, dependence: (a) insertion gain and |Z;, -
Z4, and (b) |Ri, — R and | X;, + X4
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Figure 11.29 Lowpass « + highpass = characterization plots: (a) input impedance, (b)
passband output impedance, (c) passband insertion gain, (d) second-harmonic input
impedance, and (e) second-harmonic insertion gain.
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Figure 11.29 (Continued)

11.8.3 Highpass + Lowpass n-Networks Cascade

Figure 11.30 shows a simplified schematic of the elements in a typical PA output
match comprising a cascade of a highpass 7-network followed by a second lowpass
m-network.
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Figure 11.30 Highpass 7 + lowpass = PA match.
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Figure 11.31 shows typical sensitivity plots of four key parameters on the value
of R;,. Data points corresponding to the optimal selected value of R;, = 18.41Q are
denoted by the markers.

Parametric contour plots of the most critical performance parameters were again
generated, as in Section 11.8.1. Based on those plots, the optimal values were chosen
as R;, = 18.41Q, 6@, = 61°, and 6@, = 64°. The corresponding set of optimal ele-
ment values, to meet the design specifications of Table 11.4, are given in Table 11.7.

Using these element values, key plots that characterize the performance of the
impedance matching network are shown in Figure 11.32.

dB Optimum Scan Data |AZ]|
0 5
0.2 - 4.5
0.4 - 4
06 - / L 3.5
0.8 - i | - - 3
-1 - 2.5
-1.2 - i ik
1.4 i - 1.5
-1.6 e e = FY
1.8 - S e - 0.5
-2 . . . e * . 0
0 5 10 15 20 25 R_ng(clle
(@)
|F\;in-Rs| Optimum Scan Data |Xin+)§ls|
0.9 - - 0.9
0.8 - - 0.8
0.7 - - 0.7
0.6 - - 0.6
0.5 - - 0.5
0.4 - 0.4
0.3 - - 0.3
0.2 - - 0.2
0.1 - 0.1
0 . . . . 0
0 5 10 15 20 25 R_ngge

(b)

Figure 11.31 Highpass 7 + lowpass & PA match R;, dependence: (a) insertion gain and |Z;, — Z,
and (b) [Ri, — R and |Xi, + X4|.
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Table 11.7 Highpass 7+ Lowpass &
“Optimal” PA Match Elements

Element Values

L,=0.819 nH

L,=0.273 nH C,=6.934 pF

L,=0.911 nH C, = 11.404 pF

C,=2.235pF L,=2.326 pF
f-max

2025. MHz

f-min
1710. MHz
PVW

Rgal_ (Q) Input Impedance - Dual 1 (RL=50.) fmag_(%}
74 [ Lo
6 - +1
5 —- e i m— 1 -0
4 A
3 -2
2 3

1710 1760 1810 1860 1910 1960 2010
Frequency (MHz)

(@

Figure 11.32 Highpass 7 + lowpass & characterization plots: (a) input impedance, (b)
passband output impedance, (c) passband insertion gain, (d) second-harmonic input
impedance, and (e) second-harmonic insertion gain.
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Figure 11.32 (Continued)
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The dual-7 highpass + lowpass impedance matching network exhibits good
characteristics. Its input impedance across the passband is close to ideal, as is the
output impedance. Across the second-harmonic bandwidth, the input impedance
is close to the desired goal of an ideal short circuit. Angular dispersion across the
band is low and could be further reduced at the expense of insertion loss, if desired.

Maximum insertion loss of the network over the passband is ~0.49 dB, and
rejection across the second-harmonic band is >19 dB.

11.8.4 Highpass + Highpass 7-Networks Cascade

Figure 11.33 shows a simplified schematic of the elements in a typical PA output
match comprising a cascade of a highpass 7-network followed by a second high-
pass m-network.

Figure 11.34 shows typical sensitivity plots of four key parameters on the value
of R;,. Data points corresponding to the optimal selected value of R, = 21.7Q are
denoted by the markers.

Parametric contour plots of the most critical performance parameters were again
generated, as in Section 11.8.1. Based on those plots, the optimal values were chosen
as R, = 21.7Q, 6@, = 61°, and 6@, = 64°. The corresponding set of optimal ele-
ment values, to meet the design specifications of Table 11.4, are given in Table 11.8.

Using these element values, key plots that characterize the performance of the
impedance matching network are shown below.

The dual-7 highpass + highpass impedance matching network exhibits good
characteristics. Its input impedance across the passband is close to ideal, as is the
output impedance. Across the second-harmonic bandwidth, the input impedance
is close to the desired goal of an ideal short circuit. Angular dispersion across the
band is low and could be further reduced at the expense of insertion loss, if desired.

The maximum insertion loss of the network over the passband is ~0.56 dB, and
the rejection across the second-harmonic band is >14 dB.

The above data, related to the design of dual-7 PA output impedance matching
networks, are intended to convey the performance trade-offs required to decide upon
a preferred configuration. First, there is the basic decision as to the nature of each
of the two 7-sections (i.e., either lowpass or highpass). The data presented above
shows that any of the four possible network combinations can be designed to achieve
relatively similar performance characteristics. Second, for each of the m-network
pairs, no one configuration exists that will simultaneously optimize all the key
parameters of the network. Thus, the designer must seek a compromise solution.

Table 11.8 Highpass 7 + Highpass &
Optimal PA Match Elements

Element Values

L,=0.912 nH
L,=0.273nH C, = 6.934 pF
L,=0.782 nH C,=10.503 pF

C,=2.876 pF L,=3.452 pF
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T €,

Figure 11.33 Highpass 7 + highpass = PA match.
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Figure 11.34 Highpass 7 + highpass = PA match Ry dependence: (a) insertion gain and |Z, -
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Coupled-Inductor Single-Ended PA
Matching

Chapter 11 explored the use of three-element and two-element LC networks for
impedance matching. Such networks are widely used for the output matching of
mobile PAs, where a high impedance transformation ratio, typically >10:1, is usu-
ally required. Such a high transformation ratio is challenging to achieve with low
loss over wide frequency bandwidths. In the majority of cases, a cascade of two or
more matching networks is required. Because, in addition to the two aforementioned
parameters, size is equally a major constraint in any mobile device, designers are
always looking for alternate solutions. One such alternative is the use of networks
based on coupled inductors.

In the LC networks of Chapter 11, all the RF energy is coupled through the net-
work via direct electrical connection. Current and voltage flows between the nodes
of the network provide the sole path for energy transfer through the network from
input to output. However, there is another potential physical means for transferring
energy across a network and that is magnetic. Transformers, which are common-
place for converting voltages and currents at low frequencies, ideally convert all
the energy through the network via magnetic coupling. There is no direct electrical
path across the transformer.

Magnetic energy transfer can also be exploited in RF circuits. Two inductors in
close proximity, but electrically isolated, can be constructed to efficiently transfer
RF energy between them and change the voltage level of the signal. This action is
somewhat analogous to the low-frequency transformer and thus a pair of coupled
inductors used in an RF network is frequently referred to as a “transformer.” How-
ever, there are some fundamental differences and use of the transformer can lead
to incorrect assumptions being made regarding key performance characteristics of
the network.

Coupled inductors are not widely used for the output impedance matching of
single-ended PAs, for reasons that will become evident in this chapter. However,
coupled inductors are widely used for the output matching and combining of dif-
ferential PAs.

In this chapter, we examine the use of coupled inductors for single-ended imped-
ance matching. Their use in differential PA architectures is examined in subse-
quent chapters.

215
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Terminology: Coupled Inductors Versus Transformers

Transformers are one of the most basic and widely used electronic components in
innumerable low-frequency (i.e., <1 MHz) applications. The most common appli-
cation with which most people are familiar is their use in AC power conversion,
where, they transform voltage levels, either up or down, and typically accomplish
this function with extremely high efficiencies. Such low-frequency (<100 Hz) devices
are physically implemented with two windings of copper (Cu) wire wrapped mutu-
ally and tightly together around a magnetic former, typically iron (Fe).

The two sets of turns, one for input and one for output, are electrically isolated.
All energy transfer from input to output is via the magnetic coupling between the
turns, which is greatly enhanced by the high magnetic permeability of the former.
Typically, each set of windings employs over 100 turns. The ratio between the
number of primary turns 7; to the number of secondary turns 7, sets the voltage
transfer ratio and impedance ratio as

VLIV =n,y/n and R,/R, = (112/141)2 (12.1)

Although the classic low-frequency transformer from a physical viewpoint truly
functions as a pair of coupled inductors, it is not usually thought of in this context.
The reason for this is that, for an ideal transformer, the parametric values for the
coupled inductors are inherently assumed to be limited value extrema that permit
a simplified model.

Figure 12.1 shows the contrasting representations for an ideal transformer
and an ideal pair of coupled inductors. Note that, for the ideal transformer, there
is only one defining parameter, the turns ratio 7,/n;. In contrast, for the coupled
inductors, there are three defining parameters required, L;, L,, and the mutual
coupling coefficient k.

For the ideal transformer, it is assumed that if the secondary winding is open-
circuited, the input impedance on the primary winding will likewise be an open-
circuit (i.e., Z; = o).

From the matrix representations for these two networks from Chapter 1, we
find that this implies

() Li=L,=o
2) k=1

Figure 12.1 Circuit models for (a) ideal transformer and (b) pair of coupled inductors.
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While these two limiting approximations may be close to valid for low-frequency
transformers, they are far from reality for any realizable pair of coupled inductors for
RF applications in the gigahertz region. One major challenge in trying to realize tight
magnetic coupling between inductors at high frequencies is that most materials with
high permeabilities are extremely lossy at high frequencies. Thus, in practice, they
are rarely used in RF circuits, limiting the mutual coupling coefficient achievable.
In addition, achieving very high inductance values at RF is extremely challenging
due to the resistive skin effect and also interwinding capacitance.

In practice, coupled RF inductors are generally realized by printed planar traces
either on a die or on a module substrate. Broadly speaking, such classes of coupled
inductors can be divided into predominantly edge-coupled or overlap coupled topolo-
gies, although frequently a combination of the two may be used. In predominantly
coupled inductor layouts, seeking to achieve strong magnetic coupling via edge
coupling, the two inductor traces are tightly interwound on a single metal layer, as
illustrated in Figure 12.2.

For enhanced quality factor, the line widths of the traces may not be constant
along the length of the spirals as illustrated in Figure 12.2(b).

For coupled-inductor layouts, seeking to achieve strong magnetic coupling via
overlap or broadside coupling, the two inductor traces are typically superposed on
top of one another in two or more isolated metal layers. A representative layout for
an overlap coupled-inductor pair is shown in Figure 12.3.

(@ (b)

©

Figure 12.2 Edge-coupled printed inductors: (a) spiral, (b) high-Q spiral, and (c) meander
lines.
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Figure 12.3 Overlay printed inductors.

In this three-layer implementation, inductor L, is realized in intermediate layer
two. Coils on layers one and three are connected in series to realize output inductor
L,. Coupling between the two inductive traces results from the magnetic fields gen-
erated by the current flowing through the coils. The magnetic fields flow partially
through air above the plane and partially through the supporting material below.
Given that the magnetic fields of the inductors extend some distance away from
the traces, care must be taken to exclude other components from the immediate
neighborhood. Extraneous coupling to other circuit elements can degrade the per-
formance of the coupler or otherwise degrade critical characteristics of the module.

Faced with the challenge of designing a set of coupled inductors to function
as splitters and/or combiners in a differential PA architecture, it is not helpful for
the designer to approach the problem as having to design a transformer. The single
parameter that characterizes a classic transformer, that is, the turns ratio #,/n, is
an irrelevant parameter to the design. The challenge for the designer is to determine
the optimum physical layout for the device, which requires determining the opti-
mum value for the two inductors L; and L,, given the coupling coefficient that can
be achieved. Knowing these values also facilitates scaling the device in frequency if
required in another application.

Lastly, another conceptual error in associating a pair of RF coupled inductors
with a transformer is the expectation that a matching network based on coupled
inductors will have wide bandwidth characteristics. This is because low-frequency
transformers are widely regarded as nonresonant devices. However, as will be
seen in this chapter, at RF inductors are predominantly reactive. Thus, to achieve
real input and output impedances for the network, the inductors must be tuned
with capacitive elements. Tuning with capacitors implies a resonant network with
frequency-dispersive characteristics.

For these reasons, from hereon in this book, the term coupled inductors will
be preferred to the term “transformer” when describing circuit elements as those
shown in Figures 12.2 and 12.3.
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12.2 Basic Single-Ended Coupled-Inductor Design

Coupled inductors can be on the output stage of a single-ended PA design to increase
the impedance level towards that of the load. A single pair of coupled inductors
is generally not sufficient to provide the full impedance transformation required,
typically ~10:1. If used alone, the insertion loss and bandwidth would generally
be inferior to those achievable with a two-stage matching network. Therefore, for
optimum PA design, the coupled inductors would be followed by an additional
matching stage employing a network of discrete elements.

Figure 12.4 shows three basic alternative circuit configurations for output
matching a single-ended PA using coupled inductors. The coupled inductors serve
to match the relatively low output impedance Z; of the PA to a higher load imped-
ance Z;, which is typically an intermediate impedance between Zg and the external
impedance that the PA must drive, which is usually 50Q. In general, both Zgand Z;
may be complex. For an impedance match on the input to the network, we require

Zin = Zs (12.2)

Because inductors, by their very nature, exhibit a positive reactance, to achieve
an input match, with a real impedance component identical to that of the source
(i.e., PA output), a capacitive tuning element on the input, output, or both must
be included in the network as shown in Figure 12.4. Taken together, the inductive
and capacitive elements comprise a resonant network, which will inevitably have
band-limiting characteristics. This is in contrast with the popular equivalence of a
coupled-inductor impedance match being equivalent to a low-frequency transformer.

In order to satisfy (12.2), two independent variables are required for the network
because both the real and imaginary parts of the equality must be satisfied. In the
networks of Figures 12.4(a, b), there are three independent variables, namely L,
L,, and Cy/C;. If one of the inductor values is chosen as the independent variable,
there are associated unique solutions for the remaining two elements of the circuit
required to satisfy (12.2). For the circuit in Figure 12.4(c), there is an additional
degree of flexibility allowing for the choice of two independent variables. In all
cases, the matching network performance may be optimized by choosing appropri-
ate values of the independent variables based on numerical analysis.

First, defining the input and output terminating impedances and admittances
on the network as

Zs = Rs + jXs and Z; =Ry +jX; (12.3)

(b)

Figure 12.4 Basic single-ended, coupled-inductor matching alternatives: (a) input, (b) output,
and (c) input and output.



220 Coupled-Inductor Single-Ended PA Matching

Yy =1/Zg = Gg + jBg and Y, =1/Z; =G, +jB; (12.4)

with k& = mutual coupling factor between the inductors and @ = angular
design frequency.
Solutions for the dependent variables in the networks are as given below.

Case 12.1: Shunt Input Match Only (Figure 12.4(a)), with Independent Variable L,

KR, /Gs - 2(1- k) oL,X, - \/((kZ/Gs)z - (2(1- kz)le)zj R} - 4(1- &) k*oLR, X, /Gg
L=

202 (1- k) L,
(12.5)

((1/a>L1 ~(1- &) Bg)R, - (1~ kz)GSXL)a)LZ ~ (R} + X})Gy
Cs = o (1- K)R, L,

(12.6)

For a solution to exist to (12.5), the argument of the square root must be >0. This
leads to a constraint on the maximum value permissible for the independent vari-

able L,. We find
“X /R, + 1+ (X, /R,)

2(1/k* — 1) Gy

oL, < (12.7)

Thus, when seeking to explore the range of possible solutions for the coupled-
inductor network of Figure 12.4, the value of the primary inductance L, cannot
exceed the upper limit given by (12.7).

Case 12.2: Shunt Output Match Only (Figure 12.4(b)), with Independent
Variable L,

K2Ry/Gy — 2(1- k)L, X - \]((kZ/GL)Z ~2(t- kz)sz)zj R? - 4(1- B)R0L,RgXS/G,

L, =
1 20*(1- k) L,

(12.8)
((1/coL2 — (1= K)B,)Rs - (1~ /ez)GLXS)a)Ll - (R} +X3)G,

€= o’ (1- k) RsL, (12.9)

For a solution to exist to (12.12), the argument of the square root must be >0. This

leads to a constraint on the maximum value permissible for the independent vari-
able L,. We find
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_ —Xg/Rs + 1+ (Xg/Ry)’

oL, = 2(17k* - 1)G,

(12.10)

Thus, when seeking to explore the range of possible solutions for the coupled-
inductor network of Figure 12.4, the value of the secondary inductance L, cannot
exceed the upper limit given by (12.10).

As discussed in Chapter 9, a low impedance is frequently required on the output
of the active devices across the second-harmonic frequency band. This is readily
accomplished for the single-ended, coupled-inductor matches in Figure 12.4(a, c)
by the addition of an inductor Lg in series with the input shunt capacitor Cg, as
shown in Figure 12.5.

To preserve the impedance match in the passband, this trap must provide an iden-
tical susceptance to Cg, while it is series resonant at the second-harmonic frequency.

Denoting the frequency at the center of the passband by @, and that at the center
of the second-harmonic band by ®,, we require

Ci = (1- (@ /,)°) Cy (12.11)

L= L (12.12)
: (w% - wé)CS ’

Analysis of the coupled-inductor, single-ended match is most easily carried out
using two-port [ABCD] matrix parameters as described in Chapter 1.
Defining the finite Q impedances of the inductor elements as

Zpy = Ry + joLy and Ziy, = Rpy +joL, (12.13)
and the finite Q admittances of the shunt input and output elements as
Yes = Ges + 7Bcs and Yer = Ger + jBcr (12.14)

The network [ABCD] parameters for the general form of the coupled-inductor
match in Figure 12.5(b) are

(@ (b)

Figure 12.5 Basic single-ended, coupled-inductor matching networks with harmonic short: (a)
input match, and (b) input and output matching.
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A U YaZ) 2+ (k) LY (12.15)
/waLle
2

B- Zlegz + (k)" LiL, (12.16)
](l)k\/Lle

¢ = L YeZi) (4 Yo Zi) + (k)" LiLyYesYer (12.17)
](Dk\/LlLZ

b= U4 YesZi1) Zys + (k) Ly Yes (12.18)

jokyL1L,

12.2.1 Basic Single-Ended, Coupled-Inductor Matching Configurations

In this section, we apply the design and analysis formulae of the previous section
to a practical design, in order to illustrate the basic performance capabilities of this
type of PA matching architecture.

For simplicity, we shall assume both source and load impedance are pure real,
together with the additional network parameters given in Table 12.1.

Case 12.3: Shunt Input Match Only (Figure 12.4(a)), with Dependent Variable L,
With the values from Table 12.1, from (12.7), we determine

L, max = 0.1638 nH (12.19)

First, we investigate how the minimum passband insertion gain (Py./P,y.ii)
varies as a function of the independent variable L,. This dependence is shown in
Figure 12.6(a).

It can be seen that the lowest insertion loss ~0.73 dB occurs for a value of L, =
~0.14 nH, which is approximately 14.5% below the maximum possible value given

Table 12.1 Coupled-Inductor Impedance Match
Parameters

Design Parameters

Mutual coupling, k = 0.7

flo fhi

1,710 MHz 2,025 MHz
leo fzhi

3,420 MHz 4,050 MHz
Zo= 4Q Z, = 50Q

Inductors, Q; = 60 Capacitors, Q¢ = 100
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Figure 12.6 Insertion gain and secondary inductance dependence on primary inductance: (a)

gain, and (b) secondary inductance.

by (12.19). Figure 12.6(b) shows the required value for the secondary inductance

L,, as a function of L;.

The optimized circuit element values for the input shunt-tuned, coupled-inductor

network are given in Table 12.2.

The corresponding input and output impedances of the network, in Cartesian
form, are shown in Figure 12.7. The corresponding passband insertion gain depen-

dence is shown in Figure 12.8.
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Table 12.2 Optimum Input Shunt-Matched
Coupled-Inductor Element Values

Element Values

L,=0.142 nH L, =4.841 nH
Cs = 63.467 pF L.=0nH
Real (Q) Input Impedance (Rs=4, RL=50) Imag (Q)
6.5 25
6 - - 2
55 - 1.5
3 e - 1
45 - .= - 05
4 bl -0
35 -/_ e ~. \* -0.5
g4 s L -1
25 - =1l 45
2 o == Zin_real L a2
= = = Zin_imag
1.5 T T T T T T '2-5
1710 1760 1810 1860 1910 1960 2010
Frequency (MHz)
()
Real (Q) Output Impedance (Rs=4, RL=50) Imag (Q)
75 25
70 - - 20
65 - - 15
60 - - 10
55 -5
50 - -0
45 - - -5
40 - -10
35 - -15
30 4 Zout_real - =20
= = = Zout_imag
25 T T T T T T ‘25
1710 1760 1810 1860 1910 1960 2010
Frequency (MHz)
(b)

Figure 12.7 Optimized input shunt-matched coupled-inductor network impedances: (a) input
impedance, and (b) output impedance.
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Figure 12.8 Optimized input shunt-matched coupled-inductor insertion gain.

For the ideal transformer, the ratio of the matched input and output impedances
are related to the square of the turn’s ratio, as expressed in (12.1). How is this ratio
related to the inductor ratio for the coupled-inductor matching network of Figure
12.4(a)? Figure 12.9 shows the dependence of the inductor ratio on the impedance
ratio for this network with input shunt tuning. It is a straight-line relationship. This
is analogous to the transformer impedance relationship as the value of an inductor
is proportional to square of the number of turns.

L,/L, Input Tuning - Inductor Ratio v. Impedance Ratio
30

25
20 -
15

10

0 1 2 3 4 5 6 7 8 9 10
R/Rs

Figure 12.9 Optimized input shunt-matched coupled-inductor ratio dependence on
impedance ratio.
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Case 12.4: Shunt Output Match Only (Figure 12.4(b)), with Dependent Variable L,
With the values from Table 12.1, from (12.10), we determine

L, max = 2.047 nH (12.20)

First, we investigate how the minimum passband insertion gain (Py./P,yail)
varies as a function of the independent variable L,. This dependence is shown in
Figure 12.10(a).
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Figure 12.10 Insertion gain and primary inductance dependence on secondary inductance: (a)
gain, and (b) secondary inductance.
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It can be seen that the lowest insertion loss ~0.73 dB occurs for a value of L,
= ~1.78 nH, which is approximately 13.2% below the maximum possible value
given by (12.19). Thus, the minimum passband insertion loss achievable with shunt-
matching the output of the coupled-inductor pair is near identical to that achiev-
able with input shunt-matching. Figure 12.10(b) shows the required value for the
primary inductance L; as a function of L.

Table 12.3 lists the optimum circuit element values for maximum passband
gain with output shunt matching.

The corresponding input and output impedances of the network, in Cartesian
form, are shown in Figure 12.11.

The corresponding passband insertion gain dependence is shown in Figure
12.12. Note that the passband insertion dependence is almost identical to that for
input shunt tuning in Figure 12.8.

Figure 12.13 shows the dependence of the inductor ratio on the impedance
ratio for this network with output shunt tuning. As with shunt input tuning, it is
a straight-line relationship. However, comparing Figure 12.13 with Figure 12.9, it
can be seen that the optimized inductor ratio for output shunt tuning is significantly
less than that required for input shunt tuning. The reason for this is that a capacitor
C, in parallel with a load R}, reduces the real part of the impedance, as is evident
in the following relationship

- 2
- Rllia)CRzL (12.21)
1+ (wCRy)
Thus, output shunt tuning reduces the impedance ratio that must be matched by
the coupled inductors. Conversely, shunt tuning on the input increases the needed
transformation ratio.

Case 12.5: Shunt Input and Output Match (Figure 12.4(c))

For this case, both L, and L, may be taken as separate independent variables and
the optimum combination for achieving maximum passband insertion gain deter-
mined by a numerical approach. For the parameters of Table 12.1, the optimum
network element values are as listed in Table 12.4.

The corresponding input and output impedances of the network, in Cartesian
form, are shown in Figure 12.14. The corresponding passband insertion gain depen-
dence is shown in Figure 12.15. The maximum passband insertion loss is ~0.48
dB. This is substantially lower than ~0.73 dB for the solely input or output shunt
tuning configurations considered above.

Table 12.3 Optimum Output Shunt-Matched,
Coupled-Inductor Element Values

Element Values
L,=0.387 nH L,=1.776 nH
C, =5.077 pF L.=0nH
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Figure 12.11 Optimized output shunt-matched, coupled-inductor network impedances: (a)
input impedance, and (b) output impedance.

Figure 12.16 shows the dependence of the inductor ratio on the impedance ratio
for this network with output shunt tuning. Again, it is essentially linear. Comparing
Figure 12.16 with Figures 12.9 and 12.13, the optimized inductor ratio is interme-
diary between the two.

The impedance plots in Figure 12.7, with tuning only on the input port of a
pair of coupled inductors, show a good input match can be obtained, but the output
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Figure 12.13 Optimized output shunt-matched, coupled-inductor ratio dependence on

impedance ratio.

Table 12.4 Optimum Input and Output Shunt-
Matched, Coupled-Inductor Element Values

Element Values
L,=0.162 nH L,=2.727 nH
Cs=39.526 pF C;p=1.328 pF
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Figure 12.14 Optimized input and output shunt-matched, coupled-inductor network
impedances: (a) input impedance, and (b) output impedance.

match is poor. Conversely, the impedance plots in Figure 12.11, with tuning only on
the output port of a pair of coupled inductors, show that a good output match can
be obtained, but the input match is poor. In contrast, the impedance plots in Figure
12.14, with both input and output shunt-tuning, show a well-balanced compromise
between the two. However, the significantly increased inductor ratio required in
the latter case may not be achievable in a practical device layout.
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Figure 12.15 Optimized input and output shunt-matched, coupled-inductor insertion gain.

12.2.2 Basic Single-Ended, Coupled-Inductor Matching Complexities

There are two significant disadvantages requiring that compromises be made associ-
ated with the coupled-inductor matching architectures examined in Section 12.2.1.
The first one is related to the relative values of the inductors in the networks. The sec-
ond is related to the second-harmonic termination impedances presented to the PAs.

Figures 12.6(b) and 12.10(b) show the required value of the secondary inductance
L,, as a function of L, for the input and output shunt-tuned scenarios, respectively.

L,/L, Input & Output Tuning - Inductor Ratio v. Impedance Ratio
16

14
12

10 -

8 9 10
R /R

Figure 12.16 Optimized output shunt-matched, coupled-inductor ratio dependence on
impedance ratio.
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It is instructive to replot this data in a form showing how the ratio L,/L, varies as
a function of the independent variable, either L; or L.

Figure 12.17(a) plots the required ratio L,/L; as a function of the independent
variable L, for the shunt input tuned network of Figure 12.4(a). For all values of L,
itis >25:1 everywhere. Such a high ratio would make the layout of the two coupled
inductors extremely difficult to realize in practice, making the input shunt tuning
only option physically challenging.

Another important takeaway from Figure 12.17 is that the appropriate induc-
tor ratio L,/L; depends dramatically on how the coupled-inductor pair is tuned.

L, /L, Secondary to Primary Inductance Ratio (Rs=4, RL=50)
50

45 -
40 -

35 -
30 -

25 -
20 -
15 -
10 -
5 -

0 T . . .
0.05 0.07 0.09 0.11 0.13

(@

L, /L, Secondary to Primary Inductance Ratio (Rs=4, RL=50)
25

0.15
L, (nH)

20

15

10

5 - T

0 0.25 0.5 0.75 1 1.25 1.5 1.75 2
L, (nH)

(b)

Figure 12.17 Secondary to primary inductance ratio dependence on independent variable: (a)
input shunt tuning, and (b) output shunt tuning.
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The impedance transformation ratio for both scenarios is 12.5:1 from Table 12.1.
If the coupled inductors were naively regarded as the equivalent to a transformer,
as is frequently done in practice, the secondary to primary inductance ratio would
also be expected to be about this value. However, for the input shunt-tuned case,
the ratio is approximately double that. For the output shunt-tuned case, it is about
one-half that.

Figure 12.17(b) plots the required ratio L,/L; as a function of the independent
variable L, for the shunt output tuned network of Figure 12.4(b). For all values of
L,, itis ~5:1. This ratio is much more attractive than that for the input shunt-tuned
option and should not be problematic for layout. However, there is another aspect
of any PA output matching network that must be considered. Namely, its charac-
teristics across the second-harmonic band.

By virtue of the mixing of nonlinear products generated in the amplification
process in a PA, there are inevitably frequency components within the second-
harmonic frequency band at the output of the PA. Any output matching network is
required to accomplish two functions: (1) correctly terminate these components to
maximize the efficiency of the PA, and (2) prevent them from reaching the output.

Figure 12.18(a) shows the input reflection coefficient of the output shunt-tuned,
coupled-inductor match across the second-harmonic band. It is entirely inductive
and not easy to modify. This is not ideal. For maximum PA efficiency, typically,
the second-harmonic PA terminating impedances are desired to be close to a short-
circuit. Figure 12.18(b) shows the corresponding network gain across the second-
harmonic band. It is ~ =10 dB. This is far from ideal. A much higher attenuation
is generally required.

Higher second-harmonic rejection can be readily achieved by adding an inductor
in series with the output shunt-tuning capacitor C;, in a manner like that shown for
the input tuning configuration in Figure 12.5(a). Figure 12.19 shows the network
characteristics equivalent to those in Figure 12.18 with such an output shunt trap.

It can be seen in Figure 12.19(a) that the network input admittance remains
inductive and, in fact, is further away from presenting a low impedance termina-
tion on the output of the PA, as is desirable. As expected, the network does provide
higher rejection on the output of undesired second-harmonic components.

Turn now to Case 12.5, considered above, with both input and output shunt tun-
ing, as in Figure 12.4(c). This architecture exhibited overall superior characteristics
to isolated input or output shunt tuning. For the optimum case, from Table 12.4,
the ratio L,/L, is ~17:1, which would be difficult to implement in a practical layout.

Figure 12.20 shows the input reflection coefficient of the input and output
shunt-tuned, coupled-inductor match, with parameters in Table 12.4, across the
second-harmonic band.

With this configuration, the network input impedance in Figure 12.20(a), which
is presented to the output of the PA, is capacitive with a significant real component.
This is consistent with the insertion gain plot in Figure 12.20(b), which shows little
isolation of the load from second-harmonic output from the PA.

To address these problems, the input shunt capacitor Cg may be resonated a
series inductor Lg, as shown in Figure 12.5(b). The network elements for this case
are listed in Table 12.5.
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Figure 12.18 Output shunt-tuned, coupled-inductor match second-harmonic characteristics:
(@) input reflection coefficient, and (b) insertion gain.
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Figure 12.20 Input and output shunt-tuned, coupled-inductor match second-harmonic
characteristics: (a) input reflection coefficient, and (b) insertion gain.

Table 12.5 Optimum Input and Output Shunt-
Matched, Coupled-Inductor Element Values with

Trap

Element Values

L;=0.162 nH L,=2.179 nH
Cy=24.618 pF Lg=0.074 nH

C, = 2.086 pF
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Figure 12.21 shows the resulting input and gain characteristics for the match-
ing network.

The network input impedance is close to a pure reactive short across the second-
harmonic passband, as generally desired. The actual value of the reactance can be
skewed slightly towards inductive or capacitive by recentering the trap. In Figure
12.21(b), the second-harmonic isolation across the network is seen to exceed ~15 dB.
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3420 3520 3620 3720 3820 3920 4020
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Figure 12.21 Input and output shunt-tuned, coupled-inductor match second-harmonic
characteristics with trap: (a) input reflection coefficient, and (b) insertion gain.
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The corresponding insertion gain for this network, shown in Figure 12.22(a),
is ~ —0.6 dB.

From Table 12.5, the inductor ratio L,/L; is ~13.4:1. This is higher than would
be desired and would typically prove very challenging for layout. To avoid this, it is
common to reduce the input impedance ratio required of the network by following
the coupled-inductor match by a single-section LC network.
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Figure 12.22 Optimized input and output shunt-matched coupled inductors with trap,
insertion gains: (a) Q, = 60, and (b) Q, = 40.
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In general, it is increasingly difficult to achieve a high inductor Q factor for
lower values of inductance. Thus, achieving a Q-factor of 60, for an inductance
value of 0.162 nH, would be extremely problematic. Figure 12.22(b) shows the
modified insertion gain characteristic for the matching network with the quality
factor of inductor L, reduced to 40. The minimum insertion gain in the passband
is reduced to ~ —0.66 dB.

Lastly, the appropriate inductor values for a coupled-inductor matching net-
work are highly dependent on the mutual coupling factor k, which can be achieved.
This greatly complicates the challenges for both design and layout. Figure 12.23
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Figure 12.23 Dependence of coupled-inductor independent inductor value on mutual
coupling: (a) L; for input shunt tuning, and (b) L, for output shunt tuning.



240

Coupled-Inductor Single-Ended PA Matching

shows the dependence of the independent inductor value on the mutual cou-
pling coefficient.

The deleterious effect on insertion gain of a coupled-inductor impedance match-
ing network with reduced coupling coefficient is equally dramatic. Consider the
simple input and output shunt-tuned coupled-inductor matching network of Fig-
ure 12.4(c). If the coupling coefficient is reduced from 0.7 to 0.5, inductor quality
factors are all maintained as Q; = 60, and no required input trap is included, the
optimized required element values are as shown in Table 12.6.

Two problems are immediately apparent in Table 12.6. The primary inductance
value is too small to be practical and the inductance ratio L,/L; = ~49:1 would
also be similarly very difficult to achieve in a physical layout. More disappointing,
if both these challenges could be overcome, the insertion gain dependence for the
network would be as shown in Figure 12.24(a).

The minimum passband gain = ~ —1.7 dB. This compares to a minimum pass-
band gain = ~ —0.48 dB for k = 0.7, as shown in Figure 12.15.

The extreme sensitivity of the simple input and output shunt-tuned, coupled-
inductor matching network, to the mutual coupling coefficient, is shown in Figure
12.24(b). It can be seen that without a strong mutual coupling coefficient between
the two inductors such a network would not be a viable candidate for PA output
impedance matching for k£ < ~0.55.

12.2.3 Single-Ended, Coupled-Inductor Matching Compared with
Conventional LC-Output Matching

To understand why coupled inductors are rarely used for PA-output matching, it is
instructive to compare their key performance characteristics to those of an equivalent
conventional dual lowpass LC network. Such a network was presented in Section
11.8.1. Key performance parameters from that data, placed side by side with those
for the optimized coupled-inductor match of the previous section, are provided below.

In all cases, it can be seen that the conventional dual lowpass match has supe-
rior performance parameters to those of the coupled-inductor matching network,
which, in general, exhibits increased insertion loss and more dispersion across the
passband. Second-harmonic characteristics are also inferior. This demonstrates that
any expectations that a coupled-inductor network will have superior characteristics,
as they are akin to a transformer, are not supported by the data.

The inferior performance characteristics of a single-ended, coupled-inductor
impedance match, compared to a conventional L.C match, might surprise those who
consider an RF coupled-inductor pair as being the equivalent of a transformer. As
discussed in Section 12.1, however, this is a misguided conception that is likely to
misdirect. Rather than achieving the low loss and very wide bandwidth, which would

Table 12.6 Optimum Input and Output Shunt-
Matched, Coupled-Inductor Element Values for k= 0.5

Element Values
L,=0.056 nH L,=2.727 nH
Cs=134.040 pF Cp =0.497 pF
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Figure 12.24 Mutual coupling factor impact on gain of coupled-inductor matching networks:
@) k=0.5, and (b) input and output shunt tuning gain.

be expected of a true transformer, a coupled-inductor network alone generally has
significantly inferior characteristics to the LC networks presented in Section 11.8.
For this reason, and others given earlier in the section, it is invariably a poor choice
for impedance matching of single-ended networks and therefore almost never used.

In general, impedance matching networks employing coupled inductors, which
depend solely on magnetic transduction for RF energy transport through the net-
work, have inferior performance characteristics compared to those that also have
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Figure 12.25 Network input reflection coefficients: (a) dual lowpass, and (b) optimized
coupled inductors.
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direct electrical conduction through the network. Efficient RF magnetic energy
transduction between a pair of inductors invariably relies upon a resonance-type
condition between the inductors. This resonance increases resistive losses in the
inductors and results in a relatively narrow bandwidth for efficient energy transfer.

A detailed examination of the use of coupled inductors for impedance matching
of both single-ended and multiphase amplifier networks is given in the following
two chapters.
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Figure 12.26 Network inputimpedances: (a) dual lowpass, and (b) optimized coupled
inductors.
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Figure 12.27 Network output reflection coefficients: (a) dual lowpass, and (b) optimized
coupled inductors.



12.2 Basic Single-Ended Coupled-Inductor Design 245

Real (Q) Output Impedance - Dual I1 (Rs=4., RL=50.) Imag (Q)
75 25
70 - + 20
65 15
60 - =40
55 -8
0 w ------------------- g
45 - -5
40 -10
35 - -15
30 -20
25 i i | -25
1710 1760 1810 1860 1910 1960 2010
Frequency (MHz)
(@)
Real (Q) Output Impedance (Rs=4, RL=50) Imag (Q)
75 25
70 "~ - 20
b -
65 e - 15
e ~
60 - ~J . - 10
55 ~T - 5
-0
- -5
- =10
- =15
3( - == Zout_real - =20
= = = Zout_imag
25 T T T T T T “25
1710 1760 1810 1860 1910 1960 2010

Frequency (MHz)
(b)

Figure 12.28 Network output impedances: (a) dual lowpass, and (b) optimized coupled
inductors.
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Figure 12.29 Network insertion gains: (a) dual lowpass, and (b) optimized coupled inductors.
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coupled inductors.
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12.3 Single-Ended Coupled Inductors with an Interwinding
Capacitance Analysis Approach

As discussed in Section 12.2, a high magnetic coupling coefficient k is essential
in any type of coupled inductors impedance match; k = 1 would be ideal. Unfor-
tunately, this is not achievable in practice, with printed inductor layouts typically
being limited to |k| < ~0.7.

To achieve higher magnetic coupling factors, the inductor traces must be very
close together in order for the magnetic fields associated with the currents flowing
in each inductor to overlap. This has the unfortunate side effect of also resulting in
significant interwinding capacitance between the traces, which can have important
consequences for the performance of the impedance match, particularly at frequen-
cies above the passband.

If the two coupled inductors are of equal value, closed-form expressions for the
four-port S-parameters can be obtained, as presented in Section 2.5. However, in
general, this is not the case. For matching applications, it is generally required that
the inductors be of different values. Accounting for the cross-coupling capacitance
with a discrete lumped-element model is challenging. Two such models that attempt
to account for the effects of cross-coupling are shown in Figure 12.31. However, in
order to most accurately account for the effects of cross-coupling on the performance
characteristics of a pair of coupled inductors, an incremental model is required.

Figure 12.32 shows the schematic representation to be modeled. The admittance
elements across both inductors are possible matching elements. Typically, when
present, they are predominantly capacitive in the passband.

In Appendix F, a detailed analytic analysis is provided for a pair of coupled
inductors with uniformly distributed interwinding capacitance. Closed-form ana-
lytical expressions are provided for all key network performance parameters. The
performance parameters for the single-ended, coupled-inductor schematic shown
in Figure 12.32 can be derived from these solutions.

(a (b)

Figure 12.31 Lumped-element models approximating interwinding capacitance: (a) direct
capacitive coupling, and (b) intermediate capacitive coupling.

Vs
HWWT— f—T >
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Figure 12.32 Single-ended, coupled-inductor schematic including interwinding capacitance
and external matching.
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12.3.1 Impact of Interwinding Capacitance on Single-Ended, Coupled-
Inductor Characteristics

The focus of this section is to illustrate how the interwinding capacitance between
two coupled inductors impacts key performance characteristics. The network per-
formance characteristics are derived applying the generalized analytic solutions
provided in Appendix F. With reference to Figure A.3, in this case, Vg, = Vg3 =
V¢4 =0, and Z, = Z, = 0. Unfortunately, the analytic solutions of Appendix F are
not readily invertible for synthesis. Thus, the design equations of Section 12.2 will
again be used for network synthesis.

To clearly distinguish the effects of interwinding capacitance on coupled-inductor
performance, design parameters identical to those in Table 12.1 are used, except for
the addition of an interwinding capacitance value of 3 pF, as listed in Table 12.7.

Element values are identical to those in Table 12.2, as no allowance is made in
the design equations for the interwinding capacitance. The network insertion gain
and input impedance are shown in Figure 12.33.

The input impedance observed in Figure 12.33(a) is ~2.5Q across the passband.
This is substantially below the target input impedance of 4Q. It is inferior to that
without the interwinding capacitance shown in Figure 12.7(a). Likewise, comparing
the insertion gain response with finite interwinding capacitance in Figure 12.33(b)
to that without interwinding capacitance in Figure 12.8, the insertion gain is seen to
be significantly reduced across the passband. There are two potential causes of the
performance degradation: (1) it is directly attributable to the presence of capacitive
coupling, or (2) it results from not accounting for the capacitance in synthesizing
the network elements. To investigate the latter cause, the network synthesis equa-
tions of Section 12.2 were recalculated with a higher target input impedance than
the desired 4Q for the network.

A design input target impedance of 6Q was used in applying the synthesis equa-
tions of Section 12.2 for the network element values. The modified element values
are listed in Table 12.8.

The equivalent performance parameters to Figure 12.33 are shown in Figure
12.34.

The input impedance in Figure 12.34(a) is now seen to very close to the desired
value of 4Q across the full passband. Perhaps, even more importantly, the insertion

Table 12.7 Coupled Inductors with Capacitive
Coupling Impedance Match Parameters

Design Parameters

Mutual coupling, k= 0.7

Cross-coupling capacitance, Cy = 3 pF

flo fhi

1,710 MHz 2,025 MHz
leo fzhi

3.420 MHz 4,050 MHz
Zs=4Q Z; =50Q

Inductors, Q; = 60 Capacitors, Q¢ = 100
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Figure 12.33 Optimized input shunt-matched, coupled-inductor network characteristics with
3-pF interwinding capacitance: (a) input impedance, and (b) insertion gain.

Table 12.8 Single-Ended, Coupled-Inductor
Match Elements with 3-pF Interwinding
Capacitance and Target Z;, = 6Q

Element Values
L,=0.205 nH L,=4.532nH
Cy=43.195 pF Lg=0nH
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gain in Figure 12.34(b) is also seen to be relatively flat across the passband and
significantly higher than that in Figure 12.33(b). Moreover, the insertion gain is
higher than that in Figure 12.8 with no interwinding capacitance. Thus, for this
case, the presence of the interwinding capacitance actually leads to improved cou-
pled-inductor performance.

Real (Q) Input Impedance(Rs=4.,RL=50.k=0.7) Imag (Q)
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Figure 12.34 Optimized input shunt-matched, coupled-inductor network characteristics with
3-pF interwinding capacitance and target Z;, = 6Q: (a) input impedance, and (b) insertion gain.
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As a further example, consider a configuration designed similarly to meet the
specifications of Table 12.7, but with optimized input and output matching. For
optimum performance, in this case, a design input target impedance of 5.6Q was
used. The optimized element values were determined as listed in Table 12.9.

The corresponding input and insertion gain characteristics are shown in Figure
12.35. The insertion gain in Figure 12.35(b) is flatter, and overall higher across
the passband, than that in Figure 12.15 for the equivalent network with no inter-
winding capacitance. Impedance plots in Figure 12.35(a) and Figure 12.14(a) are
comparable. Thus, for this matching scenario also, the interwinding capacitance
is not deleterious.

One important aspect of the coupled-resonator performance that must be
explored to gain a full appreciation of the impact of interwinding capacitance is an
examination of how network characteristics are affected above the passband. Due
to the capacitive nature of the coupling, it might be expected that the coupling will
lead to increased transmission above the passband, thereby decreasing high-side
rejection. To evaluate this, the insertion gains of the coupled-resonator network,
considered above, were determined without and with the 3-pF interwinding capaci-
tance. The wideband high-frequency insertion gain for both scenarios is presented
for comparison in Figure 12.36.

Possibly somewhat counterintuitively, introducing the interwinding capacitance
does not lead to significantly reduced rejection above the passband. In fact, for the
majority of frequencies, there is higher rejection. Moreover, at multiple frequencies,
there are deep transmission nulls. In the data shown, one of these nulls occurs only
slightly above the center of the second-harmonic band. If value of the interwinding
capacitance Cy is increased to ~4 pF, the null could be located exactly at the center
of the second-harmonic band. The complex transmission characteristics above the
passband result from the interplay of the distributed inductance and capacitance
of the network.

To summarize, the presence of some interwinding capacitance in a coupled-
inductor matching network can result in improved performance characteristics,
in particular, improved input impedance characteristics and reduced insertion
loss. An additional, perhaps unanticipated, benefit is the potential for increased
rejection above the passband and specifically within the second-harmonic band.
However, too much interwinding capacitance will inevitably harm the network
characteristics. In the example given, if Cy is increased above 4 pF, the null at the
second-harmonic frequency moves down towards the passband. As it does so, the
insertion gain and input impedance characteristics are increasingly degraded from
the high end of the passband.

Table 12.9 Optimum Input and Output Shunt-
Matched, Coupled-Inductor Element Values with 3-pF
Interwinding Capacitance and Target Z;, = 5.6Q

Element Values
L,=0232nH L,=3.159 nH
Cs=30.514 pF C; =0.948 pF
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Figure 12.35 Optimized input and output shunt-matched, coupled-inductor network
characteristics with 3-pF interwinding capacitance and target Z;, = 5.6Q: (a) input impedance,
and (b) insertion gain.

12.4 Lowpass n-Network with Auto-Transformer Action

In Section 12.2.1, it was demonstrated that networks relying solely on magnetic
coupling for energy transfer generally have performance characteristics inferior to
those that rely entirely on direct electrical transfer. In Section 12.3.1, it was demon-
strated that the added presence of interwinding capacitance in a coupled-inductor
pair significantly improved the overall characteristics of the matching network.
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Figure 12.36 Optimized input shunt-matched, coupled-resonator network insertion gain
without, and with 3 pF, interwinding capacitance.

This suggests the possibility of creating a matching network with optimal features
that combines both magnetic and direct electrical coupling. A way to implement
such an approach is suggested by a device technology commonly employed in low-
frequency applications and, in particular, in the field of power voltage conversion.

Section 12.1 discussed the basics of classic transformers, which comprise two
ideally infinite lossless inductors whose magnetic fields are wholly coupled together.
The two inductors, the primary and secondary, are electrically isolated, and the
voltage ratio on the two inductors is given by the turns’ ratio of the inductors (Equa-
tion (12.1)). In addition to the classic transformer for voltage conversion, however,
there is another class of transformers that are referred to as “auto-transformers.”

The differentiating feature of an auto-transformer is that it comprises only one
inductance coil, again ideally infinite, in place of two. One terminal of the induc-
tor is generally ground, while the other is one of the two network terminals. The
remaining network terminal is connected to the inductor at some intermediate point
along its length. Figure 12.37(a) shows a basic schematic of an auto-transformer.

Unlike a classic transformer, the auto-transformer does not provide electrical
isolation between its two terminals. This can be a safety issue in power distribution
networks. However, it has the advantage that energy transfer thorough the network
results from both magnetic and direct electrical couplings. In consequence, an auto-
transformer is typically more efficient than a classic transformer.

One further advantage of the auto-transformer is that the intermediate con-
tact point along the inductor for the one terminal can often be moved. This makes
it relatively simple to adjust the voltage transformation ration of the device. In
contrast, the turns ratio in a classic transformer is fixed and cannot be adjusted
after manufacture.

Similar to the classic transformer and referring to Figure 12.37(a), the voltage
transformation ratio for the auto-transformer is
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(a) (b)

Figure 12.37 Auto-transformer schematics: (a) auto-transformer, and (b) folded
auto-transformer.

Vs = (g + my) Im) Vg (12.22)
and the resistances on the two ports are related by
Ry = (1 +my) Im)' Ry (12.23)

The voltage and impedance levels can thus be stepped up across an auto-trans-
former in a manner similar to that of a classic transformer. However, it has the
potential advantage of improved characteristics due to its direct electrical coupling.

To see how an auto-transformer type action might be used to advantage in an
impedance matching network, consider redrawing the auto-transformer in a folded
topology as shown in Figure 12.37(b). No change to the elements or magnetic cou-
pling of the inductor are implied; thus, the transfer properties will be unchanged.
However, in the folded form, it can now be identified as similar in form to the left-
most part of a lowpass w-network.

Figure 12.38(a) shows the lowest-loss form of a lowpass m-network, for imple-
menting an impedance transformation from 4Q to 10Q. For the latter network, the
through insertion phase A® =~ —69°. Figure 12.38(b) shows a generalization of this
network in which magnetic coupling is introduced between the inductive elements.
The mutual coupling coefficient between the inductors is denoted by k. In the limit
k = 0, the network reverts to the classic form of Figure 12.38(a). The objective is
to determine whether having £ > 0 can augment the performance of the lowpass
network via the auto-transformer action, resulting from the magnetic coupling.

Just as with the coupled-inductor correspondence to a classic transformer,
the coupled inductors in Figure 12.38(b) do not correspond exactly to a true

C, G,
—F . gl
k
- Lo TgUV L
L L
¢ I ¢, I
v v

(@ (b)

Figure 12.38 Lowpass m-networks with and without magnetic coupling: (a) classic lowpass
m-network, and (b) lowpass n-network with coupling.
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auto-transformer. The magnetic coupling between the inductor is less than ideal
and neither of the inductances are infinite. Nonetheless, the magnetic coupling
does introduce an auto-transformer like magnetic coupling aspect into the network.

In Figure 12.38, three additional capacitors C,, C; ;, and C; have been included
as optional components in the schematics. As such, they are all accounted for in the
circuit analysis matrix element formulae given at the end of this section.

Capacitor C,, is only required when, for reasons to be explained in Section
12.4.2, the designer desires to replace the hard ground, at the bottom of inductor
L,, by a virtual one. In this case, C, should ideally be large enough to present only
a negligible reactance across the passband. If this is not the case, it will generally be
deleterious to the operation of the matching network. The elemental synthesis equa-
tions in this section thus do not account for the presence of C,. However, if present,
the analysis formulae permit any consequences of Cy, in the circuit to be determined.

For reasons linked to those related to the inclusion of capacitor C, in the circuit,
a second capacitor C; is frequently required in the circuit on the output side of series
inductor L;. In this position, capacitor C; serves to block any DC flow across the
network. Again, the utility of including these two capacitors in the circuit is fully
elucidated in Section 12.4.2.

Lastly, capacitor C; ;, included in the schematics across series inductor Ly, is also
not an essential part of the lowpass networks. However, for a lowpass 7-network
such as shown in Figure 12.38(a), it is common practice to add a capacitor in shunt
across L; to provide attenuation for frequency bands above the passband. Deter-
mining the appropriate value for this capacitor and L; is relatively simple in the
uncoupled case. Design equations for the latter are given in Section 8.6. However,
designing a resonant trap for inductor L, in the presence of magnetic coupling, as in
Figure 12.38(b), is more complex. The precise values for L, and C;; are dependent
upon the coupling. Thus, it is important to include this dependency in the synthesis
equations for them to be useful.

Defining the basic network parameters (with Cj, = o) as

Zs = Rs + j X5 (12.24)
Zp =R +jX; (12.25)
Zpy =Ry + joLy (12.26)
Zpy) =Ry +joL, (12.27)
Zcrr = Repy — jloCry (12.28)
Zcr = Rep — jloCy, (12.29)
also,
, = angular frequency at the center of I, stopband (12.30)

Synthesis equations for the elements of the auto-transformer-like form of the
lowpass m-network shown in Figure 12.38(b) are
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1+ kJL/L,
Ch=—FT—""7—

o (1 RL (12.31)
RsR; + XsX; + 0 (1- &) LiL, + ©L,X, + a)(L1 + Ly + 2kyJLiL, ) X
(/) (L + & m)[ o(Xs +X,)+ R(fk)XLX]
wC, = I (12.32)
o(l- &) LLX,
(L1 + Ly + 2kJLL; - (/o) (L, + k«/Lle))(RSRL + XsX;)
which are dependent upon solving the governing equation
L ((1 ~ &)L, — (@/0,)* (Ly + ky/LiL ))(Rf + XP)Rs + (01— £2) Lle)2 R,
(L1 + Ly +2kJLiL, — (/o) (L, + kyLL )
(12.33)

20(1— ) LiLyR X + (Ly + 2kyJLiLy ) (RS + X5) R,

+ (L2 ~ (@/o,)* (L, + kL, ))((R§ + X3)R, - (R + XP)Ry)

Given a value for the independent variable L, (12.33) must be solved to deter-
mine the corresponding value for L,. Unfortunately, a closed-form solution for L,
is not available; however, a solution for L, that satisfies (12.33) is readily derivable
by numeric techniques.

Having determined the element values for the network, all electrical parameters
are readily determined from an [ABCD] matrix analysis, using the equations given
in Chapter 1. For the network, the individual [ABCD] parameters are given by

i (12 + Zey) Z1s + (k) LiLy) 1 Z, ~ jookL,L, s
= —+ .

(Z12 + Zey) Z1y + (0k) LLy

= - (12.35)
1+ Z11/Ze1 1) (Z1s + Zey) + (0R) LiLIZ ¢y, + jokyLiL,
o1, 1+ (Zpy + jokLiL, ) 1Z4 + Zy1 1 Zey, 1236

Zy (04 Z1y0Zep ) (Z1s + Zey) + (0R) LiLIZey, + jokyJLiL,

D=1+ — (12.37)
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12.4.1 Lowpass n-Network with Auto-Transformer Action Example

In order to determine whether adding magnetic coupling between the two inductors
in a lowpass m-network is beneficial, consider the design of an impedance matching
network with identical parameters to those specified in Table 12.1.

The lowest-loss lowpass m-network gain with no inductor coupling, as in Figure
12.38(a), is shown in Figure 12.39(a). In contrast, allowing for mutual coupling
between the two inductors, as in Figure 12.38(b), the lowest network loss achiev-
able is shown in Figure 12.39(b).
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Figure 12.39 Lowpass n-matches without and with mutual inductive coupling: (a) uncoupled
lowpass m-match, and (b) coupled-inductor lowpass m-match.
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Element values for the two networks are provided in Table 12.10.

The maximum passband insertion loss for the uncoupled lowpass & match is
~0.74 dB, while the maximum passband insertion loss for the coupled-inductor
lowpass m-match is only ~0.27 dB. This is a dramatic reduction in insertion loss,
attributable entirely to the introduction of magnetic coupling between the induc-
tors. In addition to improving overall insertion loss, the coupled network also shows
considerably less dispersion across the passband. The increase in gain (i.e., lower
insertion loss) for the network, as a function of the increased coupling factor, is
shown in Figure 12.40.

Another important consequence of the added coupling between the inductors,
which can be noted in Table 12.10, is a large reduction in the required value of the
shunt inductor L,. The dependence of L, on the coupling coefficient is shown in
Figure 12.40. While this might be seen as an advantage, unfortunately, low values

Table 12.10 Lowpass n-Network
Element Values

Uncoupled Lowpass n-Match

k=0.

L,=1.125nH

L,=4.214 nH

C,=15.801 pF

Coupled-Inductor Lowpass n-Match

k=0.7

L,=2.230nH

L,=0.557 nH

C,=2.399 pF
dB Auto-transformer Characteristics v. k (Rs=4., RL=50.) nH

0 e Pdlel/Pavail 3

0.1 - e
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08 - | | | | . L o
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Figure 12.40 Auto-transformer characteristics’ dependence on inductive coupling.
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Figure 12.41 Lowpass m-matches without and with mutual inductive coupling: (a) uncoupled
lowpass m-match, and (b) coupled-inductor lowpass m-match.

for the shunt inductor can be problematic if the network is to be used simultane-
ously for matching and supplying bias current to a PA output stage. The impact of
a very low value shunt inductor in a PA output matching circuit is examined fully
in Section 12.4.2.

While the reduction in passband insertion loss for the lowpass w-network, with
inductor coupling, is highly desirable, unfortunately, this also continues above the
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Figure 12.42 Coupled-inductor lowpass m-match with a second-harmonic trap on L;: (a)
coupled lowpass 7-match passband, and (b) coupled lowpass 7-match wideband.

passband. Figure 12.41 shows wide-bandwidth plots for the insertion loss of the
network, without and with inductor coupling.

Harmonic rejection above the passband can be seen to be significantly reduced
as a result of the inductor coupling. In a PA matching application, this will com-
monly require some additional “trapping” to be added to the network to further
reduce harmonic emissions arising from nonlinear mixing in the PA. This will incur
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some additional insertion loss, which will somewhat reduce the passband insertion
loss advantage of coupling in the network.

Figure 12.42 shows the passband and wide-bandwidth response of the lowpass
m-match with inductor coupling and a second-harmonic harmonic trap implemented
on inductor L; by inclusion of C;; in Figure 12.38(b).

The modified element values for the network are given in Table 12.11.

Comparing with the bottom part of Table 12.10, it can be seen that imple-
menting the frequency trap on inductor L; requires significant modification of all
the element values in the matching network. Also, comparing Figure 12.38(b) and
Figure 12.42(a), the maximum passband insertion loss is seen to increase by ~0.28
dB. While the second-harmonic response is significantly attenuated, rejection of the
higher harmonics remains very poor compared to the uncoupled lowpass 7-network.

In addition to parallel resonating inductor L;, a second possibility for trapping
frequencies above the passband exists by series resonating shunt inductor C;, as
shown in Figure 12.43.

With C; again determined from (12.32), the modified capacitor value C} and
series inductor are given by

C = (1 - (a)O/a),)z)Cl (12.38)

1

Lo = (co,2 - wé) C,

(12.39)

For a trap at the second-harmonic frequency, the modified element values for
this network are given in Table 12.12.

Figure 12.44 shows the passband and wide-bandwidth response of the coupled
lowpass m-network with a second-harmonic harmonic trap implemented on capaci-
tor C;.

Table 12.11 Coupled Lowpass
m-Match Element Values with a
Second-Harmonic Trap on L,

k=0.7

L,=1.533nH
Cyy = 4.826 pF
L,=0.646 nH
C,=0.738 pF

c

7000\ |
ML ==l
LZ LC1

Figure 12.43 Coupled lowpass n-network with a second-harmonic trap on G.
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Table 12.12 Coupled Lowpass
 Match Element Values with a
Second-Harmonic Trap on G

k=0.7

L,=2.317 nH
L,=0.591 nH
C,) = 1.774 pF
Lei = 1.365 pF
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Figure 12.44 Coupled-inductor lowpass m-match with second-harmonic trap on G: (a)
coupled lowpass 7-match passband, and (b) coupled lowpass m-match wideband.
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Comparing Figure 12.44 with Figure 12.42, it can be seen that with the trap
on Cy, rather than on L,, there is significantly more rolloff in insertion loss across
the passband. Also, the harmonic rejection characteristic is narrower than that with
the trap on L;. Thus, any harmonic trapping in the network is best accomplished
across L, rather than C;.

12.4.2 Lowpass n-Network with Auto-Transformer Action and Virtual
Inductor Ground

This section provides the synthesis equations and expressions necessary for deter-
mining the electrical characteristics of a lowpass m-network with auto-transformer
action. The network was generalized to permit the inclusion of a capacitor C,
between inductor L, and ground. Because such a capacitor is not normally required
in a m-network capacitor, what was the motivation for including it? That will be
explained in this section. Some potential pitfalls in the auto-transformer approach
will also be examined.

A detailed discussion on the critical aspects of matching a single-ended PA is
provided in Chapter 9. Figure 9.1 shows a simplified schematic of the output match
on a single-ended PA. The initial elements of the matching network are invariably
required to provide harmonic termination and bias to the active output cells of the PA.

The purpose of harmonic termination is twofold. First, by optimally terminating
the loading impedance on the PA across the harmonic frequency band, particularly
the second harmonic, the PA efficiency may be optimized. Second, the harmonic
termination reduces harmonic emissions from the PA that arise from nonlinear
mixing. Most commonly, the harmonic termination presents a near short-circuit
impedance at the second harmonic. As a consequence, the harmonic termination
presents a capacitive loading in the passband.

As in Figure 9.1, the PA output stage is typically biased from the supply rail
Ve via an inductor L, which is, in turn, RF grounded through a bias capacitor
Cp. In order to limit the RF leakage on to the supply line through L,, the latter
must present a sufficiently large reactance in the passband. Capacitor C, serves to
further reduce the leakage that does occur through the inductor. This RF leakage
onto the supply rail is a critical parameter in a mobile device that typically includes
lots of digital circuitry. If there is too much ripple on the supply rail, it will interfere
with the operation of the digital components. Typically, any RF module in a mobile
device is required to meet a Power-Supply Rejection (PSR) requirement that speci-
fies a maximum value for the RF leakage on the supply rail.

Following the harmonic termination and bias networks, the matching network
then comprises one or two sections of inductive and capacitive elements to increase
the line impedance to that of the load. These matching sections are most commonly
implemented with series inductor—shunt capacitor lowpass networks, as they provide
increasing rejection above the passband. Replacing the generic “matching network”
in Figure 9.1 by a single lowpass L.C matching section the output matching elements
close to the PA comprise those shown schematically in Figure 12.45.

Figure 12.45 incorporates the possibility of magnetic coupling between the bias
inductor and the series inductor of the LC matching section. Such a coupling may
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Figure 12.45 Coupled lowpass n-network with virtual ground on L,.

be incidental or deliberate. As discussed in Section 12.4, any magnetic coupling
will result in an auto-transformer impedance matching contribution to the network.
Given the minimalistic footprints of modern PA modules, some coupling between
the two inductors is almost inevitable, as the two inductors must be located in
close proximity to each other. Thus, even unintentionally, most mobile PA module
layouts with classic harmonic, bias, and L.C matching elements likely have an auto-
transformer element inherent in their matching networks.

The focus of this section is to examine how the performance of a lowpass
m-network with intentional strong magnetic coupling between the inductors may
be influenced by exploiting the shunt inductor for PA biasing. In order to imple-
ment this, the inductor (L, = L,) must have virtual ground through a capacitor C,
rather than a direct connection to ground.

Absorbing the bias inductor into the 7-network has a significant size advantage
for the module, but unfortunately has some potential disadvantages that may limit
the full benefits of the technique. In a typical PA output matching network, the bias
inductor must do double duty. As discussed in Chapter 9, in addition to biasing
the PA output stage, the bias inductor must also provide some passband compensa-
tion for the reactive loading of the harmonic terminations. Any remaining reactive
compensation must be provided by the matching network. In Section 9.2, it was
shown that the trade-off between how much reactive compensation is provided by
the bias inductor and how much is provided by the matching network can critically
impact the network insertion loss. For the schematic of Figure 12.45, the residual
reactance of the harmonic termination in the passband must be accommodated for
entirely by the lowpass m-network, which can impact both the bandwidth and the
loss of the network.

As mentioned above, RF leakage onto the supply rail is a critical parameter that
must be limited. Increasing the value of either L, or C, will reduce the amount of
RF leakage onto the supply rail, thus increasing the PSR for the network. To achieve
a sufficiently high PSR value for the matching network, the following requirement
must be met:

o’L,Cy >>1 (12.40)

Lower values of the bias inductor will thus require a larger bypass capacitor to
provide sufficient rejection. Unfortunately, in many of today’s mobile platforms,
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there are limits on how large a bypass capacitor is practical. A technique known
as Envelope Tracking (ET) is frequently employed to increase PA efficiency. In this
technique, the supply rail is amplitude-modulated with the envelope bandwidth.
Unfortunately, such modulators can only effectively modulate supply rail if the
capacitance to ground on the rail is severely limited. In a modern mobile device,
there are typically multiple RF PA modules, which permit the device to operate
across multiple frequency bands. Although the device may only operate within one
frequency band at a time, the bypass capacitors for each transmit module continu-
ously load the supply line. Thus, for this reason, the maximum bypass capacitance
of any individual PA module is typically limited to <~50 pF.

Figure 12.40 illustrated the very significant reduction required, in the lowpass
m-network, for the value of the shunt inductance L, (=L,) as a function of the induc-
tive coupling factor. For the practical example given in Table 12.10, the shunt induc-
tor value is reduced by more than a factor of 5 in the presence of a coupling factor
of k= 0.7. Given the inequality requirement of (12.40), this implies that, to achieve
the same PSR for the module, the bypass capacitor C, must be >5 times larger for
the m-network with inductor coupling than without. In an ET PA module, if there
is a limit on the capacitance that can be tolerated, this can potentially significantly
limit the degree to which the auto-transformer action can be exploited. Effectively,
this would mean limiting the mutual coupling factor k between the inductors.

In addition to limits on the bias capacitor C,, there is another potential issue
that must be accounted for when considering any potential benefits of exploiting
the auto-transformer action in a lowpass m-network. Again, the required value for
the shunt inductor in the m-network is reduced substantially when strong coupling
is employed. In response to the reduction in inductor value, the ground currents
through the inductor increase in an inverse manner. Thus, with strong mutual
coupling and associated reduction in shunt inductor value, there will be increased
power dissipation resulting from any resistance in the inductive path to ground. This
implies that greater attention will be needed to be taken to minimize any resistance
in the RF return path from the shunt inductor to the active PA module ground, in
the case of strong mutual coupling in the network. Regrettably also in this respect,
if the shunt inductor is virtually grounded through C,, rather than being directly
grounded, any series resistance in the capacitor can contribute significantly to net-
work resistive losses. Some of these issues are quantized in Figure 12.46.

In Figure 12.46, relative network insertion loss dependences are plotted as a
function of the mutual coupling coefficient, k. The dashed line shows the increased
insertion loss dependency for the network resulting from a simple resistor of 200
mQ in series with the shunt inductor to ground. Such a resistance could be associ-
ated with a capacitor C, to ground or even with a via in the circuit board. Whatever
the cause, the loss due to any series shunt resistance clearly increases with coupling,
as expected.

The solid curve in Figure 12.46 shows the increased network insertion loss, as
a function of inductor coupling, resulting from a bias capacitor C, in the shunt arm
having the following characteristics:

C, =40 pF R, =200 mQ (12.41)
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Figure 12.46 Relative m-network losses due to series elements as a function of coupling.

With a coupling coefficient k = 0.7, as in the example of Section 12.4.1, the
introduction of the capacitor results in an additional insertion loss of ~0.2 dB for
the network, relative to the loss that would occur in the network without coupling.
There are two components to the additional insertion loss: (1) is mismatch loss
because the reactance of the 40-pF capacitor is too large to sufficiently ground the
reduced value shunt inductor; and (2) results from dissipative losses due to the series
resistance of the capacitor.

Figure 12.47 shows the network gains of the coupled lowpass 7m-network of
Section 12.4.1 with k = 0, without and with C, = 40 pF (R, = 200 mQ) to permit
the shunt inductor to be used for PA biasing.

There is no perceptible change in the network gains resulting from the virtual
ground on the bias inductor. This is what is desirable as it indicates that introducing
the virtual ground is not significantly affecting the characteristics of the matching/
bias network. This, in turn, implies that the capacitor is effectively grounding the
bias inductor.

For comparison, Figure 12.48 shows the corresponding network gains of the
coupled lowpass m-network with k& = 0.7. In this case, with strong magnetic cou-
pling, there is a noticeable increase in insertion loss in the network. This is highly
undesirable, as it indicates that the introduction of the capacitor is perturbing the
performance of the network. This implies that the virtual ground node to which the
supply rail Vi is attached is not effectively grounded and thus has an appreciable
RF component on the node. This is further evidenced by Table 12.13.

The top of Table 12.13 shows the optimized element values for the coupled
network with inductor L, connected directly to ground (i.e., C, = 0). The bottom
of Table 12.13 shows the optimized element values for the coupled network with
the inductor L, connected directly to ground via capacitor C, = 40 pF. The fact
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Figure 12.47 Coupled lowpass n-network gains for k = 0, without and with virtual ground: (a)
network gain without C,, and (b) network gain with C, = 40 pF.
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Figure 12.48 Coupled lowpass m-network gains for k = 0.7, without and with virtual ground:
(a) network gain without C, and (b) network gain with C, = 40 pF.
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Table 12.13 Lowpass n-Network
Element Values

Uncoupled Lowpass n-Match

k=0.7
C,=0pF
L,=2.230 nH
L,=0.557 nH
C,=2.399 pF
Coupled-Inductor Lowpass n-Match
k=0.7

C, =40 pF
L,=2.752nH
L,=0.812 nH
C,=2.291 pF

that the two sets of element values are different is indicative that Cy, is insufficiently
large to effectively ground the inductor.

The voltage on capacitor C, can be readily calculated in terms of the [ABCD]
matrix parameters given in Section 12.4. In terms of the supply voltage Vs, we find

Vo CZ +D-1-2,/2,
Vs AZ, +B+Zs(CZ, + D)

(12.42)

Using (12.42), the voltages on the bias bypass capacitor C, = 40 pF and R,
=200 mQ were determined across the passband and are shown in Figure 12.49.

The dashed dependency is the voltage on the capacitor (i.e., V¢ node) when
the inductors in the 7-network are uncoupled (k = 0), which is the classic case with
no auto-transformer action. The solid dependency in Figure 12.49 is the voltage
on the capacitor when the mutual coupling coefficient between the bias and series
inductors k = 0.7. As expected from the ratio of the shunt inductor values in the
two cases (Table 12.10) in the auto-transformer case with strong coupling, the RF
voltage on the V¢ node is increased ~7 times. Such a large increase in RF leakage
onto the supply line Vi will generally not be acceptable. To reduce the leakage,
either the coupling coefficient in the network must be reduced, thereby reducing the
auto-transformer action, or the bypass capacitor V¢, must be increased. Accord-
ing to (12.40), the capacitor will have to be increased by the same ratio that the
inductor is decreased, in this example, by ~7 times. Thus, the capacitor C, must
be increased from 40 pF to ~280 pF in the presence of strong inductor coupling in
order to achieve the same PSR for the uncoupled network.

So far in this section, no consideration has been given to any potential impact
that the harmonic network might have on the perceived benefits of exploiting induc-
tor coupling in the lowpass m-network. In the large majority of PA designs, a low
or slightly inductive impedance is required at the second-harmonic frequency on
the output of the PA.
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Figure 12.49 Bypass bias capacitor voltage.

Figure 12.50(a) shows the input network reflection coefficient across the second-
harmonic band with no harmonic network present. In Figure 12.45, this would
imply L, and C;, not being present in the circuit.

With the harmonic network present and L, = 0.3 nH, the input reflection coef-
ficient becomes as shown in Figure 12.50(b). As desired, the impedance remains
very low across the full second-harmonic band.

With no inductor coupling, the lowest passband insertion loss for the network
of Figure 12.45 is obtained with the network parameters shown in Table 12.14.

The network gain for such a network is shown in Figure 12.51. Comparing
Figure 12.47(b) and Figure 12.51(a), there is an increase of ~0.13 dB in insertion
loss in the passband due to the presence of the harmonic trap.

With inductor coupling, the lowest passband insertion loss for the network of
Figure 12.4S5 is obtained with the network parameters shown in Table 12.15.

The network gain for this network is shown in Figure 12.52(a), while the cor-
responding second-harmonic reflection coefficient is shown in Figure 12.52(b).

Comparing Figure 12.48(b) and Figure 12.52(a), there is an increase >0.2 dB
in insertion loss in the passband. Comparing Figure 12.50(b) and Figure 12.52(b),
the inductor coupling has resulted in significantly more variation in the desired low
impedance across the second-harmonic band compared to the uncoupled case. To
rectify this problem, the harmonic inductor L, would have to be reduced in value,
but this would lead to yet higher network insertion loss.

Plots of the RF voltage on the V¢ node are shown in Figure 12.53, which again
indicate that, for the coupled-inductor case, the bypass capacitor must be increased
to ~280 pF to effectively ground the bias inductor.
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Figure 12.50 n-network second-harmonic reflection coefficient for k = 0, without and with
trap: (@) no harmonic trap, (b) with harmonic trap.
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Table 12.14 Lowpass n-Network
Parameters for k= 0, with a Second-
Harmonic Trap

k=0

C, =40 pF
L,=0.3nH
C,=6.053 pF
L,=1.187 nH
L,=1.372nH
C, = 5.855 pF
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Figure 12.51 Lowpass m-network gain for k = 0, with second-harmonic trap.

Table 12.15 Coupled Lowpass
n-Network Parameters for k= 0.7,
with a Second-Harmonic Trap

k=10.7

C, =40 pF
L,=0.3nH
C,=6.053 pF
L,=2.810 nH
L,=0.490 nH
C,=1.645 pF
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Figure 12.52 Coupled lowpass m-network characteristics for k = 0.7, with a second-harmonic
trap: (a) network gain, and (b) second-harmonic reflection coefficient.
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Figure 12.53 Bypass bias capacitor voltage with a second-harmonic trap.

If size permits, optimum advantage can be taken of the auto-transformer action
in a lowpass 7 impedance matching network if the shunt inductor is not simultane-
ously used for PA biasing. This requires a separate bias inductor and capacitor as in
a conventional match. The shunt inductor in the m-network can then be grounded
directly, eliminating the issues associated with the capacitor required to achieve a
virtual ground for the inductor.

12.5 Highpass T-Network with Auto-Transformer Action

A highpass T-network is another possible network architecture that can be used to
transform a low impedance to a higher one. When transforming from a very low
impedance to a much higher one, such as a transformation from 5Q to 25Q, as with
the lowpass m-network, the highpass T-network comprises both a shunt and a series
inductor. The schematic of such a highpass T-network is shown in Figure 12.54(a).

(b)

Figure 12.54 Highpass T-networks with and without magnetic coupling: (a) classic highpass
T-network, and (b) highpass T-network with coupling.
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Just as with the lowpass 7-network, the possibility exists for magnetically cou-
pling the two inductors to take advantage of an auto-transformer action, as shown
in Figure 12.54(b). For completeness in analysis, and in a like manner to the lowpass
m-network analysis, a capacitor in shunt with the series inductor and a capacitor in
series with the shunt inductor are included in the schematics.

Lowpass networks are generally preferred for PA output matching because of
their inherent ability to increasingly attenuate frequencies above the passband. Thus,
highpass networks are seldom used. However, for completeness, and for those less
common instances in which a highpass network may be preferred, full synthesis
and analysis solutions are presented in this section. It should be noted from Figure
12.54 that in this architecture the shunt inductor cannot be used to bias the PA as
the DC path to the PA is blocked by the series capacitor C,. Despite this, a capaci-
tor C,, is still included in the analysis to permit the evaluation of how ineffective
grounding of the shunt inductor L, might affect the characteristics of the network.

Defining the basic network parameters as

Zs=Rg+jXs (12.43)
Zp =Ry +jX; (12.44)
Zpy =Ry + joLy (12.45)
Zi, =Ry +joL, (12.46)
Zcry = Repy — jloCry (12.47)
Z; = Rey — jloCy (12.48)
also,
o, = angular frequency at the center of L, stopband (12.49)

Synthesis equations for the elements of the auto-transformer-like form of the
highpass T-network shown in Figure 12.54(b) are

_ 1+ kJL/L,

(12.50)

L1 01— k)z L
o
N (D((L1 + L, + 2k L,L,|Rs — ((1 - kz) Rg + kZRL) szlLZCLl) (12.51)

(1- @’LiCL)R,

which are dependent upon solving the governing equation
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(XL ~ 0’ LiCpi (X, + 01— ) L) + oLy + Ly + Zk\/Lle))z Ry
(1- szchl)(@ - a)leCLl)(RSRL - (a)Ll)z) - Z(a)szz)z L1CL1)

R =0 (12.52)
—0*L, (/ele + 2L, + (0 LiL,Cpy —2(1 - kz)k,/Lle)szchl)

Given a value for the independent variable L, (12.52) must be solved to deter-
mine the corresponding value for L,. Unfortunately, a closed-form solution for L,
is not available; however, a solution for L, that satisfies (12.52) is readily derivable
by numeric techniques.

Having determined the element values for the network, all electrical parameters
are readily determined from an [ABCD] matrix analysis, using the equations given
in Chapter 1. For the network, the individual [ABCD] parameters are given by

(1 + ZLl/ZCLl) Zl - ].wk»\[Lle

A=1+ — = (12.53)
BeZ 4 (Zy+ Z1s + Zep) Z1y + (k) LiL, + jokJLL, Z, 12,54
1+ Z1/Z¢
C= : (12.55)
(1 + ZLl/ZCLl)(ZLZ + ZCb) + ((J)k)z LlLZ/ZCLl + ](DkﬂLle
Z,1 + jwkJL,L
D=1+ L1 JORN a2 (12.56)

12.5.1 Highpass T-Network with Auto-Transformer Action Example

In order to examine how adding magnetic coupling between the two inductors in
a highpass T-network can impact its performance as an impedance matching net-
work, consider a design with parameters identical to those specified in Table 12.1.

The lowest-loss highpass T-network gain with no inductor coupling, as in Figure
12.54(a), is shown in Figure 12.55(a). Allowing for mutual coupling between the
two inductors, as in Figure 12.54(b), the lowest network loss achievable is shown
in Figure 12.55(b).

Element values for the two networks are provided in Table 12.16.

Comparing the network characteristics in Figure 12.39 for the lowpass 7w and
those in Figure 12.55 for the highpass T-network, they are seen to be very compa-
rable. As with the m-network, the T-network also shows a significant improvement
in performance with the introduction of mutual inductor coupling. As previously,
the magnetic coupling component markedly reduces the network insertion loss and
significantly widens the bandwidth of the impedance match.
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Figure 12.55 Highpass T-matches without and with mutual inductive coupling: (a) uncoupled
highpass T-match, and (b) coupled-inductor highpass T-match.

Because this network has highpass characteristics, its attenuation characteris-
tics are expectedly poor, as shown in Figure 12.56(a). Unfortunately, as with the
m-network, the high-side attenuation is further reduced by the coupling, as shown
in Figure 12.56(b).

In a PA matching application, this will commonly require some additional “trap-
ping” to be added to the network to further reduce harmonic emissions arising from
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Table 12.16 Highpass T-Network
Element Values

Uncoupled Highpass T Match

k=0

C, = 6.166 pF

L,=0.8nH

L,=1.35nH

Coupled-Inductor Highpass T Match
k=0.7

C, = 15.226 pF

L,=2.4nH

L,=0.907 nH
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Figure 12.56 Highpass T-matches without and with mutual inductive coupling: (a) uncoupled

highpass T-match, and (b) coupled-inductor highpass T-match.
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nonlinear mixing in the PA. This will incur some additional insertion loss, which will
somewhat reduce the passband insertion loss advantage of coupling in the network.
Figure 12.57 shows the passband and wide-bandwidth response of the highpass
T-network with a second-harmonic trap implemented on inductor L.
The modified element values for the network are given in Table 12.17.
Comparing with the bottom of Table 12.16, it can be seen that implementing
the frequency trap on inductor L; again requires significant modification in the ele-
ment values in the matching network. Also, comparing Figure 12.55(b) and Figure
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Figure 12.57 Coupled-inductor highpass T-match with a second-harmonic trap on L;: (a)
coupled highpass T-match passband, and (b) coupled highpass T-match wideband.
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Table 12.17 Highpass T-Network
Element Values with a Second-
Harmonic Trap on L4

k=10.7
C;=39.38 pF
Ly=2.4nH
Cpy=3.274 pF
L,=0.807 nH

12.57(a), the maximum passband insertion loss is seen to increase by >0.1 dB. This
is a much smaller increase in insertion loss than was observed with the comparable
m-network case. Comparing Figure 12.42(a) with Figure 12.57(a), the insertion loss
for the T-network is seen to be ~0.15 dB less than for the equivalent 7-network.

Comparing the high-side responses for the two networks with L, traps, the rejec-
tion characteristics are virtually the same. Thus, if the shunt inductor is not required
to be used for PA bias, with second-harmonic trapping on the series inductor, the
highpass T has a performance advantage over the lowpass @ when the inductors
are mutually coupled.

These results taken together with the observations at the end of the previous
section suggest that the highest-performance matching network architecture would
be one with a conventional harmonic termination and bias inductor, followed by a
highpass T-network with an L, trap.






Considerations of Single-Phase Versus
Multiphase Power Amplifiers

RF power amplifiers (PAs) for mobile applications may employ a single chain of
amplifiers or multiple chains of amplifiers with varying phase relationships. As
mentioned in Chapter 9, the single-chain architecture is commonly referred to as
single-ended. An example of a simplified single-ended PA output architecture is
shown in Figure 9.1.

For the multiphase configurations, the two most popular phase relationships
employed between the varying amplifier chains are differential (180°) and quadra-
ture (90°). An example of a simplified differential output matching architecture
employing coupled inductors for the 180° phase splitting and combining is shown
in Figure 9.2.

Quadrature PA architectures are commonly referred to as balanced PAs. A
simplified block diagram of a balanced PA architecture is shown in Figure 13.1.

Common choices for the quadrature splitter and the quadrature combiner are the
branch-line coupler or the Lange coupler. The balanced architecture has the advan-
tage of extremely low input and output reflection coefficients across the operational
bandwidth of the couplers, independent of the amplifier characteristics (assuming
the two PAs are identical). Power incident on the inputs or outputs of the ampli-
fiers is absorbed by the two loads Z,. The balanced PA architecture is not widely
employed in handset applications as the couplers typically require a relatively large
area to implement. Nonetheless, it has found some application as it has another
advantage, namely, reduced power output variation with load mismatch. This aspect
is explored in some detail in Chapter 4 of Volume 2 of this series.

In addition to the three principal classes of PA architectures above, there are
also limitless other variants with two or more PA chains and varying phase angles
between each of the chains. Several of these are covered in later chapters in this
book. Each has its own advantages and disadvantages.

Quadrature Quadrature

RF, 1 Coupler | I Coupler | Z,
I 0°

Figure 13.1 Simplified block diagram of balanced PA architecture.
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Having selected a particular PA architecture for an application, the design
engineer must then decide upon the most effective way to implement the design.
Invariably, there is no single way to implement an RF circuit function and the engi-
neer must make a trade-off between size and performance. For mobile applications,
such as cellular handsets, size is critical, but because battery power is limited, PA
efficiency is equally important. The engineer is therefore always faced with the
challenge of trading off size versus performance.

Because single-ended and differential architectures are by far the most common
choices for PA matching output networks, in today’s mobile applications, we focus
on the characteristics of each and how they compare in the next section.

13.1 Considerations of Single-Ended Versus Differential
PA Architectures

Even among veteran RF PA designers, frequently the relative merits and drawbacks
of single-ended versus differential output PA matching is poorly understood. More
often than not, this is due to a prejudice or familiarity that one group of designers
has for one of the architectures, which results in the other never being considered.
This can be a missed opportunity for the design. In this section, we try to clarify
the similarities and differences between the two architectures to enable the engineer
to make a more informed choice.

The single-ended lowpass PA output matching network of Figure 9.3 is imple-
mented with discrete reactive elements. In comparison, the differential PA output
matching architecture of Figure 9.2 is implemented with coupled inductors, fre-
quently referred to as “transformers.” The use of “transformers” for implementing
a differential design is often taken for granted by many designers. However, this
need not be the case, as a transformer can also be used in a single-ended design.
Equally, a differential phasing network comprising only discrete (i.e., uncoupled)
reactive elements can also be used in place of a transformer in a differential design.
One example of a lumped-element differential combiner/splitter is shown in Figure
13.2. Other versions, their design details, and their potential use in PA matching
networks are detailed in Chapter 15.

Before delving into a detailed comparison of the basic characteristics of single-
ended versus differential designs, it is instructive to first consider how a transformer
is implemented in a typical high-frequency RF circuit.

Figure 13.2 One version of a lattice differential combiner/splitter.
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13.2 Comparative Aspects of Single-Ended Versus Differential
PA Architectures

To be able to make the optimum design choice between a single-ended or a dif-
ferential PA architecture, it is important to understand fully the relative merits of
each. Unfortunately, this is frequently not the case and conclusions are based on
incorrect assumptions.

Two of the most common misconceptions, frequently cited in claims, that a dif-
ferential PA architecture has inherent advantages over a single-ended architecture are:

1. A differential solution in which the combining and splitting networks are
implemented using coupled inductors is inherently wider bandwidth than a
single-ended version.

2. A differential design has 4 times the input impedance of a single-ended design.

Neither of these statements is correct.

The first misconception is largely attributable to the poor but widely-repeated
description of a coupled-resonator RF network as a transformer. This was covered
in detail in the previous section. The term “transformer” is associated with a wide
(ideally infinite) bandwidth device since their sole defining parameter (i.e., turns
ratio) is frequency-independent. In actuality, the coupled-resonator network has fre-
quency-limiting characteristics similar to those of any other reactive RF component.

The first misconception is additionally inappropriate for the simple reason that
a coupled-resonator network can equally be used for implementing an impedance
transformation in a single-ended architecture. A differential PA architecture is not
required for a coupled-resonator network to be made use of for impedance match-
ing purposes.

Figure 13.3 shows a single-ended PA output network with a coupled-resonator
network for impedance matching on the output of the amplifier. The voltage at the
output of the coupled inductors network is double that on the input at the output
of the PA. From power conservation, this implies the impedance level at the output
of the resonators is 4 times that on the input (i.e., the PA output impedance).

The second misconception concerns input impedance. The source of the confu-
sion here is more subtle. The network input impedance is the output loading imped-
ance on the PA. This is a critical parameter for all RF PAs used in mobile devices. As
discussed in Chapter 9, due to the low battery voltages available in mobile devices,
sufficient RF output power can only be generated at a low impedance level. Because
the power must be fed to an antenna with a usual input impedance of 50Q, this

1.2 12Q

Figure 13.3 Single-ended PA with coupled inductors output impedance setup.
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requires a matching network between the PA output and antenna to match these
disparate impedances. Typically, a setup in impedance > 10:1 is required.

In general, the greater the impedance setup required for the network, the lower
its operational bandwidth and the higher its insertion loss. It would therefore be a
significant advantage for a differential network if it could truly provide a PA out-
put impedance 4 times higher than a single-ended architecture. Unfortunately, this
advantage is illusory and results from a misinterpretation of circuit theory.

By way of example, consider a PA with an output impedance of 3Q. If a cou-
pled-resonator network with a voltage setup ratio of 7:1 is connected directly on its
output, as in Figure 13.4(a), the transformed impedance at the output of the reso-
nators will be 3 #* Q. If we now take the same PA output periphery (i.e., active cell
output area) and divide the output cells into two groups, I and II, each group will
have an output impedance of 6Q. If the signal input to one of the PA groupings is
then phase-shifted by 180°, the two outputs will form a differential drive that can
be applied directly to the same coupled-resonator pair as in the single-ended case.
Such a network is shown in Figure 13.4(b). Note that, for this case, the output
impedance is 12 #* Q, an increase of 4 times over the single-ended configuration
of Figure 13.4(a).

Figure 13.4(a, b) might seem to support the conjecture that a differential PA
architecture has a 4 times increase in output impedance over a single-ended one.
However, the increase here is not due to the differential nature of the network, but
simply to dividing up the output cell groupings. To understand this, refer to Figure
13.5(a, b).

Figure 13.5(a) shows a single-ended PA and coupled inductor network essentially
equivalent to the differential network of Figure 13.4(b) and having the same higher
output impedance of 12 #* Q. The PA periphery is the same, as are the two inductors
and mutual coupling coefficients assumed for the two. The sole difference between

| 60 1:n 127 Q

©) (b)

Figure 13.4 PA with single-ended and differential output configurations: (a) single-ended PA,
and (b) equivalent differential implementation.

1:0 12119 60 1.0 1270
30 2
D 8 o] 8
(b)

(a)

Figure 13.5 Single-ended PA with split outputs to coupled inductors: (a) single-ended PA, and
(b) coupled inductors.
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Figure 13.4(a) and Figure 13.5(a) is that the primary inductor has been split in two,
with the two halves being driven in anti-phase by the single PA. The periphery of
the single PA could even split into two groups, as in the differential case, with each
output similarly driving the two halves of the split primary inductor in anti-phase.
This configuration is shown in Figure 13.5(b). Comparing Figure 13.4(b) to Figure
13.5(b), we can see that there is little difference between the two. The active output
cells of the PA experience identical voltage and current excursions in both cases
and have exactly the same loading. The true impedance on the cells is unchanged
between Figure 13.4(b) and Figure 13.5(a, b).

It is easy to draw the wrong conclusion from Figure 13.4(b) regarding the poten-
tial impedance advantages of a differential PA architecture over a single-ended one.
The impedance across the primary resonator is 4 times higher than a single-ended
PA with equal total periphery. However, this is not comparing like impedances. The
higher impedance is a differential impedance; it should not be compared directly
with a single-ended one. Because the load is generally single-ended, not balanced,
any differential impedance must be transformed back into a single-ended imped-
ance for valid comparison.

In the differential case, rather than viewing the drive to the primary resonator
as a single balanced impedance with an impedance 4 times that of a single PA, it is
more appropriate to view the drive as two independent single-ended PA chains hav-
ing 2 times the impedance of a single PA, as shown in Figure 13.6. Note, however,
that the coupled inductors in each track only provide an impedance transformation
ratio of 7%, which is identical to the single-ended case. For this reason, we should not
expect any bandwidth advantage of the differential PA architecture, with coupled-
inductor matching, over a similar single-ended one.

In summary, the sole reason that the primary impedance in a differential PA
architecture is higher results from dividing the output periphery of the PA. It is not
inherent in the differential architecture itself. Regardless of the relative phasing, the
PA output periphery can be and sometimes is actually divided into more than two
groups and each of the outputs combined via multiple pairs of coupled inductors
or discrete elements. If the output periphery is divided into N groups, the output
impedance of each will be increased by a factor of N.

13.3 Additional Comments on Single-Ended Versus Differential
PA Architectures

As discussed in the section above, differential PA architectures have no inherent
bandwidth or impedance advantages over single-ended ones. Coupled inductors

[ 6Q 1:n ,60Q

6nQ

Figure 13.6 Differential amplifiers transformation ratios.
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can equally be used for impedance transformation in both types of architecture.
Likewise, differential PA architectures can be very effectively realized with LC
networks, entirely devoid of any magnetic coupling.

If differential PA architectures do not effectively raise the PA loading imped-
ances, are there alternatives that could? There are two, but, unfortunately, neither
is practical. The two possibilities that exist are: (1) reduce the PA output power,
or (2) raise the supply voltage. The PA output power is invariably a requirement
of the application and thus cannot be arbitrarily reduced. The low battery voltage
in a mobile device can be increased by an inverter, but these have challenges with
noise, size, and efficiency.

What, if any, then are the potential advantages for a differential PA architecture
over a single-ended one? Three possibilities are:

1. The bias inductor for supplying DC power to the output stages can be very
small, without impacting insertion loss or degrading power-supply rejection
on the supply rails.

2. The differential architecture permits the second-harmonic responses to be
terminated without having to trade off passband insertion loss. This was
demonstrated in Section 10.7 with the all-pass bridge-T lowpass network.

3. InFigure 13.4(b), it can be observed that ideally there is no returning ground
current at the center of the primary inductor, as it is a voltage null. This
eliminates any voltage drop attributable to finite resistivity of ground vias
that could potentially improve PA gain and reduce insertion loss.

Unfortunately, there are also potential disadvantages to a differential architecture:

1. A differential PA architecture typically requires a larger active die area than
single-ended in order to implement the two preliminary and output ampli-
fier chains.

2. Coupled inductors for output combining may occupy larger substrate or die
(active or passive) area than discrete elements in single-ended design. There
are similar size concerns for the differential input splitter.

3. For optimum performance, care must be taken in layout to ensure that split-
ter and combiner coupled inductors are both truly differential.

4. Given size constraints, it is not practical to achieve tight magnetic coupling
between printed inductor traces without also having significant interwinding
capacitance. The latter can have important impacts on design and perfor-
mance that are examined in detail in volume 2 of this book.

Because differential PA designs commonly employ coupled inductors for combin-
ing the two out-of-phase signal paths, one further disadvantage of the architecture
might be added. Namely, the design, layout, and optimization of coupled-inductor
elements is invariably more complex than a design based on discrete components.
Lengthy EM simulation is invariably required. However, in volume 2, it is shown
how differential designs can also be implemented very effectively with only discrete
components, in which case, this disadvantage does not apply.
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One final point to bear in mind is that a coupled-inductor combiner and imped-
ance transformer generally do not provide the full impedance transformation required
to match a mobile PA output to the output/antenna. As mentioned earlier, this ratio
is typically ~10:1. A second single-ended impedance match, typically using discrete
elements, must be added on the output of the secondary inductor to provide the
additional output impedance match. For an optimized performance, the designer
must decide the proportion of the impedance match to assign to the coupled induc-
tors, and the portion to the single-ended match.






Classic Coupled-Inductor Matching for
Differential PAs

14.1

In this chapter, we consider the “classic” application of coupled inductors to imped-
ance matching and combining of the outputs of differential PAs. The term “clas-
sic” here refers to the transformer-like manner in which the coupled inductors are
connected transverse to the signal path as in Figure 14.1. The outputs of both PAs
are applied to the primary inductor and all RF energy transfer to the output is via
magnetic coupling between the inductors. This is similar to their use for the single-
ended case matching as described in the previous chapter.

The following chapter details how coupled inductors may also be used in an
in-line architecture for the output matching of differential PAs.

Basic Differential Coupled-Inductor Design

Figure 14.1 shows a basic schematic of a differential PA matching combiner architec-
ture employing coupled inductors. As with the similar single-ended PA architectures
in Figure 12.4, shunt input and/or output tuning elements are generally required to
match the network to the external impedances.

In the schematic, the two input drive voltages, V; and Vy,, represent the output
signal voltages from two PAs. In the neighborhood of the passband, if the input
voltages have a differential relationship, then

(fundamental and odd) Vsi ==V (14.1)

This relationship is relatively true for all the odd harmonics, generated as a
result of internal nonlinear mixing.

In contrast, the even-harmonic frequencies, also generated by nonlinear inter-
nal mixing in the amplifiers, will generally be in-phase in the two tracks. Thus, for
even-harmonic frequencies,

V.
AW s
Cs: pu— C
Vo 2z,
)W >

Figure 14.1 Differential PA matching architecture with coupled inductors.
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Va1 = V2 (14.2)
For the general case, the two source impedances are assumed to be equal, that is,
Zg =Zs, (14.3)

In some less common examples, both the voltages and impedances of the two
amplifiers might differ between the tracks. One motivation for this is if there is
a need for improved backed-off efficiency of the PA, in which case the amplifiers
might be sized differently and one turned off in low-power mode.

As with the single-ended matching analyses in Chapter 12, an inductor Lg may
be added in series the input tuning shunt capacitor, Cg, to implement a desired
harmonic termination. For the differential case, however, rather than being able to
terminate the second-harmonic frequencies, the trap can only be used for terminat-
ing odd harmonics.

Neglecting any interwinding capacitance, as discussed in Chapters 10 and 12,
the differential input voltages (Equation (14.1)) result in the center point of the
input resonator L; being a virtual ground in the passband. This thus provides a
convenient network node for applying an external DC voltage to bias the output
stages of the two PAs, without significantly perturbing the RF characteristics of
the network. It also has the advantage that the bias inductor does not need to be as
large as required in the single-ended case to avoid causing passband insertion loss
(see Chapter 9). As shown in Figure 14.1, this is typically via a bias inductor L,,
frequently in combination with a shunt capacitor C,,.. The capacitance C,, is included
to provide a low impedance on the output of the amplifiers for frequencies around
the second harmonics of the passband.

For the differential PA case, the coupled inductors have two functions:

1. They combine the two out-of-phase inputs into a single output. As discussed
in Section 5.4, a three-port network used for this purpose is generally referred
to as a balun.

2. They increase the line impedance on the output from that on the two
input lines.

In Section 2.9, expressions for all the key performance characteristics of a
three-port network are given in terms of the network S-parameters. Moreover, in
Appendix D, the full four-port S-parameters are provided for a pair of coupled
inductors, including a shunt capacitor across the primary inductor. Unfortunately,
the S-parameters are very unwieldly and not useful for network synthesis. Fortu-
nately, such complexity is not required as, due to the top-to-bottom symmetry of
the architecture, the design and analysis can be reduced to that of only a two-port,
single-ended PA. Effectively, each of the two amplifier chains can be viewed as
operating independently into a single-ended load.

The analysis and synthesis of the differential network of Figure 14.1 are reducible
to a two-port, single-ended problem using an even/odd-mode analysis, as described
in Section 10.4. For the odd-mode drive (Equation (14.1)), the center point of the
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primary inductor, Ly, is a virtual ground. Thus, the odd-mode equivalent circuit is
as shown in Figure 14.2(a).

For the even-mode drive (Equation (14.2)), no current flows between the two
amplifier chains. Equally, because the currents flowing into the primary at ports
1 and 2 are equal and opposed, there will be no net current flow in the secondary
inductor L,. Thus, the even-mode equivalent circuit for the network is as shown
in Figure 14.2(b).

For element synthesis, first consider the odd-mode circuit. By analogy with
Section 12.2, if k is the mutual coupling factor between the inductors, ignoring
elemental resistive components, L, is determined as

kKR, /G — (1- k) oL X, — J((/ez/c;s)2 -(0- kz)le)z) R} - 2(1- &) k0L X, R, /Gg

I, =
’ »* (1 - k2)2 L,
(14.4)
and the shunt input tuning capacitor Cy is determined as
‘.- ((2/wL1 ~ (1~ K)Bg)R, - (1- &?) GSXL)a)L2 ~ (R} + X})Gy s

207 (1- k)R, Ly

where @ = angular design frequency.

For a solution to exist to (14.4), the argument of the square root must be > 0.
This leads to a constraint on the maximum value permissible for the independent
variable ;. We find

—X, /R, + 1+ X}/IR?
ol < : (14.6)
(/&> - 1) G;

Analogous to Section 12.2, if a low input impedance is required at the third
harmonic, an inductor Lg may be added in series with capacitor Cs. Denoting the
frequency at the center of the passband by @, and that at the center of the third-
harmonic band by @;, the modified capacitor value, and that of the inductor, are
given by value

s 7 22 Ve 7,
26T L2 L,/2
C/2
{ 1
(@) (b)

Figure 14.2 Differential PA architecture odd-mode and even-mode schematics: (a) odd mode,
and (b) even mode.
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C; = (1 - (wO/w3)2)CS (14.7)

1

Finally, considering the even-mode circuit, achieving a low impedance at the
second-harmonic frequency requires

_Ly+4L,

" 40lL,L,

(14.9)

As with the single-ended, coupled-inductor match of Chapter 12, analysis of the
network is most easily achieved by determining the [ABCD] parameters for each
of the two equivalent networks in Figure 14.2.

14.1.1 Basic Differential Coupled-Inductor Design Example

In this section, we apply the design and analysis formulae of the previous section
to a practical differential PA design, in order to illustrate the basic performance
capabilities of this type of matching architecture.

For simplicity, we take both source and load impedance as purely real, together
with the additional network parameters given in Table 14.1. Note that the out-
put impedances of the two differential amplifiers, Zg, are both set to 8Q, while
the single-ended load impedance is assumed to be 50Q. This is equivalent to the
single-ended impedance of 4Q for the coupled-inductor design analysis in Chapter
12. Both amplifiers are assumed to have the same output power (i.e., |Vg| = | Vsy|).

With these values, from (14.6), we determine

Limax = 0.655 nH (14.10)

Table 14.1 Differential Coupled-Inductor
Impedance Match Parameters

Design Parameters

Mutual coupling, k = 0.7

flo fhi

1,710 MHz 2,025 MHz
leo fzhi

3,420 MHz 4,050 MHz
i f3ni

5,130 MHz 6,075 MHz
ZSl = ZSZ = SQ ZL = SOQ

Inductors, Q; = 60 Capacitors, Q¢ = 100
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which is ~4 times L; maximum for the comparable single-ended case, given in
(12.19). This is to be expected as the effective source impedance across the primary
inductor 2 x 8 = 16Q, is 4 times that of the single-ended case.

First, we investigate how the maximum passband insertion gain (Py./P,y.i1)
varies as a function of the independent variable L. This dependence is shown in

Figure 14.3

(a).

P (dB) Gain (Rs=8.,RL=50.,k=0.7)
0

Figure 14.3
inductance L,

0.1 0.2 0.3 0.4 0.5

0.6
L, (nH)
(b)

Differential insertion gain and secondary inductance dependence on primary

: () gain, and (b) secondary inductance.
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It can be seen that the lowest insertion loss ~0.73 dB occurs for a value of L, =
~0.56 nH, which is approximately 15% below the maximum possible value given
by (14.6). The optimum gain is close to that of the single-ended case. The optimum
value for L, is ~4 times that of the single-ended case in Section 12.2.1.

Figure 14.3(b) shows the required value for the secondary inductance L,, as a
function of L. The dependence is almost identical to that for the single-ended case,
except for the primary inductor value being scaled by 4 times.

The ratio L,/L,, as a function of L, is presented in Figure 14.4 for the differ-
ential case. This can be compared to the comparable single-ended data in Figure
12.17(a). Due to the equivalent source impedance being increased by a factor of 4,
L, is increased by the same factor. This results in the ratio L,/L; being decreased
by 4 times. The reduced L,/L, ratio helps to make the differential layout more prac-
tical. However, it should be remembered, as noted elsewhere, that this advantage
derives from dividing the output cells into two groupings, not from the differential
phase relationship per se.

For the optimum value of L;, the network element values are as shown in Table
14.2.

The corresponding passband insertion gain and input impedance Cartesian
dependencies are shown in Figure 14.5. The input and output reflection coefficients
for the network are shown in Figure 14.6.

L, /L, L,/L, Inductance Ratio (Rs=8.,RL=50.,k=0.7)
12

10 -

0 T T T T
0.1 0.2 0.3 0.4 0.5

0.6
L; (nH)

Figure 14.4 Differential secondary to primary inductance ratio.

Table 14.2 Optimum Differential
Coupled-Inductor Element Values

Element Values
L,=0.56 nH L,=4.703 nH
Cy=15.968 pF
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Figure 14.5 Differential coupled-inductor network gain and impedance: (a) gain, and (b) input

impedance.

These responses demonstrate that a differential coupled-inductor network is
capable of providing the desired impedance transformation across ~17% fractional
bandwidth with good characteristics. The insertion loss is relatively flat and the
input and output reflection coefficients are well behaved.

With the differential impedance network of Figure 14.1, the termination across
the PA outputs across the second-harmonic band can be designed close to a short
circuit. This is achieved by setting the value of C;, according to (14.9). Because the
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f-max
2025. MHz
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Figure 14.6 Differential coupled-inductor network input and output impedances: (a) input
impedance, and (b) output impedance.
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center point of primary inductor L, is effectively a ground for the odd-mode passband
frequencies, this does not result in additional passband loss, as in the single-ended
case. The input reflection coefficient of the network across the second-harmonic
band is shown in Figure 14.7 for L, = 0.3 nH and C;, = 19.02 pF.

The responses above are all without the additional trap inductor, Ly, in Figure
14.1, to provide an optional low impedance to the PA output stage across the third-
harmonic band. The associated input third-harmonic reflection coefficient of the
network is shown in Figure 14.8(a).

If the value of Cg is modified according to (14.7), and the inductor Lg is intro-
duced in series as determined by (14.8), the reflection coefficient across the third-
harmonic band becomes that shown in Figure 14.8(b). As desired, the impedance
across the full third-harmonic band is now effectively a short circuit across the
full band.

Figure 14.9(a, b) show the corresponding passband characteristics of the network
with the third-harmonic trap. Introducing the trap increases the passband insertion
loss and impedance variation across the passband, although only modestly. This
can be seen by comparing these figures with those in Figure 14.5.

Because the trap resonance is at the third harmonic and not the second as in
the single-ended case, the deleterious effects in the passband are much reduced
compared to the latter.

In determining the above responses, a mutual coupling factor £ = 0.7 was
assumed throughout. The bandwidth of the impedance match achievable with the
coupled-inductor architecture is critically dependent on this parameter. For the real
6.25:1 impedance transformation ratio specified by the parameters in Table 14.1,

3420. MHz
PVW

Figure 14.7 Differential second-harmonic band input reflection coefficient.
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Figure 14.8 Differential network third-harmonic input reflection coefficients: (a) no trap, Cs

only, and (b) with trap, Cs + Ls.
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Figure 14.9 Differential network gain and impedance with third-harmonic trap: (a) gain, and
(b) input impedance.

the maximum possible value for the primary inductance L can be determined from
(14.6) as a function of the coupling factor. This dependence is shown in Figure 14.10.

Note that the maximum possible value for L, drops precipitously with a reduced
coupling factor. The consequence of a reduced primary inductance is a significant
reduction in the bandwidth of the impedance matching characteristics. To illustrate
this, consider the network response with identical parameters to those of Table 14.1,
but with a mutual inductance value, k = 0.55. In this case, the maximum value for
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Figure 14.10 Maximum primary inductance versus coupling factor.
the primary inductance L, is limited to ~0.30 nH. A value L; = 0.28 nH is found
to result in the best characteristics.
For this reduced coupling factor, insertion impedance and input impedance
responses, corresponding to those of Figure 14.5, are shown in Figure 14.11.
Comparing these figures reveals a significant degradation of the characteristics
of the differential network with the reduced coupling factor. This illustrates how
critical it is to be able to achieve a high magnetic coupling factor for the coupled
inductor impedance match for the network to be viable.
14.2 Differential Coupled Inductors with Interwinding Capacitance

As discussed previously, a high magnetic coupling coefficient, k, is essential for a
coupled-inductor impedance match, whether for single-ended or differential. Ide-
ally, £ = 1 would be ideal, but, unfortunately, this is not achievable. In practice,
with typical printed inductor layouts, |k| < ~0.7.

To achieve the higher coupling values, the inductor traces must be very close
together in order for the magnetic fields associated with the currents flowing in
each inductor to overlap. As mentioned in Section 13.1.2 and elsewhere, this has
the unfortunate side effect of also resulting in significant interwinding capacitance
between the traces. This can have important consequences for the performance of
the impedance match, particularly at frequencies above the passband.

A differential coupled-inductor impedance network in addition to transform-
ing impedance must also function as a balun. Looking at the network in reverse,
this means that a signal entering the output (single-ended) port must be split by the
network into two equal-amplitude but anti-phase outputs on the differential ports.
With no interwinding capacitance, as in the previous section, the top-to-bottom



14.2 Differential Coupled Inductors with Interwinding Capacitance

303

P g:iB} Gain (Rs=8.,RL=50.,k=0.55)

14 | e—del/Pavail
- = =P_delP_in

1710 1760 1810 13.60 1910

1960

2010

Frequency (MHz)

(a)

Real (Q) Zins (Rs=8,,RL=50.,k=0.55)

A2

Zin_real
= = =Zin_imag
T

1710 1760 1810 1860 1910

1960

2010

Frequency (MHz)

(b)

Figure 14.11 Differential coupled inductor network gain and impedance: (a) gain, and (b)
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symmetry of the network ensures symmetry of the reverse outputs. There is a voltage
null at the center of the primary inductor L,, for all odd-mode inputs, which includes
the passband. For even-mode inputs, which includes the second harmonic, there
is no net current flow down L; and thus no induced current flow in the secondary
inductor L,. These characteristics greatly simplify both the analysis and synthesis
of the network. Unfortunately, they no longer hold in the presence of capacitive

coupling across the inductors.
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With interwinding capacitance between the two inductors, there is a direct
signal transmission path between the two differential ports and the single-ended
port independent on the magnetic coupling. On the primary inductor side, there
is top-to-bottom symmetry. However, on the secondary inductor side, this is not
the case as one terminal is grounded. There are several consequences to the lack of
secondary symmetry in the presence of capacitive coupling:

1. The mid-point of the primary inductor L; is generally no longer a vir-
tual ground.

2. The input impedances on the two terminals of L; will, in general, be unequal.

3. RF energy incident on the secondary single-ended terminal of L, will not,
in general, be split with equal amplitude and 180° phase on the two termi-
nals of L;.

4. With a lack of top-to-bottom symmetry, both the network analysis and
synthesis are significantly more complex.

In the presence of an interwinding capacitance Cy and the lack of an overall
top-to-bottom symmetry, even with a pure differential drive, the virtual ground
location on the primary inductor L; does not necessarily coincide with the center
of the inductor. However, ideally, the bias network should be located at the virtual
ground. A further consequence of the asymmetry is that the input impedances on
ports 1 and 2 can no longer assumed to be equal. In addition, if the bias node is
not appropriately located at the virtual ground location, the two input impedances
will become dependent upon the bias network.

Referring to Figure 14.1, it is clear that, in the presence of any capacitive coupling
between inductors L, and L,, port 1 will be more tightly coupled to the ground
than port 2, due to the single-ended nature of the output load. Hence, it should be
expected that the minimum voltage point along L, in the presence of interwinding
capacitance will be shifted down from its center.

Any useful circuit model to be the basis for analyzing the characteristics of a
coupled-inductor pair network model, with interwinding capacitance, must allow
for a noncentral location of the bias network on L,. To this end, the architecture
of Figure 14.1 is generalized to that shown in Figure 14.12.

In the generalized differential configuration of Figure 14.12, the bias network
node is located a distance oL, from the bottom of the inductor, (0 < < 1).

The top coupled-inductor sections have inductances (1 — o)L and (1 — «)L,,
with an interwinding capacitance Cy,, where

:sz ZSJ_ . Z,

¢

g
V h
@y

S

Figure 14.12 Differential PA matching architecture with coupled inductors including
interwinding capacitance and input bias node.
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Cx2 = (1-0)Cx (14.11)

The bottom coupled inductor sections have inductances «l.; and oL,, with an
interwinding capacitance Cy,, where

CXl = OCCX (14.12)

and Cy = total interwinding capacitance.

These two discrete capacitors are assumed to be located at the center of each of
their respective sections. The coupled-inductor network in Figure 14.12 is assumed
to be identical to that in Figure 14.1 except for the inclusion of the interwinding
capacitance Cy.

As stated above, synthesis and analysis of the differential coupled-inductor net-
work with interwinding capacitance are greatly complicated by the lack of symmetry.
An important consequence of this is the number of dependent variables required to
synthesize the network element values. With no interwinding capacitance, by virtue
of the symmetry and the assumption of a differential drive, the input impedances on
the two differential ports are necessarily identical. Thus, to synthesize the network
elements required for an input match, only two dependent variables are required.
The two elements are sufficient to allow both the real and imaginary input match-
ing equations to be met on ports 1 and 2, that is,

RIZ:} = Ry (14.13)
and
S{Zint = X5 (14.14)

where source impedance, Zg= Rg+jXs, and R{ } I{ } represent the real and imagi-
nary parts of the argument, respectively.

With interwinding capacitance between the inductors, however, and the result-
ing loss of top-to-bottom symmetry, a minimum of four, rather than two, equations
must now be satisfied. Equations (14.13) and (14.14) must now be independently
satisfied for the unequal impedances on ports 1 and 2, at the top and bottom of L.
Assuming that the primary inductance L, is again taken as an independent variable
and L, and Cgremain dependent variables, a minimum of two more variables must
be introduced in order to be able to satisfy the four equations.

With no interwinding capacitance, the center point of inductor L, is a virtual
ground when the inductor is driven by a differential input, as in the passband. Thus,
the impedances on ports 1 and 2 are completely independent of any loading at the
center point of the inductor. This attribute is usually taken advantage of to apply
bias to the amplifier output stages through a small inductor L,, as in Figure 14.12.

With interwinding capacitance, however, the center point of inductor L, is no
longer a virtual ground, and thus reactive loading at this point will generally affect
the input impedances on ports 1 and 2. The effect on the two impedances will
depend on both the value of the reactive loading and where it is located along the
inductor. There should be no expectation that the optimum location for the reactive
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loading is at the mid-point of L;. Referring to Figure 14.12, it is clear that, in the
presence of any capacitive coupling between inductors L and L,, port 1 will be
more tightly coupled to the ground than port 2, due to the single-ended nature of
the output load. Hence, it should be expected that the minimum voltage point along
L in the presence of interwinding capacitance will be shifted down from its center.

Therefore, the two additional variables to try to achieve a simultaneous input
match on ports 1 and 2 are o and X, where a quantifies the location along the
inductor L; where a susceptive loading is located and X, is its value. The suscep-
tance comprises elements L, and C,,.

It is all too often the case that a designer seeking to optimize a coupled-inductor
match on the output of a PA limits the scope of the optimization by assuming that
the bias feed inductor must be located at the center of the primary inductor. This
predisposition is driven by the belief that the center of the inductor is a voltage null.
Because this assumption is incorrect in any practical layout, in which there is finite
interwinding capacitance, a truly optimized design cannot be achieved with even
the best design software package. It is essential that the value of the bias inductor
and its position on the primary inductor must be input as variables to arrive at a
truly optimized design. Failing this, the design will have to incorporate some design
asymmetry between ports 1 and 2 to achieve a simultaneous match on the two ports.

Equations for the full analysis and synthesis of the coupled-inductor network of
Figure 14.12 are given in Appendix G. As discussed above, due to the lack of sym-
metry, their computation is very involved relying on the definition of many inter-
mediate variables. While the equations might require too much effort for a typical
RF design engineer to implement in practice, they can actually be of great use in
understanding key characteristics of a coupled-inductor match with interwinding
capacitance. The improved understanding of the network that results can signifi-
cantly benefit any design approach to optimizing the performance of the structure.

The equations of Appendix G were implemented in an Excel workbook and
applied to a coupled inductor matching network analogous to that in the previous
section. The key aspects of that analysis are presented in the following section.

14.2.1 Differential Coupled Inductor with an Interwinding Capacitance
Design Example

This section focuses on the ways in which interwinding capacitance between a pair
of coupled inductors can have significant impacts on network performance. To illus-
trate these, consider the design of a matching network with identical parameters to
those of Section 14.1.1, but with the addition of an interwinding capacitance Cy.
These parameters are listed in Table 14.3.

With no interwinding capacitance and no susceptive loading on L, the imped-
ances on the two input ports 1 and 2 are necessarily identical. The key characteristics
of the network are those shown in Figure 14.6. However, with finite interwinding
capacitance between the inductors, the network characteristics become much more
complex. Maintaining L; = 0.56 nH, and with no susceptive loading on L,, the
synthesis equations can only be used to determine optimized values of L, and Cg
for an input match on either port 1 or port 2. There is an insufficient number of
variables to allow for a simultaneous match on both input ports.
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Table 14.3 Differential Coupled-Inductor
Impedance Match Parameters

Design Parameters

Mutual coupling, k= 0.7

Cross-coupling capacitance, Cy = 4 pF

flo fhi

1,710 MHz 2,025 MHz
leo fzhi

3,420 MHz 4,050 MHz
f3|0 f3hi

5,130 MHz 6,075 MHz
Zg = Zg = 8Q Z, = 50Q

Inductors, Q; = 60 Capacitors, Q¢ = 100

The top of Table 14.4 shows the network values determined to achieve an opti-
mum impedance match on port 1. Conversely, the bottom of Table 14.4 shows the
network values determined to achieve an optimum impedance match on port 2.

Note that these two sets of matching requirements are significantly different.
The result is that, when one port is well matched in the passband, the other is sig-
nificantly mismatched. This can be seen in Figure 14.13.

As a result of one of the ports being badly mismatched in either scenario, the
network exhibits high insertion loss in each case. The corresponding insertion gains
for the network are shown in Figure 14.14.

Rather than optimizing the match on either port 1 or port 2, the network may
be optimized instead to simultaneously minimize the mismatch on the two ports.
The element values for such a compromise match are shown in Table 14.5.

The corresponding key network performance characteristics are shown in Figure
14.15. It can be observed that this does result in significantly reduced insertion loss.

While illustrating some of the complications arising from the presence inter-
winding capacitance in a coupled-inductor matching network, the above elements

Table 14.4 Network Values for Optimum
Match on Port 1 and Port 2, for Cx=4 pF

Match on Port 1

Element Values

k=07 Cy =4 pF

L, =c nH Cs=9.499 pF
L,=0.56 nH L,=1.858 nH
Match on Port 2

Element Values

k=07 Cy =4 pF

L, = nH Cs=15.14 pF
L,=0.56 nH L,=3.398 nH
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Figure 14.13 Differential input reflection coefficients for Cx = 4 pF: (a) match on port 1, and (b)

match on port 2.
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Figure 14.14 Differential insertion gains for L; = 0.56 pF and Cx = 4 pF: (a) match on port 1,
and (b) match on port 2.

Table 14.5 Network Values for
Compromise Match on Ports 1 and

2, for Cx=4 pF

Element Values

k=0.7 Cy =4 pF

L, = nH Cs=12.32 pF

L,=0.56 nH L,=2.628 nH
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Figure 14.15 Compromise match performance parameters, for Cx = 4 pF: (a) input reflection
coefficients, and (b) gain.

and performance parameters neglect any influence of the bias network. In practice,
a finite bias network is invariably required on L;. The bias is usually applied at
the mid-point of the primary inductor L;. However, if interwinding capacitance is
important, such a choice will typically be nonoptimum. Instead, careful choice of
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the bias network, and its position along inductor L;, can provide significant com-
pensation for the deleterious effects of the capacitance, as is demonstrated below.

Before considering how the bias loading on L; might aid the performance of
the coupled-inductor match, it is instructive to first examine how the capacitance
affects the voltage distribution along primary inductor L. Equations are provided
in Appendix G to allow the voltage V- to be determined as a function of o (see
Figure 14.12). The actual voltage distribution along L; with finite interwinding
capacitance will vary somewhat with matching conditions. To understand qualita-
tively the influence that interwinding capacitance has on the voltage distribution,
however, it is sufficient to maintain the same matching element values for Cyx = 0,
for the cases Cy > 0.

Figure 14.16 shows the voltage V/Vs along primary inductor L, = 0.56 nH,
for Cx =0, 2, and 4 pF. These dependencies were again determined with no bias
loading on L, (i.e., X, = 0). With no interwinding capacitance (Cy = 0), the volt-
age is zero at the mid-point, as expected. However, for increasing values of Cy, the
voltage null on the inductor moves down closer to port 1. This is consistent with
expectations, because the lower terminal of secondary inductor L, is grounded and
is more tightly coupled to port 1.

With no interwinding capacitance, it is ideal to place the bias feed at the voltage
null in the center of the primary inductor, where it has no effect on the passband
characteristics. With finite interwinding capacitance, if the bias feed were located at
the voltage null on the inductor, although now further down the inductor, similar
advantages would accrue. However, without additional circuit elements to permit
a simultaneous match on both ports 1 and 2, high insertion losses such as those
shown in Figure 14.14 would be unavoidable.

With interwinding capacitance and no bias loading on L, ports 1 and 2 can-
not be matched simultaneously as evidenced by the data in Figure 14.13. The two
variables I, and Cg provide an insufficient degree of freedom to satisfy the four

Real VelVs Imag
0.4 - 2
0.3 - - 1.5
0.2 - 1
0.1 - 0.5
0 - "I E & & B = = = =
-0.1 Ve_real (OpF) r -0.5
Ve_real (2pF)
0.2 Ve_real (4pF) F 1
= = \c_imag (OpF)
i Ve_imag (2pF) 1.5
0.4 = = Vc_imag (4pF) | | | 2
0.25 0.35 0.45 0.55 0.65 & 0.75

Figure 14.16 Voltage along the primary inductance for differing values of Cy.
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equations required for a simultaneous complex match on the two ports. In an attempt
to remedy this, two new design variables were introduced, that is, the bias reactance
Xy, and its position along the inductor, o.. Unfortunately, the equations of Appendix
G reveal that an exact simultaneous match on the two ports cannot, in general,
be obtained. This is due to the complex interplay of the parameters. Fortunately, a
compromise match can usually be obtained with good characteristics that greatly
exceed those that can be obtained without optimization of the bias feed.

A set of element values for the network that compromises the impedances on
the two input ports with the placement of an inductive loading strategically located
along L, is listed in Table 14.6.

With these values, the input reflection coefficients on ports 1 and 2 are shown
in Figure 14.17(a), and the corresponding network insertion gain is shown in Fig-
ure 14.17(b).

Corresponding input impedances are shown in Figure 14.18.

These results verify that by optimally choosing the value of the reactive loading
of the bias feed on the primary inductor, and adjusting its location, the deleterious
effects of interwinding capacitance can be largely compensated for. In any opti-
mization approach to the network design, therefore, it is important that these two
parameters be incorporated as variables.

Table 14.6 Compromise Differential
Coupled-Inductor Element Values for Cy =

4 pF

Element Values

k=0.7 Cy=4pF
a=0.38 L,=027nH
L,=0.6 nH L,=2.59 nH

Cg=11.617 pF
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Figure 14.17 Compromise differential input reflection coefficients and gain for Cx = 4 pF: (a)
input reflection coefficients, and (b) insertion gain.
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Figure 14.18 Compromise port input impedances for Cy = 4 pF: (a) match on port 1, and (b)
match on port 2.



Lattice Splitter/Combiner

Figure 15.1 shows the common form of a schematic for a lumped-element three-
port network that has found an application for combining or splitting differential
signals. Given the form of the schematic, the network is commonly referred to as a
“lattice balun.” The network comprises two equal capacitors and two equal induc-
tors. The appropriate values for these elements are determined from

L={2RR, /o  and C = l/w2R,R, (15.1)

where R; = impedance at port 1, and R, = R; = impedances at ports 2 and 3. All
external impedances, for the circuit as shown, must be pure real. The real termi-
nating impedances on ports 2 and 3 must additionally be equal. Furthermore, the
network of Figure 15.1 is only capable of splitting or combining two signals with
equal amplitude and a phase difference of 180°. These are critical constraints that
greatly limit widespread applicability of the circuit. However, the circuit topol-
ogy of Figure 15.1 is actually capable of satisfying much more demanding design
requirements than is evident from the limited balun example of Figure 15.1, with
element values determined from (15.1). This becomes clear from a detailed circuit
analysis of the topology.

To understand how the design flexibility of a three-port network, with the topol-
ogy of Figure 15.1, may be expanded, it is instructive to first redraw the network
of Figure 15.1 in the form shown in Figure 15.2(a). Note that the circuits in these
two schematics are entirely equivalent. It is a little clearer now that the top arm
has a series inductor followed by a shunt capacitor, with the elements interchanged
in the lower arm. This still does not shed the light on the true basis for design and
operation of the circuit. For that, we turn to Figure 15.2(b).

In Figure 15.2(b), additional shunt elements are shown, in a lighter tone, on
both upper and lower arms. With these elements, the top arm comprises a low-
pass m-network, while the lower arm comprises a highpass w-network. Both these

1
o

Figure 15.1 Lattice-balun splitter/combiner.

315
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Figure 15.2 Lattice-balun splitter/combiner evolution: (a) lattice redrawn, and (b) lattice dual
nm-network equivalent.

networks can be designed to achieve a given insertion phase shift and match an
arbitrary terminating complex impedance on one end to a second arbitrary complex
impedance at the second end (see Chapter 11).

For the lattice balun of Figure 15.1, all external impedances are assumed to be
real, and the impedances on ports 2 and 3 are assumed to be equal. Likewise, the
voltages on ports 2 and 3 are taken to be equal but in anti-phase (i.e., differential).
To function, the lowpass m-network must be designed to implement a phase lag of
90°, whereas the lowpass w-network must be designed to implement a phase advance
of 90°. From these requirements, it follows, from the design equations of Chapter
11, that the elements in the top and bottom arms must be complex conjugates of
each other. Because the first network elements, on the left, are connected to the
same node 1 and are complex conjugates of each other, they self-cancel and thus
can be excluded from the circuit. Hence, the circuit of Figure 15.2(b) simplifies to
that of Figure 15.2(a).

The lattice-type balun can therefore be understood by viewing it as constituted
from low and highpass 7-networks in which the common node shunt elements of
each are eliminated as a result of self-cancellation. In addition to minimizing the
complexity of the network, eliminating the two elements from the circuit also has
the additional benefit of improving performance for two reasons:

1. Resistive losses in the two elements are eliminated.
2. Reactive cancellation of the two elements is effectively achieved over infinite
bandwidth, rather than just at the design frequency.

The lattice balun of Figure 15.1, and equivalently on Figure 15.2(a), with con-
jugate elements in the two arms, is limited to differential operation under the
restrictive boundary conditions listed above. However, if the form is maintained,
but more freedom is allowed in the design of the lattice elements, a much greater
range of performance characteristics can be achieved.

Figure 15.3(a) shows a generalized form for a lattice coupler. The network series
reactance elements jX,;, and shunt susceptance elements jB,,;, are assumed inde-
pendent of one another. Despite this, the design of the generalized form can still be
approached as a combination of lowpass and highpass m-networks, following the
design equations of Chapter 11. Complete synthesis and analysis equations for the
coupler are given in Section 15.1.1.
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Figure 15.3 Generalized lattice coupler configuration: (a) dual n-network equivalent, and (b)
resultant coupler elements.

I_n

As with the conventional lattice balun, regardless of the complex nature of the
boundary conditions, complex impedances, and relative power levels, the gener-
alized lattice coupler can continue to be designed such that the 7-network shunt
susceptances at the common node, jB;, and jB,,, are self-complex conjugates. In
general, therefore, no resulting shunt susceptance, shown as jBy, in Figure 15.3(b),
is required to implement the generalized form of the lattice coupler.

The generalized three-port coupler, with four independent variables, is capa-
ble of satisfying four independent boundary conditions or equations. As a result,
the network can be designed to couple together three arbitrary complex external
impedances, with an arbitrary power and phase relationship between the voltages
on ports 2 and 3.

Generalized Lattice Splitter/Combiner Design Basics

The design of a generalized lattice three-port network, as in Figure 15.3(b), can
simply be approached by analyzing the network requirements for the topology to
operate as a power splitter. By reciprocity, the derived network can be expected
to operate equally well in reverse mode as a power combiner. As described above,
the analysis approach is based on viewing the three-port configuration as arising
from the interconnection of lowpass and highpass 7-networks, as in Figure 15.3(a).

For the conventional lattice-balun network at the beginning of the chapter, the
phase shifts in the top and bottom arms of the network were +90°, and the top
and bottom elements were complex conjugates of each other. This resulted in very
simple design criteria, at the price of very limited performance capabilities. If any of
the simplified boundary conditions for the network are perturbed, in even a minor
way, the design of the network becomes significantly more complicated and the top
and bottom symmetry is broken.

To illustrate how the complexity arises, suppose that all the boundary condi-
tions and performance requirements for the conventional lattice-balun of Figure
15.1 were maintained, save for a series capacitor added to the common port 1. This
requires that at node 1, the “virtual” shunt elements of the two 7-networks have
a net susceptance equal to that of the now complex external admittance on port
1 to maintain an impedance match. To achieve this, the magnitudes of the phase
shifts in the two arms of the network must now be unequal, although their phase
difference must still be equal to 180°.
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Likewise, if the terminating impedances on any of the three ports become
complex, if an unequal power split between ports 2 and 3 is required, or a nondif-
ferential phase is required, a difference in the magnitudes of the phase shifts in the
two arms is required. In all cases, the required network will no longer have the
top-to-bottom symmetry of Figure 15.1.

In the following section, design equations are presented that allow the design
of a generalized lattice three-port network, capable of coupling arbitrary complex
loads with arbitrary amplitude and phase splitting. Despite the greatly enhanced
performance capabilities, the network still requires only four reactive elements.

15.1.1 Generalized Lattice Splitter/Combiner Design Equations

Figure 15.4(a) shows the general form of the three-port lattice splitter of Figure
15.3(b), with critical voltages and currents defined for operation as a splitter. Figure
15.4(b) shows an equivalent schematic for the coupler when used as a combiner.

In contrast to the assumptions made for the conventional lattice balun of Figure
15.1, the synthesis will be developed allowing for all external impedances Z,, to be
complex. Likewise, no assumptions are made of the relative impedances and power
levels at the two output splitter ports, or the two input combiner ports.

The three-port generalized lattice coupler can be used both for combining or
splitting waveforms. However, it is sufficient to synthesize the coupler network
elements for only one scenario. Reciprocity ensures that the derived network will
also function equally well in the reverse mode. Here, for convenience, the synthesis
equations will be presented for the generalized lattice coupler when used as a splitter.

For the lattice splitter synthesis, the following quantities are defined

Z, =R +jX, =1/(G, + jB)) (15.2)
Z, =R, +jX, =1/(G, + jB,) (15.3)
Z3 =R+ X3 = 1/(G3 + jBs) (15.4)

(b)

Figure 15.4 Generalized lattice splitter configurations: (a) splitter schematic, and (b) combiner
schematic.



15.1 Generalized Lattice Splitter/Combiner Design Basics 319

Let the phase shift required between the desired outputs on ports 2 and 3 be
A®. In contrast to the conventional, but constrained, lattice balun, the magnitude
of the phase shifts in each of the 7-networks will not be assumed equal (i.e., [AD|/2).
Instead, the phase shifts through the upper and lower m-networks will be taken as
A®, and A®;, respectively, which requires

A9, — Agy| =|Ad) (15.5)

If the coupled power ratio between the outputs on ports 2 and 3 is

dB_power_ratio = % =r_dB (15.6)
3

consequently, the conductance looking into the upper lowpass mw-network, G,
and the conductance looking into the lower highpass m-network, G;g, must satisfy

GZS = Gl/(l + 107r7dB/10) (15.7)

and

Gss = Gi/(1+109/1) (15.8)

where G is the source conductance on port 1 (Equation (15.2)).
An additional requirement, to ensure a match to the source on port 1, and simul-
taneously eliminate the need for either of the lattice shunt elements on port 1, is

Blftop + Bl_bot = Bl (159)

where By ,, and By y,, are the susceptances of the leftmost elements of the top and
bottom m-networks, respectively, and B; is the susceptance of the source.

The key design variables for the network synthesis approach are the phase shifts
in the two m-networks (i.e., A®, and A®;), which are related to the desired phase
split between the outputs on ports 2 and 3 by (15.5).

In addition to the phase shift through each of the m-networks, there is also a
potential additional phase shift in each path due to the complex nature of the source
and loads. To account for this, the modified net phase shifts required in the two
paths are defined as A®% and A®%, where

A} = —(Ag, + tan™ (Z,/Z,)) (15.10)
and

AQ; = A) — (Ag, + tan™" (Z5/Z,)) (15.11)
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Here, A®,, is a phase-shift variable to be used in deriving the optimum element
values for the coupler.
For network synthesis, the coupler elements will be assumed lossless, with

Zn# = ]Xn# and Yn# = jBn# (1512)

In terms of the phase shifts, A®% and A®%, and design frequency ®,, from
analysis, the following relationships are derived

_ Rysin (Ad)ﬁ) + X, cos (A(])ﬁ)

X, = (15.13)
1 JGasR,
B - G, (R2 -X, tan(A(bé)) — JGasR, sec(Ad)) 3 (15.14)
" R, tan(A¢9) + X, 2 ’
X, = _ Rysin(Ag%) + X5 cos(Ag)) (15.15)
JGssR;
B - G;3(R; — X; tan(A¢?) — /GssR; sec(Ag3) _B 15.16
"2 R3 tan(A(Pé) + X3 } ( ) )
Also, the net shunt susceptance on port 1 is given by
V.- Gas (R, — X, tan(A¢))) — YGasR, sec(Ag))
"3 RZ tan (A(bﬁ) + X2 (15 17)
N G5 (R; — X5 tan(A¢3)) — VGssR; sec(Ag) _B .
R3 tan(A(Pé) + X3 !

In certain cases, it might be desirable to include a shunt reactive element, typi-
cally a capacitor, at the common node of the network. However, in most cases, in
order to minimize the size of the module, a shunt element is not required, in which
case, in (15.17), Y,5 = 0.

The above equations allow all the desired element values for the coupler to
be determined in terms of the two phase shifts A®) and A®%, which are, in turn,
dependent on the single phase-shift variable A®, ((15.10) and (15.11)). The design
challenge is thus reduced to determining the appropriate value for A®,. A solu-
tion for the phase shift must be found that is consistent with satisfying Y,; = 0 in
(15.17). Unfortunately, in general, a closed-form expression for the appropriate value
of A®,, to set the value of (15.17) to zero, is not normally attainable. Therefore, a
solution must typically be obtained from a numerical approach. Fortunately, this
is typically not challenging.

Having determined the appropriate element values for the design of a general-
ized three-port lattice coupler, in order to evaluate its capabilities, expressions must
be derived for the key electrical circuit parameters. Separate equations are required
to characterize the network, when employed as a splitter or as a power combiner.
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For the analysis, complex impedances for the network elements are defined as
follows, to account for resistive dissipation in the elements

Zos = Ry + X and Y = Gup + /By (15.18)

where R4 denotes a resistive component and G,4 denotes a conductance component.
Equations to determine the key electrical circuit parameters for the lattice, in
both the splitter and combiner modes, are given below.
Lattice splitter mode: key electrical parameters

V. 1
2= (15.19)
Vi 1+ Z, (Y, +1/Z,)
Ys _ L (15.20)
Vi 1+ Z, (Y, +1/Z;)
L=WZ,+UZ )V, =VyIZ,y—V31Z,, (15.21)
Lattice combiner mode: key electrical parameters
_ Ve . Vs,
Z\(1+ZaUZi+Y,) Zy(1+ Z,,(1UZ, + Y,,))
V, = (15.22)
1 1 1 1 1
+ —_ -
an (l + an (1/Z1 + Ynl)) ZnZ (l + Zn2 (1/22 + YnZ)) an Zn2 Z3
Vit (an/Z1)VSl
YT+ 2, (U2, + Y,)) (15.23)
Vs +(Z,212,) Vs, (15.24)

2T 1+ Z,, (112, +Y,))

15.2 Generalized Lattice Design Examples

In this section, some design examples are presented to illustrate the flexibility and
performance capabilities of the generalized three-port lattice in various scenarios.
Its use in both splitter and combiner modes is examined.

15.2.1 Splitter Example: Conventional Lattice-Balun

First, for a baseline, the design of a conventional lattice-balun splitter, in the con-
figuration of Figure 15.4(a), is evaluated, having performance specifications fully
compatible with those for the conventional lattice-balun configuration of Figure
15.1. The required electrical specifications are given in Table 15.1.
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Table 15.1 Conventional Lattice-Balun Splitter
Specifications

Design Specifications

fio i

1,710 MHz 2,025 MHz

Phase shift A® = 180°
Impedance—port 1 50Q
Impedance—port 2 8Q

Impedance—port 3 8Q

Inductors, Q; = 60 Capacitors, Q¢ = 100

To satisfy these specifications, applying the formulae of Section 15.1.1, the
required schematic for the conventional lattice balun splitter, is as shown in Figure
15.5.

The required element values are determined as listed in Table 15.2.

Using these element values, the input reflection coefficient of the splitter on port
1 is as shown in Figure 15.6(a). A corresponding plot of the complex input imped-
ance over frequency is shown in Figure 15.6(b).

In Figure 15.7(a), the net insertion gain for the splitter is shown, together with
the associated power split to the two output ports 2 and 3 in Figure 15.7(b). The
insertion loss is observed to be <~0.3 dB across the full design bandwidth. In addi-
tion, Figure 15.7(a) shows a maximum insertion loss delta of ~0.05 dB between
the two insertion gain plots. This indicates that the insertion loss is primarily due
to dissipation in the lattice elements, rather than to mismatch.

Figure 15.7(b) shows a maximum coupling imbalance between the two out-
puts across the band ~+1.5 dB. At the center band, the insertion gain to each of
the outputs is ~ —3.25 dB, where the 0.25-dB loss is again attributable to resistive
dissipation in the elements.

-

Figure 15.5 Conventional lattice-balun splitter schematic.

Table 15.2 Conventional Lattice-Balun
Splitter Elements

Element Values
L,=2.410 nH C, = 3.013 pF
C, = 3.013 pF L,=2.410 nH
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Figure 15.6 Conventional lattice-balun splitter impedance: (a) input reflection coefficient, and

(b) input impedance.
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Figure 15.7 Conventional lattice-balun splitter gains: (a) net insertion gain, and (b) output
power split.

Lastly, to complete the characterization of the key splitter performance char-
acteristics, Figure 15.8 shows the insertion phases from port 1 to the two output
ports 2 and 3.

The most important dependency is the relative phase shift A®° between the
two outputs, which is observed to be extremely flat across the full bandwidth,
with a value of ~ —178.5°, very close to the differential target of 180°. Once more,
the small phase deviation is attributable to resistive losses in the coupler elements.
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Figure 15.8 Conventional lattice-balun splitter insertion phase shifts.

15.2.2 Combiner Example: Conventional Lattice-Balun

In this section, again for a baseline, the design of the lattice-balun splitter of Sec-
tion 15.2.1 is evaluated when used in the reverse mode as a power combiner. The
equivalent combiner schematic is as shown in Figure 15.9.

Using the element values of Table 15.2, the input reflection coefficients of the
combiner on the input ports 1 and 2, are shown in Figure 15.10(a). Corresponding
plots of the complex input impedances over frequency are shown in Figure 15.10(b).

In Figure 15.11, the net insertion gain for the combiner is shown. The insertion
loss is observed to be <~0.33 dB across the full design bandwidth. Figure 15.11
also shows a maximum insertion loss delta of ~0.1 dB between the two insertion
gain plots. This indicates that the insertion loss is primarily due to dissipation in
the lattice elements, rather than to mismatch.

Overall, the conventional lattice coupler/splitter has good wide-bandwidth
characteristics for use as both a power splitter or combiner.

15.2.3 Splitter Example: Lattice-Balun with Complex Input Impedance

In practical circuits, a series capacitor is frequently required on the input port of
a splitter, to function as a DC block. The presence of the capacitor results in the
source impedance, as seen by the coupler on port 1, being complex.

3
—o

Figure 15.9 Conventional lattice balun combiner schematic.
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Figure 15.10 Conventional lattice-balun combiner impedances: (a) input reflection
coefficients, and (b) input impedances.

In the conventional lattice-balun design, elements in the top and bottom arms are
complex conjugates of each other. Therefore, with reference to the splitter of Figure
15.4(a), no residual shunt susceptance Yj is required at the input node. As such, the
splitter presents a pure real input impedance at the port 1. If the source impedance
on port 1 becomes complex, and the impedances on ports 2 and 3 remain equal and
pure real, the network terminations still retain top-to-bottom symmetry. However,



15.2 Generalized Lattice Design Examples 327

P (dB) Lattice - Gain (A®=180.,Rs1=Rs2=8,RL=50)
0

0.1 -
02—
0.3 / \
0.4 -
-0.5 -

-0.6
-0.7

-0.8
09 | ™ Pdel/Pavail

= = == Pdel/Pin

-1

1710 1760 1810 1860 1910 1960 2010
Frequency (MHz)

Figure 15.11 Conventional lattice-balun combiner gain.

in order to realize the required complex conjugate match on port 1, without the
need for the shunt susceptance Y3, in Figure 15.4(a), the complex conjugate duality
of the two arms of the coupler can no longer be maintained.

The modified electrical specifications required for this example are given in
Table 15.3. Note that the only difference between these specifications and those in
Table 15.1 is the addition of the 22-pF series capacitor on port 1.

The splitter schematic to satisfy these specifications maintains the same form
as in Figure 15.5, but with the modified element values listed in Table 15.4.

Note that these element values differ significantly from those for the conven-
tional lattice-balun splitter in Table 15.2 without the series capacitor. The lattice
with these element values is found to implement an insertion phase shift of —94.4°
in the top path and 85.6° in the bottom path. This differs from the insertion phase
shifts of £90° in the conventional lattice-balun.

Using the element values of Table 15.4, the input reflection coefficient of the
splitter on port 1, including the series capacitor, is shown in Figure 15.12(a). A

Table 15.3 Lattice-Balun Splitter Specifications with
Complex Z;

Design Specifications

fio i

1,710 MHz 2,025 MHz

Phase shift A® = 180°
Impedance—port 1 50Q + series 22 pF
Impedance—port 2 8Q
Impedance—port 3 8Q

Inductors, Q; = 60 Capacitors, Q¢ = 100
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Table 15.4 Lattice-Balun Splitter
Elements with Complex Z,

Element Values
L, =2.403 nH C, = 3.841 pF
C, = 3.022 pF L, =3.297 nH
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Figure 15.12 Lattice-balun splitter impedance with complex Z;: (a) input reflection coefficient,
and (b) input impedance.
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corresponding plot of the complex input impedance over frequency is shown in
Figure 15.12(b).

In Figure 15.13(a), the net insertion gain for the splitter is shown, together with
the associated power split to the two output ports 2 and 3 in Figure 15.13(b). The
insertion loss is observed to be <~0.3 dB across the full design bandwidth. In addi-
tion, Figure 15.13(a) shows a maximum insertion loss delta of ~0.06 dB between
the two insertion gain plots.
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Figure 15.13 Lattice-balun splitter gains with complex Z;: (a) net insertion gain, and (b) output
power split.
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Figure 15.13(b) shows a maximum coupling imbalance between the two out-
puts across the band ~ £1.5 dB. At the center band, the insertion gains to each of
the outputs is ~ —3.25 dB, where the 0.25-dB loss is again attributable to resistive
dissipation in the elements.

Figure 15.14 shows the insertion phases from port 1 to the two output ports
2 and 3. The relative phase shift A®° between the two outputs is observed to be
relatively flat, varying from ~ —178° to ~ —179° across the band. From these plots,
it can be seen that the modified lattice splitter, designed in accordance with the
equations of Section 15.1.1, correctly accommodates for the case of a complex input
impedance. The splitter performance characteristics are little perturbed from those
for the conventional lattice-balun with real impedances of Section 15.2.1.

15.2.4 Combiner Example: Lattice-Balun with a Complex Input Impedance

In this section, the design of the lattice-balun splitter of Section 15.2.3 is evaluated
when used in the reverse mode as a power combiner. The coupler schematic remains
that shown in Figure 15.9.

Using the element values of Table 15.4, the input reflection coefficients of the
combiner on the input ports 1 and 2 are shown in Figure 15.15(a). Corresponding
plots of the complex input impedances over frequency are shown in Figure 15.15(b).

In Figure 15.16, the net insertion gain for the combiner is shown. The inser-
tion loss is observed to be <~0.34 dB across the full design bandwidth. In addition,
Figure 15.16 also shows a maximum insertion loss delta of ~0.1 dB between the
two insertion gain plots.

As with the splitter, the combiner performance characteristics are little perturbed
from those for the conventional lattice-balun with real impedances of Section 15.2.2.

Q° Lattice - Phase Split (A®=180.,R1=50,R2=R3=8) A®°
180 - -160
140 + -165
100 L 170
60 -
-+ -175
I i Bt e e g i
-7 T 180
-20
-+ -185
60 -
100 - -190
1:2
140 —1.3 - =195
80 | =T A . - . . | 200
1710 1760 1810 1860 1910 1960 2010
Frequency (MHz)

Figure 15.14 Lattice-balun splitter insertion phase shifts with complex Z;.
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Figure 15.15 Lattice-balun combiner impedances with a complex load: (a) input reflection
coefficients, and (b) input impedances.
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Figure 15.16 Lattice-balun combiner gain with a complex load.

15.2.5 Splitter Example: Lattice-Balun with a Complex Input Impedance and
an Unequal Power Split

In many applications, a power splitter is required to implement an unequal power
split of the output signals. The generalized lattice configuration is capable of achiev-
ing both arbitrary power and phase splitting. In this section, the design specifications
of Section 15.2.3 are maintained, but with the additional requirement of a desired
output power split ratio of 3 dB. With the series capacitor still included on port 1,
a complex conjugate match is again required on port 1 of the lattice.

The full electrical specifications for this example are given in Table 15.3. Note
that the specifications include both the 22-pF series capacitor on port 1 and an
output power ratio of 3 dB.

In the conventional lattice-balun splitter schematic of Figure 15.5, and in the pre-
vious examples, the top-arm shunt element is a capacitor C;, while the bottom-arm
shunt element is an inductor L,. However, in order to meet the required unbalanced

Table 15.5 Lattice-Balun Splitter Specifications
with Complex Z; and 3-dB Power Split

Design Specifications

fio foi

1,710 MHz 2,025 MHz

Phase shift A® = 180°
Output power ratio 3dB
Impedance—port 1 50Q + series 22 pF
Impedance—port 2 8Q
Impedance—port 3 8Q

Inductors, Q; = 60 Capacitors, Q¢ = 100
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power split in Table 15.3, the lattice takes a different form, following with the design
equations of Section 15.1.1. The modified configuration in this instance is shown
in Figure 15.17, which shows also the input series capacitor Cg. For simplicity, the
virtual elements are emitted in Figure 15.17.

The change from the previous configurations is that now the shunt elements
in both arms are inductive. The shunt element C, in Figure 15.4 is replaced by the
inductor L;. The appropriate element values are listed in Table 15.6.

In this case, the lattice exhibits an insertion phase shift of —57.72° in the top
arm and 122.28° in the bottom arm, far removed from the insertion phase shifts
of £90° in the conventional lattice-balun.

Using the element values of Table 15.6, the input reflection coefficient of the
splitter on port 1, including the series capacitor, is shown in Figure 15.18(a). A cor-
responding plot of the complex input impedance over frequency is shown in Figure
15.18(b).

Figure 15.19(a) shows the net insertion gain for the splitter. The insertion loss
is observed to be <~0.34 dB across the full design bandwidth. There is a maximum
insertion loss delta of ~0.07 dB between the two insertion gain plots, again confirm-
ing the network incurs minimal mismatch loss across the full band.

These three plots are little changed from the corresponding ones in Section
15.2.3. This demonstrates that the modified lattice configuration is well suited to
implementing wide power splits without significantly degrading the key performance
characteristics of the splitter.

The associated power split between the two output ports 2 and 3 is shown in
Figure 15.19(b). At the center of the band the network achieves almost exactly the
3-dB power split desired. Over the full bandwidth, the power ratio between the
two outputs varies from ~1.5 dB to 4.8 dB.

Figure 15.20 shows the insertion phases from port 1 to the two output ports
2 and 3. The relative phase shift A®° between the two outputs is observed to be
slightly less flat than in the previous examples; however, it only varies from ~—176° to
~—180° across the band. This is likely to be more than adequate in most applications.

Figure 15.17 Lattice-balun splitter schematic with complex Z; and 3-dB power split.

Table 15.6 Lattice-Balun Splitter Elements with
Complex Z; and 3-dB Power Split

Element Values
L,=1.766 nH L,=2.776 nH
C, = 2.912 pF L,=0.753 nH
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Figure 15.18 Lattice-balun splitter input impedance with complex Z; and 3-dB power split: (a)
input reflection coefficient, and (b) input impedance.

This design example shows that the generalized modified lattice splitter archi-
tecture is very capable of accommodating a complex input impedance, simultane-
ously with a nonequal power split requirement. There is negligible degradation in
the splitter performance characteristics from those of the conventional lattice-balun.
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Figure 15.19 Lattice-balun splitter insertion gains with complex Z; and 3-dB power split: (a)

net insertion gain, and (b) output power split.

15.2.6 Combiner Example: Lattice-Balun with a Complex Input Impedance

and an Unequal Power Split

In this section, the design of the lattice-balun splitter of Section 15.2.5 is evaluated
when used in reverse mode as a power combiner. Analogous with Section 15.2.5,

the corresponding modified combiner schematic is shown in Figure 15.21.
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Figure 15.20 Lattice-balun splitter phase shifts with complex Z; and 3-dB power split.

Using the element values of Table 15.6, the input reflection coefficients of the
combiner on the input ports 1 and 2 are shown in Figure 15.22(a). Corresponding
plots of the complex input impedances over frequency are shown in Figure 15.22(b).

In this configuration, the real impedances on the two input ports track much
more closely than do the imaginary components. This is a reversal of the imped-
ance characteristics in Section 15.2.4 for the equal power combiner. Nonetheless,
the magnitude of the reflection coefficients in both cases are very similar, resulting
in no significant increase in insertion loss.

Figure 15.23 shows the net insertion gain for the combiner across the full band.
The insertion loss is observed to be <~0.38 dB across the full design bandwidth.
In addition, Figure 15.23 also shows a maximum insertion loss delta of ~0.1 dB
between the two insertion gain plots. These characteristics are almost identical to
those of the combiner in Section 15.2.4.

As with the splitter, the generalized lattice combiner architecture is very capable
of accommodating a complex load impedance, together with unequal power inputs.
There is negligible degradation in the combiner performance compared with the
conventional lattice-balun combiner.

v, I,

Figure 15.21 Lattice-balun combiner schematic with a 3-dB power split and a complex load.
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Figure 15.22 Lattice-balun combiner impedances with a 3-dB power split and a complex load:
(@) input reflection coefficients, and (b) input impedances.
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Figure 15.23 Lattice-balun combiner gain with a 3-dB power split and a complex load.

15.2.7 Splitter Example: Lattice with Multiple Mixed Specifications

This last splitter example is given to exemplify the broad capabilities of the lattice
coupler. In the previous examples, the lattices were all designed to affect a differ-
ential signal splitting or combining. However, the generalized lattice architecture
is capable of splitting or combining signals with an arbitrary phase relationship.
To illustrate, in this example, a phase split A® = 90° is specified. Thus, the lattice
no longer performs as a balun.

For this example, a series capacitor Cy is again included on the input port,
maintaining a complex impedance on port 1. As in the previous splitter example,
an output power split of 3 dB is also specified. However, an additional complex-
ity, in this example, is that the impedances on the two output ports are no longer
identical. The detailed design specifications for the splitter are listed in Table 15.7.

The requirement for a quadrature phase split, in addition to the 3-dB power
split, results in a further architectural change to the configuration of Figure 15.17.

Table 15.7 Lattice Splitter Multiple Mixed
Specifications

Design Specifications

flo fhi

1,710 MHz 2,025 MHz
Phase shift AD =90Q
Output power ratio 3dB

Impedance—port 1
Impedance—port 2
Impedance—port 3
Inductors, Q; = 60

50Q + series 22 pF
8+ 2jQ

ge

Capacitors, Q¢ = 100
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In order to satisfy the specifications in Table 15.7, the required lattice configuration
takes the form shown in Figure 15.24. In this instance, both shunt element types
are inverted relative to the conventional lattice-balun architecture of Figure 15.5.

The appropriate element values are listed in Table 15.8.

In this case, the lattice exhibits an insertion phase shift of —65.95° in the top
arm and 38.08° in the bottom arm. Note that the insertion phase difference between
the two arms # 90° as there is an additional relative phase shift in the top arm due
to the complex impedance on port 2.

Using the element values of Table 15.8, the input reflection coefficient of the
splitter on port 1, including the series capacitor, is as shown in Figure 15.25(a). A
corresponding plot of the complex input impedance over frequency is shown in
Figure 15.25(b).

These dependencies are little changed from the previous lattice-balun splitter of
Section 15.2.5, confirming that the lattice architecture is very capable of realizing
the 90° phase shift with negligible impact on it input impedance.

Figure 15.26(a) shows the net insertion gain for the splitter. The insertion loss
is observed to be <~0.27 dB across the full design bandwidth. The maximum inser-
tion loss delta between the two insertion gain plots is again <0.07 dB, confirming
that the network continues to exhibit only minimal mismatch loss across the full
band. The insertion loss in this case is actually slightly less than that of the similar
180° splitter.

The associated power split between the two output ports 2 and 3 is shown in
Figure 15.26(b). At the center of the band, the network achieves almost exactly the
3-dB power split desired. Over the full bandwidth, the power ratio between the two
outputs varies from ~2.2 dB to 3.8 dB. This is also somewhat less than the coupling
power ratio variation for the similar 180° splitter.

Figure 15.27 shows the insertion phases from port 1 to the two output ports
2 and 3.

C
v

Figure 15.24 Lattice splitter schematic with multiple mixed specifications.

Table 15.8 Lattice Splitter Elements with
Multiple Mixed Specifications

Element Values
L,=1.694 nH L;=6.830 nH
C,=3.992 pF C;=9.603 nH
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Figure 15.25 Lattice splitter impedance with multiple mixed specifications: (a) input reflection
coefficient, and (b) input impedance.
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Figure 15.26 Lattice splitter insertion gains with multiple mixed specifications: (a) net
insertion gain, and (b) output power split.

The relative phase shift A®° between the two outputs is observed to be extremely
flat and very close to the objective of 90°, varying from only ~ —89.5° to ~ —88.1°
across the full band.

This design example demonstrates the wide capabilities of the generalized lat-
tice splitter architecture. It offers excellent performance characteristics for power-
splitting applications, regardless of source impedances, the power-splitting ratio,
and the relative phase offset of the outputs. The splitter performs equally well under
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Figure 15.27 Lattice splitter insertion phase shifts with multiple mixed specifications.

all scenarios. In addition, the configuration is capable of meeting the varied speci-
fications with only four components.

15.2.8 Combiner Example: Lattice with Multiple Mixed Specifications

In this section, the design of the mixed specifications lattice splitter of Section 15.2.7
is evaluated when used in reverse mode as a power combiner. Analogous with Section
15.2.7, the corresponding modified combiner schematic is shown in Figure 15.28.

Using the element values of Table 15.8, the input reflection coefficients of the
combiner on the input ports 1 and 2 are shown in Figure 15.29(a). Corresponding
plots of the complex input impedances over frequency are shown in Figure 15.29(b).

Note that the input impedance on port 1 is capacitive, consistent with a conju-
gate match to the inductive load. In this configuration, the real impedances on the
two input ports vary across the band from ~6.5Q to ~10Q. The magnitude of the
reflection coefficients on both ports are relatively low, resulting in no significant
increase in insertion loss.

Figure 15.30 shows the net insertion gain for the combiner across the full band.
The insertion loss is observed to be <~0.29 dB across the full design bandwidth.

G

G
v, I, —

Figure 15.28 Lattice combiner schematic with multiple mixed specifications.

Vo Z,
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Figure 15.29 Lattice combiner impedances with multiple mixed specifications: (a) input
reflection coefficients, and (b) input impedances.



344

Lattice Splitter/Combiner

P (dB) Lattice - Gain (A®=90. Rs1=Rs2=8,RL=50)
0

0.1 -
-0.2 ;‘:-’—__-;:;-_1: e — ekttt L
0.3 [
0.4 -
0.5 -

-0.6
-0.7

-0.8
09 | Pdel/Pavail

= = == Pdel/Pin

-1

1710 1760 1810 1860 19I10 1960 2010
requency (MHz)

Figure 15.30 Lattice combiner gain with multiple mixed specifications.

In addition, Figure 15.30 also shows a maximum insertion loss delta of <0.07 dB
between the two insertion gain plots. This is further confirmation that the combiner
manifests only minimal insertion loss due to mismatch across the band.

As with the splitter, the generalized lattice combiner architecture maintains
excellent performance characteristics with widely varying specifications. As
with the splitter scenario, only four elements are required to meet the disparate
design requirements.

15.2.9 Limited Case for Lattice with Additional Shunt Susceptance

In the previous sections, it was shown that the generalized lattice can be designed
to meet multiple complex boundary conditions without the need for a shunt sus-
ceptance at the common node. The question arises as to whether improved perfor-
mance for the lattice might be obtained if a finite value for the shunt element were
allowed for in the design. The requirement for such an element can be generated by
adjusting the relative phase shift between the two arms of the lattice according to
(15.17). In all cases but one, the answer is that generally no significant performance
improvement can be obtained by inclusion of such an element. To understand why,
consider the insertion loss data shown in Figure 15.31.

Figure 15.31 is a composite of the lowpass and highpass 7-network phase shifts
in Figures 11.11(c) and 11.13(c); plotted as a function of |A®|, the net relative phase
shift between the two arms. The assumption in the figure is that the magnitude of
the phase shifts in each arm is equal. It can be seen that, across the range of typical
values for |A®|, the insertion gain in each of the arms are close to the same. This
implies that, if the phase shift in one arm was increased and the other necessarily
decreased, no improvement in insertion gain could be expected. In consequence,
the inclusion of a shunt element at the common node of the lattice generally offers
no benefit.
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Figure 15.31 Lowpass and highpass n-network insertion gains versus phase shift.

There is one exceptional case in which the inclusion of an additional shunt
element in the lattice network is required. That is when the coupler is required to
implement specified insertion phases in each of the two arms. Adjusting the indi-
vidual phase shifts, while retaining their desired offset, is the basis described in
Section 15.1.1 for eliminating the undesired additional component. By specifying the
individual phase shifts, this degree of freedom is removed and an additional shunt
element may be required. In practice, for the composite lattice coupler of Figure
15.4, this is seldom a useful option as elucidated below.

For the conventional differential lattice-balun of Section 15.2.2, the phase shift
in the upper arm is A®, = —=90°, while that in the lower arm is A®, = +90°. Suppose
that a constraint is added requiring A®; = -120° and A®, = +60°. The reconfigu-
ration of the coupler required to meet these constraints is shown in Figure 15.32.

The insertion gain for the conventional differential coupler design of Figure 15.9,
previously shown in Figure 15.11, is duplicated in Figure 15.33(a) for comparison.
Next to it, in Figure 15.33(b), the insertion loss is shown for the modified lattice
coupler of Figure 15.32.

There is a noticeable increase in insertion loss for the coupler architecture
required to meet the predefined phase shifts in the two arms. The reason for this can

c | L
< «ip
—L-

Figure 15.32 Lattice-balun combiner with defined A®’s schematic with the element values
listed in Table 15.9.

1

2
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Table 15.9 Lattice-Balun Combiner with
Defined A®’s Elements

Element Values

L =2.088 nH C;=9.630 pF
C, = 2.671 pF Cy = 3.479 pF
C, = 0.984 pF
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Figure 15.33 Comparison of conventional and modified lattice gains: (a) conventional lattice,
and (b) lattice with defined A®.
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15.3

be ascertained by reference to Figures 11.11(c) and 11.13(c). The former illustrates
that increasing the insertion phase from —90° to the required —120° in the upper
lowpass m-network is expected to result in a significant decrease in insertion gain
for the section. On the contrary, Figure 11.13(c) shows that decreasing the insertion
phase from +90° to the +60° in the lower highpass 7-network is expected to result
in higher insertion gain for that arm. However, this does not adequately compen-
sate for the decreased insertion gain in the lowpass arm. In general, the greater the
required difference in the magnitude of the phase offset in the two arms, the greater
the insertion loss penalty.

If a significant difference in the magnitude of the phase offset between the two
arms is required, the six-element lattice described in the following section is gener-
ally the preferred option.

Development of Six-Element Lattice Coupler

In the previous sections, it was described how two complementary m-networks could
be combined to achieve a low-loss, three-port splitter/combiner architecture, typi-
cally referred to as a lattice. In combining the two networks, the two common-node
elements can generally be eliminated. Thus, the overall configuration comprises only
four elements, rather than six elements of the individual z-networks (Figure 15.2).

The question arises as to whether a lattice coupler with improved characteristics
might be constructed from a combination of two T-networks, such as described
in Section 11.6, rather than the two m-networks. An obvious disadvantage is that
since a T-network comprises series elements at both ends, the opportunity for two
of the elements to mutually cancel does not arise. Therefore, a lattice comprising
two T-networks will necessarily require six elements. However, it is the focus of
this section to demonstrate the many advantages that can accrue from the more
complex dual T-based coupler network.

The four-element lattice coupler was constructed from a combination of two
m-networks having conjugate shunt elements at the combining node. Schematics
for the synthesis models used to design such a splitter and combiner are shown in
Figures 15.2 and 15.3. As the elements at the combining node are self-conjugate,
their physical representations are not required in the resulting coupler. Despite the
absence of these virtual elements in the physical coupler configuration, their pres-
ence in the models used for synthesis significantly aids in the development of the
design equations for the coupler.

Seeking to profit from this approach, a similar pair of virtual shunt elements is
included in the synthesis models proposed for a dual T-based coupler. The synthesis
models for the T-based couplers are shown in Figure 15.34. All components of the
couplers are ideally pure reactive.

As with the 7-based coupler designs, the shunt susceptive elements jBy and —jBy,
will not be required in the physical implementation and are only present to aid in
the synthesis. The splitter and combiner couplers can operate reciprocally, given
the same boundary conditions; thus, without loss of generality, it is sufficient to
develop the design equations for only one. We shall consider the design approach
for the combiner coupler schematic shown in Figure 15.34(b).
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Figure 15.34 Six-element lattice configurations: (a) splitter schematic, and (b) combiner
schematic.

To develop a generally applicable synthesis approach for the six-element cou-
pler, as in Section 15.1.1, the power at the two paired input or output ports will be
assumed unequal, having a power ratio defined by

dBy = 10log(P,/P,) (15.25)
If the external load impedance at the combining node, port 3, is
Zp =Ry +jX; (15.26)
then the corresponding external load admittance at port 3 is
(15.27)

YL = 1/ZL = GL + ]BL

where G; is the load conductance and By is the load susceptance.
It follows that the effective loading conductance on the upper track 1, at the
combining node, must be

&

= ot (15.28)

GlL

and the effective loading conductance on the lower track 2, at the combining node,
must be

&

- (15.29)

2L

The most straightforward approach to synthesizing the appropriate values for
the T-network elements would be to set the loading admittances on the two tracks
at the combining node as

Yip =Gy +/BL/2 (15.30)
and

Yyr =Gy +jBL/2 (15.31)
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Referring to Figure 15.34(b), these equalities imply By = 0; thus, the virtual ele-
ments are excluded from the network. A valid configuration for the coupler would
be obtained using these equalities, but, in general, the resulting network would be
far from optimal in performance. To implement a coupler with more optimal per-
formance characteristics, finite values for By, must be evaluated.

In the case of the 7-based lattice couplers, there was a unique value required
for the virtual shunt susceptances in order to satisfy the boundary conditions. In
such couplers, there were only three variables (i.e., elements) in each of the lattice
arms of the conceptual models, as in Figure 15.34. For each arm, there are three
boundary conditions to meet, namely, the real and imaginary parts of the imped-
ance equation, plus the insertion phase through the network. Thus, only a unique
solution is possible.

For the dual T-based couplers, each of the arms has the same three boundary
conditions as with the 7-based couplers. However, there are now four elements
in each arm. Thus, the synthesis equations for the elements are underdetermined,
implying an infinite set of solutions. These solutions can be obtained as a function
of the virtual susceptance value By. By scanning through a range of values for By, a
corresponding set of performance characteristics for the coupler may be obtained.
The solution set that best optimizes one or more key performance parameters, such
as insertion gain, input/output impedance, power balance, and maximum component
value, can then be selected. In most cases, for synthesis, it is sufficient to assume
that the magnitudes of the phase shifts through each arm are the same, that is,

|Ag)| =|Ag) (15.32)

although this is not required.

The T-based coupler synthesis equations are derived following the design equa-
tions for T-networks given in Section 11.5.

Equations are given in terms of the following variables

Z, =R, +jX, Y,=17Z,=G, +jB, (15.33)

Zp =Rp +jX; Y =VZ, =G, + /B, (15.34)

YnL = GnL + ]BnL ZnL = 1/YnL = RnL + ]XnL (1535)
G

GiL L By, =By (15.36)

= 1+ 10-9B:/10

GL

Gy = 1+ 10 9B/10

By, =-By + B, (15.37)

Elemental parameters are determined by

(B,B,. — G,G,;)sinA®, — (B,G,; + G,B,,)cosAD,,

B. =
" \/GnGnL

(15.38)
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(1 —JR,IR,; - (Bann)z)
Bnl - Xn

X = (15.39)

(1 R IR, = Bk’
Bn] - XnL

X = (15.40)

where 7 = 1 for the top arm and » = 2 for the bottom arm.

To compare the performance of the six-element lattice to the four-element lattice
examined in detail earlier in the chapter, consider the target specifications for the
four-element lattice coupler in Section 15.2.2, which are duplicated in Table 15.10.

The insertion loss and input impedances for the four-element combiner from Fig-
ure 15.11 and Figure 15.10(b) are repeated for comparison purposes in Figure 15.35.

The optimal configuration of the six-element lattice to meet the specifications
of Table 15.12, in terms of maximum insertion gain, is shown in Figure 15.36.

The equivalent performance characteristics to those for the four-element lattice
balun in Figure 15.35, are shown in Figure 15.37.

Both plots for the dual T-based combiner show noticeably improved character-
istics over those for the four-element lattice combiner in Figure 15.35.

In the previous section, it was shown that imposing an offset in the magnitude of
the insertion phases in the two arms of a four-element lattice results in an increased
insertion loss for the coupler. This is shown in Figure 15.33. The increased loss was
attributed to the steep drop-off in insertion gain of a 7-network when the magnitude
of the insertion phase moves outside the range

~ 45° <|Ad| < 90° (15.41)

T-networks have very similar insertion gain versus insertion phase characteris-
tics to the m-networks, as can be seen from Figures 11.15(c) and 11.17(c). It might
therefore be expected that the T-based lattice couplers would likewise suffer from
increased insertion loss for insertion phases outside the range listed at the end of
the previous paragraph. Fortuitously, this turns out not to be the case. The rea-
son for this is that, rather than regarding each of the arms as comprising a single

Table 15.10 Target Six-Element Lattice
Combiner Specifications

Design Specifications

fio i

1,710 MHz 2,025 MHz
Phase shift A® = 180°
Impedance—port 1 8Q
Impedance—port 2 8Q
Impedance—port 3 50Q

Inductors, Q; = 60 Capacitors, Q¢ = 100
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Figure 15.35 Four-element lattice-balun combiner characteristics: (a) insertion gain, and (b)

input impedances.

Figure 15.36
in Table 15.11.

Six-element lattice-balun combiner configuration with the element values listed
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Table 15.11 Six-Element Lattice Balun Elements

Element Values

L,=0.793 nH L,=2.411nH
L;=2.411nH C,=3.013 pF
C,=9.157 pF C;=3.013 pF
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Figure 15.37 Six-element lattice-balun combiner characteristics: (a) insertion gain, and (b)
input impedances.
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T-network, they should instead be viewed as effectively comprising four-element
networks, as shown in Figure 15.34. A four-element network does not have the same
limitations as a three-element T-network. In fact, an impedance matching network
with minimal phase shift and low loss can readily be implemented using only four
elements. This is examined in detail in Section 5.1 of Volume 2 of this series. As a
result, the six-element T-based coupler is particularly advantageous compared to
the four-element configuration.

To compare the performance of the two networks, when used as coupler, if A®
denotes the difference in phase between the two input waveforms, that is,

AD = ¢ - ¢, (15.42)

then the insertion phase shifts in the upper and lower arms of the coupler, A¢; and
A¢,, respectively, must satisfy the relationship

AD = Ap, — A¢; (15.43)

All the couplers are designed to meet the following specifications.

The alternate coupler configurations are to be compared for two values of rela-
tive input phase offset A®, namely, 45° and 90°.

Figures 15.38 to 15.40 show alternative combiner architectures and element
values for three network types designed to meet the specifications in Table 15.12.
The first configurations, shown in Figure 15.38, are for four-element lattice designs.
The second configurations, shown in Figure 15.39, are for six-element lattice designs
optimized for insertion loss in the manner described earlier in this section. The third
configurations, shown in Figure 15.40, are also for six-element lattice designs, but
with the simplifying assumption that each of the arms is terminated in a pure real
conductance at the common node. The purpose of these designs is to illustrate the
enhanced performance characteristics of the six-element lattices, resulting from the
optimization process.

In Figure 15.41, insertion gains for the three network types are shown for three
relative input phase differences A®, as defined by (15.42). For all plots, the mag-
nitudes of the phase shifts in the two arms of the combiner were assumed to be
equal. For example, for A® = 45°, the assigned phase shift in the upper arm of the
network A¢; = —22.5°, while that in the lower arm A¢, = +22.5°.

Table 15.12 Three-Port Combiner Networks
Design Specifications

Design Specifications

fio i

1,710 MHz 2,025 MHz
Impedance—port 1 8Q
Impedance—port 2 8Q
Impedance—port 3 50Q

Inductors, Q; = 60 Capacitors, Q¢ = 100
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Design parameters

Adr=45°

Li=0407nH | [>=0923nH

C1=17.845pF | C;=17.874 pF

Ad =90

Li=1.136nH | L2=1.705nH

C1=06392pF | (>=4.261pF

Design parameters

Ad = 180"

C1=3.013pF | Li=2411nH

L:=2411nH | (2=3.013 pF

Figure 15.38 Four-element lattice combiner architectures and element values.

Design parameters

Ad = 45"
Cy=10496 pF | L;=1404nH
L:=3.183nH | L:=0.692nH
C(2=5.172pF | (53=2.282pF

A =90"
C1=19.144 pF | L;=1.769 nH
L:=2.653nH | Ls=0379nH
(2=4107pF | C3=2.738 pF

Design parameters

Ad =180°
L;=0793nH | (;=3.013nH
L2=2411nH | (2=9,157 pF
L;=2411nH | (5=3.013pF

Figure 15.39 Optimized T-network combiner architectures and element values.
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Design parameters

AD = 45°
Ve R, Li=4.653nH | C1=1.153 pF
80 €2=0509pF [ C5=1.561 pF
L:=6299nH | L; = 14.276 nH

en R, A =90°

Ly=2727n0H | Cr=2.131pF

(2= 1420 pF | (3=2.663 pF

L>=3409nH | L;=5.113nH

Design parameters

Ad = 180"

Li=2411nH | ¢;=3.013nH

L2=2411nH | (2=3.013pF

L3=2411nH | C3=3.013pF

8Q G, G,

Figure 15.40 T-networks combiner with real common node architectures and element values.

In Figure 15.41(a), for A® = 45°, the optimized six-element lattice combiner is
seen to exhibit significantly higher gain across the passband than the alternative
configurations. Its gain is much higher than the four-element lattice, particularly
at the band edges, due to the broader bandwidth characteristics of the virtual four-
element networks in each arm. The insertion gain plot for the nonoptimized dual
T-configuration (TO Elems), designed assuming real terminating admittances on
both arms at the common node, is significantly inferior and more dispersive than
the other two.

In Figure 15.41(b), for A® = 90°, the insertion gain plots for the four-element
lattice combiner, and the optimized six-element lattice combiner are near identical.
The improved characteristics of the four-element lattice, compared to A® = 45°,
are due to the magnitude of the insertion phases in each of the m-networks being
within the range specified by (15.41). Hence, for a relative input phase offset of
|AD| = ~90°, the optimized six-element lattice offers little advantage over the four-
element configuration. Again, the nonoptimized dual T-configuration (T0 Elems)
response is significantly inferior.

In Figure 15.41(c), for A® = 180°, the optimized six-element lattice combiner
has higher insertion gain than that of the four-element lattice combiner. However,
the gain advantage is less than it was for A® = 90°. As in the previous plots, the
nonoptimized dual T-configuration (T0 Elems) has a greatly inferior gain response.

Given that the six-element lattice couplers are a composite of two four-element
phase shift networks, they have considerably more design flexibility than do the
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conventional four-element lattice couplers. With the four-element designs, to accom-
modate a complex termination at the common node and avoid the need for an addi-
tional component, a trade-off must be made in the relative insertion phases through
the two arms. With the six-element designs, this is unnecessary. The elements for
the two arms are simply designed according to (15.38) to (15.40) for a given value

dB Gains (A®=45°,Rs1=Rs2=8,RL=50)

o P B e ==

— | attice
-1.6 — 5 Elems

s TO Elems

1710 1760 1810 1860 1910 1960 2010
Frequency (MHz)

(@
dBD Gains (A®=90°Rs1=Rs2=8,RL=50)
-0.1
-0.2
03 ="
-0.4
-0.5
-0.6
-0.7
0.8 o |_aittice
-0.9 - — Flems
1 | —— () Elemsl | |
1710 1760 1810 1860 1910 1960 2010

Frequency (MHz)
(b)

Figure 15.41 Combiner network gain variation and dependence on insertion phase delta: (a)
A® = 45° (b) A® = 90°, and (c) A® = 180°.



15.3 Development of Six-Element Lattice Coupler 357

dB Gains (A®=180°,Rs1=Rs2=8,RL=50)
0

-0.1 -
-0.2
0.3 _—-'—"-——__/ \
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-0.5 -
-0.6
-0.7
-0.8

— | attice

09 - ——6 Elems

() Elems
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Frequency (MHz)
©
Figure 15.41 (Continued)

of the virtual susceptance By. The optimum values are determined that are associ-
ated with the best performance characteristics for the coupler.

In Section 15.2.9, the design of a four-element lattice coupler was considered,
with the requirement for unequal magnitudes of insertion phase in the two arms.
This required the addition of a fifth element to the network and, in addition, there
was an increase in insertion loss. As explained earlier in this section, the further
either of the insertion phases falls outside the range from (15.41), the higher the
expected insertion loss. However, this is not an issue with the six-element lattice.

For the optimized six-element lattice combiner, the insertion phase shifts in the
upper and lower arms of the coupler, Ag, and A¢,, respectively, are solely constrained
by (15.43). This allows for great flexibility in assigning an appropriate combination
of the two phase shifts. In choosing the latter, it is important to determine how the
overall coupler characteristics are affected by the choice.

Figure 15.42 shows the coupler gain dependencies versus upper-arm phase shift
A¢, for three relative input phase differences A® = 45°, 90°, and 180°.

The fine structure in these plots is attributable to two factors: (1) the discrete
nature of the optimization algorithm, and (2) discontinuities arising from circuit
elements changing in type from inductive to capacitive, or vice versa.

For A® =45° and 90°, it can be seen, from Figures 15.42(a, b), that the insertion
gain plots are remarkedly unchanged for all values of A®. Essentially, the insertion
gain value is near constant ~ —0.3 dB, irrespective of the chosen value A¢, for the
insertion phase shift in the upper arm. For the case A® = 180°, the coupler gain is
a maximum for A, = —90° and A¢, = +90°. As the phase shifts move away from
this point, the coupler gain decreases.
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For the case in which the magnitudes of the phase shifts in the two arms are close
to equal and A® = 90°, Figure 15.41(b) shows that there is negligible gain advantage
to employing an optimized six-element coupler compared to using a conventional
four-element design. Furthermore, Figure 15.42(b) shows the gain of the optimized
six-element coupler phase shift is essentially independent of the value chosen for the
upper arm insertion phase value A¢,. Thus, an optimized six-element coupler design

dB Gain v. Upper Phase Shift (A®=45° Rs1=Rs2=8,RL=50)
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03
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0.5 -
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-45 -40 -35 -30 -25 -20 -15 -10 -5 0

(@

dB Gain v. Upper Phase Shift (A®=90°,Rs1=Rs2=8,RL=50)
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0.4 -
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A®,

(b)

Figure 15.42 Six-element coupler gain dependencies versus upper-arm phase shift A®;: (@) A®
=45° (b) A® = 90°, and (c) Ad= 180°.
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dB Gain v. Upper Phase Shift (A®=180°Rs1=Rs2=8,RL=50)
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Figure 15.42 (Continued)

with Ag; = —-90° and A¢, = 0°, or Ag; = 0° and A¢p, = +90°, could be expected to
have near the same gain characteristic as the four-element coupler. Given that there
is no expected gain advantage (or disadvantage), there are other possible advantages
to choosing these phase combinations. Three potential advantages are:

1. Real parts of input impedances are less dispersive across the passband.

2. The coupler can be used to implement an efficient switchable dual power-
state amplifier architecture (i.e., with high and low power output levels).

3. The coupler can be used to implement a Doherty-type amplifier.

The latter two advantages are examined fully in Chapter 4 of Volume 2 of this
series. To illustrate the first point, Figure 15.43 shows the gain and input imped-
ances for an optimized six-element coupler for A® = 90° and |A¢y| = |[A¢,| = 45°.

Figure 15.44 shows the gain and input impedances for an optimized six-element
coupler for A® = 90°, A, = —90°, and A¢, = 0°.
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dBo Dual-T - Gain (A®=90°,Rs1=Rs2=8,RL=50)
-0.1 4
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Figure 15.43 Six-element lattice configuration with A® = 90°, |A®;|= |A®,| = 45°: (a) gain, and
(b) input impedances.
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Figure 15.44 Six-element lattice configuration with A® = 90°, A®; = -90°, A®, = 0°: (a) gain,

and (b) input impedances.






Miscellaneous Generic [M] = [ABCD]
Network Parameters

In the expressions below, matrix coefficients have been expanded, where possible,
to share common expressions in order to minimize computation.

M) =

1+Y,Z, Zi+Z,(1+ Y,Z,)
Y, +Y,(1+ Y2Z,) 1+ Y22, + Y (Z, + Z, (1 + Y, Z,)) (A.1)

] 1+ Y92, + Zi (M + Y, (1+ Y2,)) Z, + Z,(1+ Y, Z,)
N Y, + Y, (1+Y,2)) 1+Y,7Z, (A.2)

1+ Y2+ Y3 (Zy + Z,(1+ Y, Zy)) Zi+Z,(1+ Y, Z))
M =
[M] Y, + Y (1+Y,Z,) + Ys (1 + Y272, + Y, (2, + Z, (1 + Yzzl))) 1+ Y22, + Y, (Z, + Z,(1+ Y»2)))

(A.3)

Figure A.1 Four-element topology.

Figure A.2 Alternate four-element topology.

Z
Uinedlemid
v

Figure A.3 Five-element topology.

363
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y 14+ %2, + Zi (Y + V(14 YaZ,))  Zo + Z3(1+ Yo Zo) + Zi (1+ N2y + Z3 (Vs + Vi (14 Y2 Z,)))
- Y, + Y, (1+Y,Z,) 1+ Y12, + Z3 (Y, + Y, (1+ Y22,))

(A.4)

A B
[M] =
C D
with

A = (1 + YzZz)(l + Y3Z3) + Y3Z2 + CZ]
B = Z2 + Z3 (1 + Y2Z2) + DZl
C=Y,+Y,(1+Y,Z,) 1+ YsZ35)+ Y;(1+ Y, Z, + Y, Z5)
D = le3 + (1 + lez)(l + Y2Z3)

e[ 2 2]

where

A=1+Y2,+Y;(Z,+ Z,(1+ Y, Z)))
B=AZ;+Z,+Z,(1+ Y,Z,))

C=Y, +Y,(1+ Y,Z) + Y;(1+ ¥,Z, + Y, (Z, + Z, (1 + Y,Z))))
D =CZ;+ 14 Y22, + Y, (Z, + Z,(1+ Y, Z)))

(A.6)

v

Figure A.4 Alternate five-element topology.

v

Figure A.5 Six-element topology.

7 7 Z
v

Figure A.6 Alternate six-element topology.
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With [ABCD] parameters from previous six element analysis

M] = A+BY, B
| C+DY, D (A7)
A+CZ,+Z,(C+Y(A+CZ,) B+DZ,+Z,(D+Y(B+ DZ,)

[M] = (A.8)

C+Y(A+CZ,) D+Y(B+DZ,)

A(L+YZ)+BY AZ +B+Z,(A(l+YZ)+BY)

M] =
M] C(l+YZ)+DY CZ +D+Z,(C(1+YZ,)+ DY) (A7)

M- & 7]

i-i-i-i
v

Figure A.7 Seven-element topology.

A B
CD |-
Figure A.8 Network with an input T-match.
TAE B
Y
4 CD
Figure A.9 Network with an output T-match.
B
ne

V

Figure A.10 Network with a two-element input match and output T-match.
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where

A" = A(L+ Y,Z,) + BY, + Z,(C(1 + Y,Z,) + DY,)
B = AZ, + B+ Z,(CZ, + D)
+ 75 (A (1+Y,Z,)+ BY, + Z, (C(1+ Y,Z,) + DY,))
Y (A(L+ Y,Z,) + BY,) + (1+ Y,Z,)(C(1+ Y,Z,) + DY,)
=Y,(AZ, + B)+ (1+ Y,Z,)(CZ, + D)
+ Z; (Y (A(1+ Y,Z,) + BY,) + (1+ Y,Z)) (C(1 + Y,Z,) + DY,))

(A.10)

where

A'=A+CZ,+Y,(AZ, + B+ Z,(CZ, + D))

=AZ,+B+Z,(CZ, + D)
C'= AY, +C(1+ Y,Z))+ Y,(CZ, + D+Y,(AZ, + B+ Z,(CZ, + D))
D’'=CZ,+D+Y,(AZ, + B+ Z,(CZ, + D))

(A.11)

A+BY;+Y,(AZ+B(1+Y,Z)) AZ+B(1+Y,2)

M= A.12
M] C+DY,+Y,(CZ+D(1+Y,Z)) CZ+D(1+Y,Z) (A.12)

c

:

V

Figure A.11 Network with a two-element input and output matches.

—AB
dco

Figure A.12 Network with an output z-match.

Co BT

V

Figure A.13 Network with input and output z-matches.



Miscellaneous Generic [M] = [ABCD] Network Parameters 367

] 1+Y,7, Z,
| Y+, (1+Y,Z) (1+Y,Z)
- (A.13)
A+BY;+Y,(AZ, + B+ Y;Z,)) AZ, + B(1+Y;2Z,)
C+DY;+Y,(CZ, + D(1+ Y;Z,)) CZ, +D(1+Y;Z,)
or
- I A(l+Y,Z,) +CZ, B(1+Y,Z,)+ DZ,
| C+AY, +Y,(A(1+Y,Z))+CZ)) D+ BY, +Y,(B(1+Y,Z,) + DZ,)
- (A.14)
1+Y,7Z, Z,
| Y+ Y,(1+Y3Z) (1+Y32Z,)
A B
[M] =
C D
where
A = A2 (Al + B1Y2) + B1C2
B = B2 (Al + B1Y2) + B1D2
C = A, (C, + D\Y,) + CoD; + Y, (A, (A, + BY,) + B,C,) (A.15)
D = Bz (Cl + D1Y2) + DlDZ + Yl (B2 (Al + B1Y2) + BlDZ)
A B
[M]
C D
where
A B A, B, [
Y 1 1 Y 2 2
Cl D1 * CZ DZ —

Figure A.14 Two networks with shunt elements.

A, B, A, B,
C, D, é/_ C, D,

Figure A.15 Alternate two networks with shunt elements.
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A=A (A +BY,) + BC, + (B, (A, + BY,) + B.D,)Y;

B =B, (A, +BY,)+ B,D,

C = A (C, + DY) + C,D; + (A, (A + BY,) + BIG,) Y, (A.16)
+ (B (Cy + DyY,) + DiD, + Y, (B, (A + B)Y,) + B,D,)) Y

D = B, (C; + D\Y,) + DD, + (B, (A, + B,Y,) + B.D,) Y,



Conversion Formulae Between Two-Port
Network Parameters

Two-port network parametric, current, and voltage definitions are the following.
For S-parameters, the normalization impedances on ports 1 and 2 are Z; and
Z,, respectively.

From two-port [ABCD] parameters:

=S

A+BlZ,-CZ, - DZ,/Z,

S, =
"= A+ BIZ,+CZ,+ DZ,/Z, (B.1)
2(AD - BC)(Z,/2,)
12 = (B.2)
A+B/Z,+CZ +DZ4,/2Z,
2
(B.3)

S, =
2T A+B/Z,+CZ, +DZ,/Z,

g _—A+BIZ,~CZ +DZlZ, b4
2" A+BIZ,+CZ,+DZ,/Z, (B4)

iN 2 il <+
A A B 7'} b<]S, S.[>b,
hijc o v Sa S
v - L
(@ (b)
I1 » P l2 I1 » P IZ
AT Yn Y12 A AT Z11 Z1z A
Vi |y, v, 2 i 1z, z,| |%
v v
(© (d)

Figure B.1 Electrical parameters for network characterization: (a) matrix parameters, (b)
scattering parameters, (c) admittance parameters, and (d) impedance parameters.

369



370 Conversion Formulae Between Two-Port Network Parameters

=Y
Y, = D/B
Y, =C-AD/B
Y,; =-1/B
Y,, = A/B
=7
Zy = AlIC
Z,, = AD/C-B
Z5 =1/C
Z,, = DIC

From two-port S-parameters:

= [ABCD]
Av 1+ 8111+ S55) + S1280
B= (L+S11)(1+ S52) = S128a Z
C= (1= S1) (1= S5) = 81585
25,12,
D= (1= Si)(1+ S5) + 81554 Z,
255 Z,
=Y

Y, =
! ((1 +811)(1+ 85) - 512521) Zy

Y., =
2 ((1 +841) (1 + Szz) - 312521) Z,

(B.10)
(B.11)

(B.12)

(B.13)

(B.14)

(B.15)

(B.16)

(B.17)

(B.18)
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=255
Y,, = B.19
“ ((1 +S1)(1+ 8) — 512521) Z, ( )
= B.20
» ((1 + 511) (1 + Szz) - 512521) Z, ( )
=7
Z = Z
H 1= S811)(1 - S5) = S1255 = (B.21)
Z, = Z
i (1= S11)(1 = S5) — S8 =2 (B.22)
Zy = Z
. (1= 811)(1 = S52) — S8 =! (B.23)
(1 - Sll)(l + Szz) + 512S21
7y = Z
- (1= 811)(1 = S5) — S1280 = (B.24)
From two-port Y-parameters:
= [ABCD]
A=-Y5/Yy, (B.25)
B=-1/Yy (B.26)
C=Y, - Y 1Y5/Yy (B.27)
D =-Y1/Yy (B.28)
=S
S, = (1/21 - Yll)(l/zz - Yzz) + Y, Yo (B.29)
(1/21 + Y11)(1/Zz - Yzz) =YYy '
—(Z/Zz) Y,
S, = .
2 (1/21 + Yn)(Yzz + 1/Zz) =YYy (B.30)
—-(2/Z2,)Y,
So1 = 2/Z) s, (B.31)

(1/21 + Yll)(l/Zz + Yzz) =YYy
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_ (1/21 + Yll)(l/Zz - Yzz) +Y),Y5,

2o (1/21 + Yll)(YZZ + 1/22) - Y,Y5,

=7
Z, = L
Y1V = Y1, Yoy
Y,
Zy = —
Y1Ys, — Yi2Y5
Zy = Y
Yi1Ys — Yo Y5
Zy = —Yll
Yi1Yn — Yoo
From two-port Z-parameters:
= [ABCD]
A = le/Z21
B = lezzz/zm -2y
C = 1/221
D=-25,17Z5
ER)

(Zu - Z1)(Zzz + Zz) -2y

S, =
! (Zu + Zl)(zzz + Zz) =22y
S _ 2Z12Zl
2 (Zu + Zl)(zzz + Zz) =212y,
27,7
521 — 212

(Zn + Zl)(zzz + Zz) =212y

L, = (Zu+ Z)(Zay — Zy) ~ 2132
(le + Zl)(zzz + Zz) =222y

(B.32)

(B.33)

(B.34)

(B.35)

(B.36)

(B.37)

(B.38)

(B.39)

(B.40)

(B.41)

(B.42)

(B.43)

(B.44)
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=Y
Yy = Z2 (B.45)
2Ly — L1y Loy
Z

Y, = B.46
2 T~ ZnZo (B-46)

Z
Y. 2l (B.47
N T~ 2o, )

Z
Ys, 1 (B.48)
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Conversion of Four-Port S-Parameters to

Y-Parameters

For S-parameters:

bl Sll Slz Sl3
bz _ S12 SZZ SZ3
by | | S5 Sy Sw
b4 Sl4 Sl3 Slz

with Z, = characteristic impedance.
For Y-parameters:

Il Yll Y12 Y13
IZ _ Y21 Y22 Y23
I3 Y3l Y32 Y33
I4 Y41 Y42 Y43

in terms of:

S13
Si2

a
a
as

ay

_ (51483 = 8135,4) S5 + (1 + Szz)<513534 —(1+ 533)514) + 51 ((1 +853) 824 — 523534)

E

(813524 — $14523) Sap + (1+ S10) (514543 —(1+ 544)513) + 51 ((1 +844) S23 — 524543)

_ (S13824 = 814853) S5 + (1 + 511)(523534 —(1+555) Sz4) + 851 ((1 +833) 814 — 513534)

E,

a; 4_‘3’3 h
< 10 0o, \/171
1$_ _‘L 3
a, [Sij] a, — ]
— <+ 2
ﬁzy @ @ lib4 V2|

Figure C.1 Definition of S- and Y-matrix parameters.

- (514523 - S13524) Sa+ (1 + 511)(824543 - (1 + S44) 523) + 851 ((1 + S44)S13 - 314543)
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_ (832841 = 831842) S1a + (1 + 544)(812531 -1+ 511)532) + 834 ((1 +811) 84 — S1zS41)

E; = C.5
’ (S31842 = 852841) So4 + (1 + 544)(521532 —(1+85) S31) + 834 ((1 +85,) 84 — 521342) (€3}
E = (831842 = 832841) S15 + (1 + S33)(S12$41 - (1 + Su) S42) + 843 ((1 +811) 85, — 512531) (C.6)
4 = .
(532541 — 831842) S5 + (1 + 533)(521542 - (1 + 322)341) + 843 ((1 + 822)531 - 321532)
we have:
Y. = 1 + Yi3 (523534 -1+ S33)Sz4) + Yy ((1 +844) S5 — 524543) (C.7)
1m1="75 .
Z 813824 — 81453
Y3 ((1 +833) S14 — 513534) + Yy (514543 —(1+ S4) S13)
Yio = (C.8)
813824 — 814523
Y, = 281354 = 8148:3) 12,
(S13824 = 814853) S31 + (1 + Sn)(523534 -1+ S33)Sz4) + 81 ((1 + S33)S14 - 313534)
+E, ((S13S24 — 81483) Sar + (1 + S11)((1 +844) 823 — 524543) + 81 (514543 —(1+ S44) S13))
(C.9)
Yis = E Y3
Y, = Y3 ((1 + 533) Sr4 — 523534) + Yo, (524543 - (1 + 544) Sza) (C.10)
21 .
S14823 — 813524
v 1 N Y3 (513534 —(1+3553) 514) + Yy ((1 + S44) S13 — 514343) (C.11)
2 ="7F .
Zy S14823 — 813524
Yy, = 2(814855 = 8138:4) 12,
(S14823 = 8158:4) S + (1 + Szz)(513534 —(1+35;5) 514) + 81 ((1 +833) 824 — 523534)
+E, ((514523 — 8158:4) 84 + (1 + Szz)((l + S44) 815 — 514343) + 81 (524543 —(1+ S44) 523))
(C.12)
Yy =EsYs3
Y., = 2(831842 = $32841) 12,
31 =

(S31842 = 852841) S15 + (1 + 533)(512541 -1+ 511)342) + 843 ((1 +511) S35, — 512531)
+E; ((531542 ~ 83,841) o3 + (1 + 533)((1 +82) 841 = 521542) + 843 (521332 -1+ 522)531))
(C.13)
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Y;, = E5Y54

Yer = 1 + Y3 (512541 —(1+5) 542) + Y5 ((1 +85,) 841 — 521542)
Yz S3180 = S3Sur

(C.14)

Vo, = Y3 ((1 +811) S5, — 512531) +Y5 (521532 —(1+ 522)531)
34 =
531842 - S3ZS41

(C.15)

2832841 = $31542) 120
(832841 = 831842) S1a + (1 + S44)(512531 —(1+Sy) S32) + 834 ((1 +811) 84 — 312541)

+E,4 ((332541 — 831842) Soa + (1 + S44)((1 +85,) 831 = 521532) + 834 (521542 -1+ 522)341))

Yy =

(C.16)
Yy = EYy (C.17)
Vi = Yau ((1 +511) S — 812841) + Yy (521542 —([1+8y) 541) (C.18)
® S32541 = S31542 '
1 Yy (S585 — (14 811)85,) + Yo (1 + S55) 851 — S548
Y, =t 41( 12851 — ( 1) 32) 42(( 22) 831 — Sy 32) (C.19)

ZO S3ZS41 - S31842
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Four-Port S&attering Parameters for Basic
Coupled-Inductors with Primary Shunt
Capacitor

Four-port scattering matrix equations for the two coupled lines are:

b, St S S5 Sis ay
b, _ S S Sy Su ) a
by S31 S S35 S as (D.1)
b, Ss1 Saz Saz Sus ay

If the normalization impedances on ports 1 to 4 are Z; to Z,, respectively, and

k = mutual coupling coefficient
Y = capacitor admittance
Z;1 = impedance of primary inductor L;

Z;, = impedance of secondary inductor L,
then S-parameters are:

(a)k)z LiL, (1 - Yo (Z, - Zz)) + (ZLI ~Zi+ 2, —YcZ14 (2 - Zz))(ZLz + 25+ Zs)

Sy =
(wk)z LiL, (1 +Ye(Zi + Zz)) + (ZLl +Zy+ 2y +YeZy (2 + Zz)) (Z12+ 25+ Z4)

S 2((a>/e)2 LiL,Ye + (1+ YeZi)(Zio + Zs + z4)) Z,
12 =
((Ok)z LiL, (1 +Yc (2, + Zz)) + (ZLl +Zy+ 2y + Y Zy (2o + Zz)) (Z1a+ 25+ Z4)

Vi V.
@ ~@
Figure D.1 Basic coupled inductors with primary shunt capacitor.
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_Zla)k\/ L1L221 (D 4)
5 .
(wk) LiL, (1 +Ye (2 + Zz)) + (ZLl +Zy+ 2y + Yo Zyy (Zy + Zz))(ZLz + 25+ 2Zs)

Si3

G - 2jokL,L,Z,
14 =
(@k)* LiLy (1+ Yo (Zy + Zo)) + (Zia + Zy + Zo + Yo Ziy (Zy + Z))(Z1o + Zs + Z4)

2((@k)® LiLYe + (14 YeZ1)(Zia + Zs + Z1)) Z
(wk)z LiL, (1 +Yc(Z + Zz)) + (Zu +Zi+ 2y + Yo Zy (Zy + ZZ))(ZLZ + 25+ Zs)

Sy =

(a)k)z LL, (1 + Yo (Z, - Zz)) + (Zu + 2y~ 2y + Y2y (2 - Zz)) (Z12+ 25+ Z4)
(wk)z LiL, (1 +Ye(Zy + Zz)) + (Zm +Zy+ 2y + Y Zy (2 + Zz)) (Z12+ 25+ Z4)

2jok\ L1, Z,
S3= 75 (D.8)
(a)k) LiL, (1 +Yc(Z + Zz)) + (ZLl +Zi+ 2o+ YeZ1y (2, + ZZ))(ZLZ + 275+ 2Zs)

—2jok\L,L,Z,

(wk)2 L,L, (1 +Yc(Z, + Zz)) + (ZLl +Zy+ 2y + Y2y (Zy + ZZ))(ZLZ +Z5+24)

Szz =

Sz4 =

_ i —2jwk\ 1,1, Z; (D.10)
(wk) LiL, (1 +Ye(Z + Zz)) + (ZLl +Zy+ 2y + Yo Zy (2 + ZZ))(ZLZ +2Z3+2Z4)

2jwkyL,L,Z5

S3, =
(wk)z LiL, (1 +Yc (2, + Zz)) + (ZLI +Zy+ Zy+ Y2y (Zy + Zz))(ZLz +Z5+24)

Ss1

(D.11)

S.. = ((Dk)z LL, (1 +Yc(Z + Zz)) + (ZLl +Zy+ 2y + Yo Zy (2 + Zz))(ZLz ~Zs+ Z4) (D.12)
33 = .
(a’k)z LiL, (1 +Yo(Z + Zz)) + (ZLI +Zy+ 2y + Yo Zi (2 + Zz))(ZLz +Zs+ Z4)

Z(ZLl +Zi+ 2y +YoZy (2 + Zz)) Z;

S34 = (D.13)
(wk)z LiL, (1 +Ye(Zy + Zz)) + (ZLl +Zy+ 2y +YeZy (Zy + Zz)) (Z12+ 25+ Z4)
41 = .
(Q’k)z LiL, (1 +Yc(Z + Zz)) + (ZLI +Zi+ 2+ YeZy (Z) + ZZ))(ZLZ + 25+ Zs)
S, = —2joky 141, Z, (D.15)
42 = .
(wk)z LiL, (1 +Yc (2, + Zz)) + (ZLl +Zy+ 2y +YeZy (Zy + Zz)) (Z12+ Z5 + Z4)
2+ 2+ 2y + Y2 (2 + 2,)) 2
( 1+ Zi+ 2+ YeZ11 (2 _z)) £y (D.16)

S43 =
((Dk)z LiL, (1 +Ye (2 + Zz)) + (ZLl +Zi+ 2y +YoZ1y (2o + ZZ))(ZLZ +Zy+ Zs)
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((Dk)z LiL, (1 + Y (Z + Zz)) + (ZLl +Zy+ 2y + Yo Zy (2 + Zz)) (Z1o + 25— Z4)

S44 = (D.17)
((Dk)z LL, (1 +Yeo(Z + Zz)) + (ZLl +Zy+ 2y + Yo Ziy (2 + Zz)) (Z12+ Z5 + Z4)
Special Case: Common Normalization Impedance
Zy=2L1=2y=23=12,4 (D.18)
Sy =Sy, = ((Dk)z Lily +(Z1y +2274) 2y, (D.19)
2 .
(k)™ LiLy (1+ 2YeZo) + (Zpy + 2(1+ Yo Z11) Zo)(Z12 + 22Zy)
2((@k) LiLyYe + (1+ YeZy) (Z1a +220)) Zy
S, =8, = (D.20)

(k)* LiL, (14 2YoZ) + (Zi1 +2(1+ YeZ10) Zo)(Z12 + 2Z,)

—513 = —S31 = —524 = —542 = 514 = S41 = st = S32

I 2jokJL,L,Z, D.21)
(k)™ LiLy (1+ 2YeZo) + (Zpy + 2(1+ YeZ11) Zo)(Z12 + 22,)

(k) LyLy (14 2YoZo) + (Zyy +2(1+ YeZ11) Zo)(Z12)

S33 =84 = D.22
P T k) LyLy (14 2Ye Zo) + (Zyy + 2(1+ Yo Z0)) Z0)(Zos + 27Z,) (D.22)
2Zp + 200+ YeZ1 ) Z)(Z
S34 — S43 — > ( L1 ( C Ll) 0)( O) (D23)

(k)™ LiLy (1+2YeZo) + (Zpy + 2(L+ YeZ1) Zo)(Z1y + 2Z,)






_

Quadratic Pblynomial Fit Through Three
Data Points

If dependencies at three data points are

2

at x, Y1 =dp+ arxy + ayXg (E.1)
2

at x, Y2 = dp + a1Xy + ar%; (E.2)
2

at x; Y3 = dp + 41X + drX3 (E.3)

then coefficients are given by

ap = X)X3 (x3 - xz) Y1 — X1X3 (x3 - xl) Yy + X1X; (xz - xl) Y3
(x5 — x) xi - (23 = x7) X5+ (o2 — x1) x3

(x% - x%))ﬁ + (x% - x%))’z - (xz - xlz)%

g = E.5
N o PN P P =
4 = (063 = 2x2) 31 = (o3 1)3’22 (2 1)y32 (E.6)

The location of the minimum/maximum value will occur at

x =-a;/2a, (E.7)
that is,

(x% - xlz)% - (x% - x%))’l - (x§ - xlz))’z
2((x3 - xz) Y1— (x3 - xl) Y + (xz - xl) y3)

X =
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Analysis of Coupled Inductors Including
Interwinding Capacitance

Coupled inductors are critical circuit elements widely employed in most compact
RF modules in today’s mobile communications devices. Typically, the inductors are
implemented as metalized traces printed on one or more layers of a passive or active
die. Magnetic coupling between the inductors is achieved principally through one
of two ways. First, the inductors are wound tightly together in a coplanar topol-
ogy; this is commonly referred to as proximity coupling. Second, the inductors are
superposed on one another on different metallization layers; this is referred to as
overlap coupling. In some structures, a combination of the two coupling methods
may be employed. Whatever the case, the goal is generally to achieve as high a
magnetic coupling coefficient (k) as possible.

Magnetic coupling between the two coils is maximized by minimizing the dis-
tance between the coils, either horizontally or vertically. Unfortunately, minimizing
the distance between the coils also has the undesirable effect of maximizing the
capacitance between the coils. This capacitance can significantly impact the perfor-
mance characteristics of the coupled inductor pair. Thus, deriving a lumped-element
model that accurately accounts for this capacitance is highly desirable. However,
introducing the interwinding capacitance into a lumped-element model for a pair
of coupled inductors presents significant complexity.

Figure F.1 shows a schematic representing a coupled-inductor pair having inter-
winding capacitance, and shunt reactive matching elements Ygand Y;. The driving
sources on all four terminals are assumed unequal and arbitrary. In order to ana-
lyze this network, it is first necessary to derive the system equations for the coupled
inductors in isolation. To accomplish this, an incremental model was developed, as
detailed in Figure F.2.

The model assumes that the interwinding capacitance Cy is uniformly distrib-
uted along the length of the inductors. The primary inductor value is denoted by
Ly, and that of the second by L,. The magnetic coupling coefficient is denoted by k.

Figure F.1 Coupled inductors including interwinding capacitance and external shunt
matching and sources.
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v
29— ¢ oL, 0L, Vi (%) S TS Te |_<_
@ 1, - 1000/ J_\OQOJI—;),—P(X) T000T0007h @
T 500—L s 000-L
/ 000N ’600\—>—--- ’066\ !
@ ’4 oL, oL, Vs(x) oL oL ‘3 ®
V, 2 2 V3

Figure F.2 Incremental model of coupled-inductor pair with interwinding capacitance.

Incremental circuit analysis yields

S1ex) _ _ (v, () = Vi () Yol (F.1)

Sx
5;5_95") = (Vp (x) = Vs (x)) Ye /I (F.2)
5\2;(96) ~Ip () Zy /1 - jook(JLL, 1) I (x) (E.3)
5%(’6) = L) Zy /- jok (VLI /) I (%) (F4)

where Vp and I represent the voltage and current along the primary inductor L,
and Vg and I represent the voltage and current along the secondary inductor L,.
The equal lengths of the two inductors are denoted by /.

From these equations, we determine

5 ;/p( = (Z1y — jokyL L, i(y—zj ~ Vi () (E.5)

5%V
5x( ) (ZLz - IUOIQ\/L1L2)(Y—2)( VP( )) (F.6)
Hence,
8%V (x) /6x* _ Zpy - jok (\/ L1L2) .
87V (x) 16x* Zyy— jwk( /L1Lz) (E.7)

Integration yields
(Z12 - jokLiL, ) Vo (x) + (Z11 - joky(LiL, ) Vs (x) = Ax + B (F.8)

where A and B are arbitrary constants. For simplification of the subsequent equa-
tions, the following substitutions are made
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M =Zp — joRJLiL, and M = Z; = jORJLiL, (F.9)
thus
ThVP (x) + anS (.x) = AX +B (F,]_O)
substituting in (F.1)
Olp(x
™ ;X(: ) = _(Th + nz)(Yc/l) VP (x) + (Ax + B) (Yc/l) (F.ll)
substituting in (F.2)
ol
M g}gx) = —(my + m) (Ye/l) Vs (x) + (Ax + B) (Y /) (F.12)
substituting in (F.5)
82V (x)18x = (my + 1) (Yo /I?) Vip (x) — (Ax + B) (Y /1%) (F.13)
substituting in (F.6)
5°Vs (x) /6x> = (my + my)(Ye /1) Vs (x) - (Ax + B)(Ye /1) (F.14)

Equations (F.13) and (F.14) are second-order nonhomogenous equations. To
obtain a solution for V(x) satisfying (F.13), first consider the homogeneous equation

8V (x) 16x* — (my + nz)(YC/lz) Vp(x)=0
with trial solution
Vp(x) = ™
substituting
rre™ —(n + nz)(Yc/lz)e”‘ =0
thus

r=xJ(m +m)Ye/l

(F.15)

(F.16)

(F.17)
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leading to the complete homogeneous solution

( ) é —J(+m,)Yex/l + 6 (m+m, ch/l

where & and &, are arbitrary constants.
For the particular solution to (F.13), assume

Vp(x) = ax® + bx + ¢

where a, b, and ¢ are constants.
Substituting in (F.13),

2a—(nl+n2)(lzj(ax +bx+c) (Ax+B)(%)=O

2a—a(n + 772)(1;2 ) F = +m)b- A)(l_zcj
+(B—(m+ nz)c)(%) =0

Hence,

a=0 b:A/(nl+n2)

c = B/ (nl + nz)
thus, the particular solution is

Vp (x) = (Ax + B)/(n, + 1m2)

yielding a complete solution to (F.13) as

VP (x) — éle—\l(nﬁnz)ycx/l + ézev(rlﬁnz)ycx/l + (Ax + B)/(Th + le)

Similarly, for a secondary inductor, the solution to (F.14) is

() e 1+nzch/l+€ m’c” (Ax+B)/(711+772)

Differentiating, we have

(F.18)

(F.19)

(F.20)

(F.21)

(F.22)

(F.23)

(F.24)

(F.25)

(F.26)

52VP( )/6x = (Th + nz)(Yc/l )é e nlJrnZ)Y(‘x/l (Th + nZ)(YC/l )5 e (+m:)Yex/1 (F.27)

and
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52V (x) /83 = (my + M) (Yo 1) Exe VN () (Yo /12) 4P (F g

Substituting in (F.7),
516—,I(n]+nz)ch/l +€ze,l(nl+nz)ch/l

5367\/(n1+n2)ycx/1 N 5416\/(n1+n2)ch/l - _%
from which it follows
& =-&im/m (F.29)
and
& ==&miny (F.30)
For convenience, define new variables as
& =my, (F.31)
& =my, (F.32)

Equations (F.25) and (F.26) become
Vo () = mye Oy (e s By 4 m) (E.33)
and
Vs (x) = —nzu/le**/mx/ g nzwzem’” "+ (Ax + B)/(n; + 1) (F.34)
Applying boundary conditions, Vp(0) = V,, V(0) = V, gives
Vo =iy +y2)+ B/ + )
Vi ==,y +y2)+ B/(m +my)
Hence,
Vo= Vg = (1 +m) (w1 + v5)
and
B/ +m) = Vo= m(yr +y2) = Vi + (s +y) (F.35)

thus
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Vit V2 =Va = Vel +m, (F.36)
Hence,
B =mn,V, +n\V, (F.37)

Applying boundary conditions, Vp(l) = V;, Vi(l) = V3, we have
All(ny +m,) = Vi = Vs + gy, (1 —e (”“””YC) + My, (1 —e (’““’”YC) (F.38)
All(y +m,) = Vs = Vg — oy (1 - e‘“(””"”YC) ~ v, (1 —e ("‘”’Z)YC) (F.39)

thus

Vl - V2 - V3 + V4 + (nl + le)l//l (1 - e_ (Tll+r’2)YC)

+(m +m)y, (1 —e (’“*”ZWC) =0 (1-40)

from (F.36) and (F.40) determine
Vi =V, = Vs + Vi +(m + m)yy (1 —-e (n1+nz)Yu)

+ (VZ -Vi- (771 + 772) ‘Ifl)(l —-e (mﬂh)yc) =0 (F41)
hence,

P ek (Vy = V) eVimrmte )

(m + nz)(e Ve e‘/("1+"2)y°‘)
also
Vi=Vy = Vi Vit (Vy = Vg = (1 + 1) v2) (1 -e (”1+"Z)YC)
+ (M + M)y, (1 —-e (m+nz)Yc) =0 (F.43)

hence,

yy = DV T (F.44)

(m + 772)(«6'7\/("&"2)YC - e‘/(n'mZ)YC)
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from (F.38), (F.42), and (F.44),

Al=mn, (Vl - Vz) + (V3 - V4)
substituting in (F.33),

(Vl — V3)(6*V(’71+772)ch/1 _ e«[(nﬁnz)YCx/l)

n
1 ' + (V2 — V4)(e_(1_x/l) (Mm+m)Ye _ e(l—x/l) (171+172)YC)

Vp (x) =

+
(771 nl) e—\/(n|+n2)YC _ eJ(n|+nz)Yc

+ (nzvl + n1V3) (x/l) + (T'sz + 111V4) (1 - x/l)

which, if Y, = 0, reduces to

Vo(x)= Vo +(V; - Vz)(ﬂ

substituting in (F.34),

(Vl _ V3) (e—\/(ﬂﬁﬂz)ycx/l _ e\/(”h“’lz)ch”)

n
1 ’ + (VZ _ V4)(e_(1_"/l) (m+m)Ye _ e(l—x/l) (n1+nz)YC)

e*\/(rh +772)Yc _ eJ(m +le)Yc

- (112V1 + ThV:;) (X/l) + (Tth + ThV4) (1 - X/l)

from (F.11) and (F.33),

Ip (x) = (rh + nz) Yo (l//le_ (+m)Yex!l ve (711+172)ch/1) v,

from (F.12) and (F.34),

IS (X) = - (771 + nz) YC (l[/le_\/mx/l _ ermx/l) + v,
from (F.42), (F.44), and (F.49),
Ip(x) = (ny +my) Ye
' (771 + nz)(e_‘/(nﬁnz)YC _ e«/(fh+nz)YC)
(V1 — V3) (e—x/(nﬁnz)ch/l n e\/(’h“?z)ycx/l)
+ys

_(V2 _ V4)(e‘(l—x/l) (m+m)Ye + e(l—x/l) (”71+172)Yc)

391

(F.45)

(F.46)

(F.47)

(F.48)

(F.49)

(F.50)

(F.51)
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from (F.42), (F.44), and (F.50),

I (x —\/ m+m)Ye

771 + ,r' ( (m+m)Ye _ rlﬁrlz)yc)
(F.52)
( )( (m+m,) ch/l te (n1+n2)ch/l)
+y
_(V2 _ V4)(€7(17x/l) (m+m)Ye + e(lfx/l) (771+772)Yc) N
from (F.46),
_(Vl _ V3)(6—J(nl+nz)ch/l 4 eJ(nl+n2)YCx/l)
My + 1m2) Y.
6Vp (X) _ 1 ! ( ! 2) ¢ + (V2 _ V4)(€_(l_x/l) (m+m)Ye _ e(l_x”) (’71+172)Yc) /1
Ox (Th + 772)
e‘\/(n1+nz)yc _ eJ(n1+nz)Yc
+ (772V1 +mV; -n,V, + 771V4)
(E.53)
substituting in (F.3), with (F.51) and (F.52),
(771 + le) Y3l + (771 + 772) JOR L Ly yry Fsa
+mVi-mVo+n Vs —-nVy =0 (F.54)
from (F.48),
(Vi - Vg)(e‘\/(nﬁ"?z)ycx” N e\/(nﬁnz)ch/l)
Mo/ + 1) Y.
SVs) _ 1 | o+ m)¥e o (Vy— V4)(e‘(1"‘”) CE AN (m+nz)Yc) p
ox  m+m (F.55)
e’\/(rll*ﬂz)y(: _ eJ(n|+nz)Y<;
- (772V1 +mVs—-mV, + ThV4)
substituting in (F.4), with (F.51) and (F.52),
(771 +1 /C‘)k\/ LiLyys; + 771 + 772)II/4ZL2 (F.56)
+mVi-mVy+ Vs =V, =0 )
Hence from (F.54) and (F.56),
2
V,-V))+ V,-V.
S = m (Vo = Vi) + mmy (Vs - V) (F.57)

(Th + nz)(ZuZLz + ((Dk)z L1L2)
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and

7712 (V4 - V3) + M, (Vz - V1)
(Th + nz)(ZuZLz + ((Dk)z L1Lz)

(F.58)

Substituting in (F.51) yields

(m +m)Ye
)( \/( +1)Ye _ e\/(fh‘*'nz)yc)

Ip(x) =

(m +m

(Vl _ V3)(6—J(nl+nz)ch/l n e\/(ﬂ1+ﬂz)ch/l)

—(=xmrm)Ye | (—x/)im+m)Ye (F.59)
— (V2 — V4) e +e

77% (Vz - Vl) + M, (V4 - Va)
(771 + nz)(ZleLz + (wk)z Lle)

and in (F.52) yields

Is —\/ 1+ nz)Y

771 + n ( TI]+712 YC _ TI]+TIZ)YC)

( )( \/Thﬂh ch/l \/ﬂl*ﬂz)ycx”)

(F.60)

( 1x/l (m+m, YC te

(1-x/1) (ﬂl*ﬂz)yc)

+ T (V4 - V3) + M, (Vz - Vl)
(771 + nz)(lesz + (a)k)z Lle)

In summary, the spatially variant voltages and currents in a coupled inductor
pair, with distributed capacitance, are governed by (F.46), (F.48), (F.59), and (F.60),
with the variables 11, and 71, as defined in (F.9).

To apply the above equations to a circuit analysis of the coupled inductors, the
spatially variant current equations must be related to the nodal currents at the four
network terminals. If the currents flowing into the inductors are defined as I'y; to
I'x4, as shown in Figure F.3, we have

Ixi(x) = —1p (1) (F.61)
Ix, (x) = 1,(0) (F.62)

Ix3 (x) = _IS (l) (F.63)
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Ix4(x) = I5(0) F.64)
Hence,
Iy, = (Th + nz) YC (Vl - V3)(e_\/(7h+nz)Yc + e\/(nl*'flz)yc
—Ix1 =
(771 +1,) (e*«/(mmz)Yc _ e«/(n1+n2)Yc) ~ 2(V2 N V4)
: (F.65)
1 (Vo = Vi) + mym, (Vy = V3)
(m + nz)(ZL1ZL2 + (wk)z L Lz)
2(Vi=V;)=(V, = V.
Iy, = (771 + nl) Ye ( 1 3) ( 2 4)
X2 (1’]1 + nz) (e—\/(nﬁnz)Yc _ e\/(nﬁnz)Yu) (e—\/(TIIH‘IZ)YC n e\/(nl+n2)Yc)
; (F.66)
L (Vo = V) + mm, (V4 = V3)
(nl + nz)(lesz + (wk)z Lle)
Io. = - (nl + 772) Ye (V1 - V3) (e_‘/(’71+’72)yC + e\/(ﬂ1+nz)Yc)
—Ix; =
(1‘]1 + 772) (e_\/(rh+rlz)Yc _ e\/(Tl1+le)Yc) B Z(VZ ~ V4)
] (F.67)
L (Vy = V5) + mmy (Vo = V)
(771 + nl)(ZuZLz + (a)k)z Lle)
2(Vi=V3) = (V, = V.
Tv, = —J(m +m)Ye Vi-Vy)-(V,-V,)
X4 (m + nz)(e—\/(mmz)Yc _ e\/(m+n2)YC) (ef\/(n.mz)yc + NI
(F.68)

+ 7712 (V4 - V3) + M, (Vz - V1)
(Th + nz)(ZleLz + (wk)z Lle)

To facilitate subsequent analysis, the following variables are defined.
Defining

4 V.
,\IS1 Zy | I3 23 /\,53

Vi k Ixs, Vs

Y| Lo L[y
Vs Z, o i L Z, Vsa

I Vo lx CXIX4 Va 14

Figure F.3 Coupled-inductors including interwinding capacitance and nodal current
relationships.
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(771 + nz) Ye

n; =

If Ycz 0,

Ny =13

(m + 772)(67‘/(”'”2)3/C - e\/(n‘Jr"Z)YC)

-1

M=o
T2 )

(e—J(n.+nz)Yc n eJ(n.+nz)Yc)

1

ns =

In terms of these variables, the nodal currents are

Ixy = (77%775 - 774) Vi+ (2773 - n%ns)Vz + (14 + mmans) Vs — 215 + mmans) Vs
Iy = (21 = mins) Vi + (m3m5 — 1) Va — @15 + nymams) Vs + (g + mmams) Vs
Ixs = (Mg + mmons) Vi — 205 + mmams) Vs — (714 - n12775) Vi + (2773 - 7712775) Vs

Is = =25 + mnyns) Vi + (4 + nmans) Va + (205 = nins) Vs — (ns - mims) Vi

From the circuit analysis of Figure F.3, we have

Port 1
Port 2
Port 3

Port 4

Consequently,

Iy = =Ys (V51 = Vo) + (1 + YsZ)) 1) = YsZ,1,
IXZ = _YS (Vsz - VSl) - YSZJI + (1 + Yszz) 12

Ix; ==Y, (VS3 - VS4) + (1 + YLZ3) I3 =Y, Z41,4

(711 + nz)(ZuZLz + (a’k)z L1L2)

Vi=Vy-1Z,
Vo=V - 12,
V3=V - 132,
Vi=Vs - 1124

395

(F.69)

(F.70)

(F.71)

(F.72)

(F.73)

(F.74)

(F.75)

(F.76)

(E.77)
(F.78)
(F.79)

(F.80)

(F.81)

(F.82)

(F.83)
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Iy = =Y, (Vss = Vi3) = Vi Z5 15 + (1+ Y, Z4) 1,4 (F.84)

The above equations can be used to derive the terminal currents on all four
ports of the network of Figure F.3 in terms of arbitrary external source voltages
Vg, to Vg, having associated source impedances Z; to Z,.

Using these equations, closed-form expressions are developed below, for the
slightly limited, although important, scenario in which the output inductor oper-
ates in single-ended mode. In this case, Vg, = Z, = 0. The input inductor may be
driven either in single-ended or differential mode.

From (F.73) and (F.81)

(1 + (Ys —MN4t 77%’75) Zl) I - (Ys —2n; + 775775) ZyI, +(ny + mmyns) Zs15

= (Ys — N4t 77%775) Vsi = (Ys —2n; + n%ns)Vsz + (14 + mmans) Vi (153
from (F.74) and (F.82),
(Y =2 + m3ns) Zul, — (1 + (¥s — 1 + m375) Za) 1o + (@15 + mumams) Zs1,
= (Ys —2n; + n%ns) Vi = (Ys — N4t 77%715) Vs + (205 + mmans) Vss (F-86)
from (F.75) and (F.83),
(M4 + mmns) ZiDy = 205 + mmons) Z,1, + (1 + (YL —MN4 + 7712775) Z3) I
= (M4 + mmans) Ve = 215 + mmans) Vs + (YL —MN4 + 7112775) Vss (87)
For simplification, define
N = Y5 — Ny + M31; (F.88)
17 = =Yg + 215 — 03n;s (F.89)
Mg = N4 + MMM (E.90)
Ny = 203 + MMNs (F.91)
Mo = Yy = N4 + MiNs (F.92)

then equations are

(L+16Z0) Iy + M7 2505 + Mg Z515 = NV + 17V + M5Vss (F.93)
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1721y = (L+ 16Zy) I + Mo Zsl3 = =17 Vi) = MVisa + Mo Vi3 (F.94)
NsZyly — NoZy1; + (1 + 771OZ3) I3 = ngVg — NV + MoV (F.95)

from (F.93),
MsZsl3 = MgVt + M7 Vsy + M5Vss = (1+ m6Zy) [ = 1,251, (F.96)

substituting in (F.94),

(77771821 +(1+ 77621)779) I + (77777922 + (1 + n6Zz)ns) I,

= (N6No + M71Ms) Vi1 + (MeMs + 117M9) Vs (F.97)

substituting in (F.95),

(n§Z321 —(1+nZy)(1+ 771023)) I - (778779Z2Z3 + 17 (L+M0Z5) Zz) I

(F.98)
= (71523 -ns(1+ 771023)) Vo — (77877923 +1n,(1+ n10Z3)) Vs — ngVs3

From which it is determined

[77% (1+MoZ5) 2, Z, + s (1+n6Zy) 2, Z;5 + s (1+m6Zy) ZZZBJI
+ 21 MN9Z1 2y Zs — (L+ N6 Zy) (1 + M6 Z,) (1 + Mo Zs) '
_ [TI% (14 Mm0Z3) Zy + 15 (1+ M6Z1) Zs + s (MeNo + 2117Ms) Z2Z3]V
= N6 (1+ M6 Z2) (1 + Mo Zs3) !
[Tk?h (1+m0Z35) Z, = ngno (1 + n6Z,) Z5 + 716778779ZZZ3]V
=17 (1+ 16Zy) L+ M10Z5) ”
- (778 + (MgNs + M715) Zz) Vs

(F.99)

and

[n% (1+ M0Z3) Z0Z + 15 (1+ M Z,) Z0Zs + 15 (1 + ngzl)zzzgj
2
+ 20NN 212,25 — (1 + 77621) (1 + Tlezz)(l + 711023)
B (776717 (L+M0Z3) Zy = nsno (L+ n6Z1) Z5 + 776778719Z1Z3]V
v (1 + n6Z1)(1 + 771023) ot
(n% (L+ MoZ5) Zy + 3 (L+ M6Zy) Zs + ng (s + 2n7n9)lesJ
+ Vs,
— T (1 + 77621)(1 + Thozs)
+(779 +(MgNo + 17Ms) Zl) Vss

(F.100)
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It should be noted that this pair of equations can also be applied in reverse to
model the characteristics of a coupled inductor pair employed for differential split-
ting. In that case, the voltage source Vg; on inductor L, is treated as the input drive
and voltages V; and V, represent the output amplitudes. Additionally, Vg = Vg,
=0, and Z;; and Z;, are the output loads. The above equations then simplify to

[n% (U+ M0Z3) ZiZy + M5 (1 + M6Zo) Z0Zs + 15 (1 + n6zl)zzzgl ;
1
+ 20NN 212y 25 — (1 + 776Z1)(1 + n6Z2)(1 + 7710Z3)

= —(778 + (Tkrls + 777719) Zz) Vs

(F.101)

and

{n% (L4 M0Zs) Z1Zs + 15 (1+ M6Z5) ZZ5 + 15 (1 + nszl)zzz3]

2
+ 20M5M0Z1 Zo Zs = (1 + M6 Zy) (1 + N6Z5) (1 + Mo Zs) (F.102)
= (779 +(MeMNo + M71s) Zl) V3



N L

Ana.lysis of Differential Coupled Inductors
Including Interwinding Capacitance and

Bias Network

Figure G.1 Differential PA matching architecture with coupled inductors including
interwinding capacitance and bias network.

Defining basic network parameters:

Cy = total interwinding capacitance
Zs = Rg + jXs
Yy =1/Zg = Gg + jBg

Z; =R, +jX;

Zpy =Ry + joL,

Ziy, = Ry +joL,

Zcs = Res = jlaoCy

Zis = Rys + joLs

Loy =Zes+ 2y

399
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Zy, = Ry, + joL, (G.10)
Zep, = Rey, — jloC, (G.11)
Zy = ZZeyl (Ziy + Za) (G.12)
and dependent variables:
Wop1 = Ziy — jokJLL, (G.13)
Wir1 = Zia + jokJLL, (G.14)
Wiy = Zpp — jokJLL, (G.15)
Wirs = Zpp + jokJLL, (G.16)
P Gl 20} az) Yo (G.17)
vy It a(lz—zjt)wm (G.18)
Vs =y, (—(1 — o) wkL,L, + azy/11//_L2a)CX/2) (G.19)

Ve = ;'(1//2 (@-(1-20)y_11/12Z¢)+0* (1- ) q/_Lz/ZZb)wk\/E
+ 0 (L+ Yo Z 1 Ze) Y1212 = (L= )L+ waZiy I Z ey + vl Z,) (21 + (- o) yw_;5/2)
— joyy (o oy 11 Zy 12Z; + (Z, + (1= @) w_p2/2)(1+ o1 = @) (Zy + Z1,)12Z,,)) @Cx
(G.20)

vy = j(wa(l—a+ (1= 20)y_11/2Z¢) + &Py_1,12Z,) wk[LL,
—o(l- O‘)(ZL +(1- O‘)‘V—Lz/z)ll/—u/zzb

(G.21)

+(L+ oWZ, 1122, + v, Zy 1 Ze,) (1 - @) Z, + (1= 20) w1, /2)

+ jo vy (Wo (Vo Zy 1 Ze = W_pn) — a(Zy + (L= @) y_15/2)y_151Z,) 0Cx /2

Vs =Y, (ZL +(1-a) W—LZ/Z)(WZ +or(l+ Wl/zb)) — Yy /4
+ jor* (‘lfz (Vo +vo)+ O“I/ﬂILLz/Zb)(wk\/ LiL, -y, (ZL +(1-o) llfsz/Z) (UCX) 12
(G.22)
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vy = —j(lez (1—a)+ oy, (v, + oalll/Zb)/Z) wk\L,L,
+(Zp +(1- OC)W-Lz/Z)(Wl (va+a(l+yi/Z,) -y, (1- oc)ZLl)
+ 0 (W Zyy — oy, 12)y_;,/2
+ oy, (1//11//2 +(Zp + (- )y 12/2) (s, + on//1/Z,7))coCX/2

(G.23)

Yip = f(l - O‘) V_120k L L, /12 + (ZLZ - (1 - 05) V_r /2) (G.24)

Vit =Yy, (illfl (ZL+Z15)~ (ZL +(1-a) llfsz) 0k L1y )/Z

. (G.25)
+7(1- a)(ZL +(1-o) W—Lz/z)((l Y211 Z)Wors — O WL /Zb) 2

Vo=V, (ll/1 ((1 )Yy + ZL) 1Ze+(1-a) lILLz/z) wkm
- /(ZL +(1-a)y_p, /2) (Wz‘l’—Lz (1 +(1-a) ZLI/ZCt) —o(y_s - 0“/’1‘I/+L2/Zb)) /2
— W (Zs + Z) 1+ w1/ Z¢,)
(G.26)

v = jo(l- o)y, (ZL +(1-a) llfsz/Z) (W_rWars +VarW_12)/22, (G.27)

Via =y (v (Zo + Z0) - (1- )4 - ) w_12/2+ 2 - @) Z, ) 0kyLiL, 12)
+ /(ZL +(1- ) ‘ILLz/Z)((l — YW 2y + oy (Vo s = Wy + 0L /Zb)) /2

(G.28)
ys0Cx
Yis = (G.29)
" (v + a(Zs + 1) 1Z,) kL L, +(y7Zs — wo)wCx
B (‘l’z +((1-0) Zs + O“l’l) /Zb) wkyLiL; +(yeZs + ys) ©Cx (G.30)
16 = .

(llfz +a(Zs + 1/’1)/Zb) a)k\/L1L2 +(y7Zs — ws) 0Cy

W2 Zs (k) LiLy/Zc, + jor(waw_ro + W (1 - @) Zs + o) 1Z,) k[ Ly L, 12

Yy =—
+(Zia+ Zy) oy 1112+ Zs (L + woZ14 1 Z,)) + (Wi Zs + ayy3/2) 0Cy
(G.31)
Wi = W, (1— /2 + Zg/Z¢,) (wk)* L L,
— I(X ((xll/JrLz (ZS + ll/l) /Zb + WZZLZ) (DkﬂLle /2 (G 32)

+(Zp, + ZL)(ZS U+ oy, 11122, + v, Z11 1 Zc) + WaZyy — oy /2)
— (W12 Zs + y14) 0Cx
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512

gzz

ol - O‘)((ZLz +Z1) 2+ (wk)z Lle)(‘l/+L1 + 295 714) 1 Z¢,
(Zis + Z0) A+ Zs/Ze, = 20) Zyy — joZ s (1 - 20) k[T, L, /2
s (1 +Z/Zc, + 0% — Sa/Z)(wkz)Lle
+jor(l=20)y g, (1+ o ((1 - @) Zyy = v)/Z) kL, L, 12

Zs+ a(‘I/+L1 ~(1-2a) I/LL1) 12 ]
+al-a)2Zy +v.11)(Zs+aZ)2Z,

+(Zpy + ZLl)[

+(1-20)y4/2Z,

(Zia+ Z)(Zs +wo (L+ Zs 1 Zey)) Zyy + (Wi 1aZs I Zy, — W 14)12)
— (W12Zs — w14) @Cx + 5 (Zs/Zg, +1 - /2) (k) LiL,

— jo(WaZis + oW, 1o (W + Z) 1 Z,) kL L, /2

((Wll - 1;/12)(1 +a(l- oc)Zm/Zb) + (Oﬂl’u ~-(1-a) V’12)ZS/ZI7] a)le\/m

[=)}

+y

+ o | + vy (Zs/Ze, -1+ al2) (k) LL,

+ jo (WzZLz + W, ((Xl//l +(1- a)ZS)/Zb)wkm/Z
(Zia+ Z0) R+ 2y Z1(/ Z ey + oy, 11127,) — (W12 — wi1) @Cy
+ 2, (k) LiLy/Z¢, + jooy .1, (1 - 200) kL, L, 127,

(Z1, + ZL)(ZS -y, (1- ZS/ZCt) Zi+ O“ILL1/2) + (‘l/nZS - lI/14) oCyx

wkJL,L,/Z,

(G.33)

wCy

(G.34)

& = a((k) LiLy + (Zio + Z0) Z0a)(1 - @) wra 24+ 92 (Zs + (1 - 0) Z,.)) ok L, L, /7,

(1+a(Zs + (1= @) Z1.) 1Z) (ay1512 + 15) 0k L Ly

+ (w7 Zs — lI/9)(1I/2 (G)k)z Lily +(Z1y + Z)WaZyy + (o372 + W14)CUCX)

+(Wo —ws)| — (Wi2Zs — W14) 0Cx + w5 (Zs/Zc, + 1~ l2) ((Uk)z LiL,
- jo (WzZLz + oy, (W + Zs) /Zb) kL1, /2

(ZLz + ZL)(ZS + vy, (1 + ZS/ZCt) Zp+ a(‘l/+L1Zs/Zb - ll/—Ll) /2)

wCy

(G.35)
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54 = ZLZ + ZL 1 + WZZL]/ZCt)(ZS + 2a (]. OC)ZU) wk\’Lle /Zh

55:

& =(1-a) ((m/e)2 Lily +(Zy + Z1») le)(a%Ll/z + v, (Zs + 0Zy,)) kT, 1, /Z,,

(L= @)y + (Zs +200(1 - @) Z1 )y ) (k) LiLy 1 Z e
llf+L1 1 ZO‘)W Ll)/2

—(Zs + azm —y,+a(l-o) W+L1ZL1/ZCt)

— jo(1- 20) W’/ 12~ Wiz kT, L, /2
+0“l/+L2(1I’1 (1- a)ZLl)/Zb

(we + l//7)(l[/2 (k) LyLoZs/Z e, +(Zys + Z1) Zs (1 + WZZU/ZQ))
(e - [(ZLZ +Z)oy_1/2 ]
+ jo (‘Vz‘I/—Lz oy, (W + Zs)/Zb)wkx/E/Z
_— (21,/2 (k) LiLy/Zc, +(Z1y + Z1) 201+ Y121,/ Zc,) + ocI//+L1/ZZb))
. [(1 +o(Zs + (1= 0) Z11)1Z,) (Wi - wi2)

+(1-20) (fOC‘l/+L2 (WrZs —ws)12 —winZs — Oﬂlf13/2) 1Z,
+We(Zio + Z1) Zsoy 11127,

- (‘lfé (W12Zs + oy /2) -y (‘lfnzs + oy /2) — Vs (le - lI/11)) oCyx

]a)k«/ LL,

+(ys —wo)| + jor (Wz‘l/—Lz TV (Oﬂlfl +(1- ) Zs) /Zb) OR\JL1L, 12
+ v, (0k) LiL,Zs/Z,

+ +(1+ (- a)(Zs + aZ1y)1Z,) (o132 + wis) wkyL L,

+(WeZs - 1/18)(1//2 (wk)z LiLy +(Zy + Z10)waZyy + (01312 + ry4) (UCX)

(Z12+ ZL)(ZS A+ vz /Z¢,) + Oﬂl/—Ll/z) + (W11 Zs + ay153/2) ©Cy

(G.36)

wCy (G.37)

wCy

(G.38)
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G.1 0Odd-Mode Network Solutions
For these modes,
Vg =Vg ==V, (G.39)

In terms of
denom = (((Dk)z L]Lz (1 + ZZS/ZCt) + (ZLZ + ZL) (ZL1 + ZZS (1 + ZLl /th))) (/)k\,L1L2 (G40)
Network solutions are

1, 2k LiLyZe + (Zis + Z0) 1+ Zi/Ze) 0k T + &+ &

il N G.41
Vs denom + (& + &) Zs + &; ( )
Vi ((a’k)z LiL, +(Zp, + ZL)ZU)a)k\/ LiL, +¢&; ca
Vs denom + (&, + &) Zs + &; (G42)
(V1/Vs)
7, =
1 (1,/Vs) (G.43)
1 2@k LiLa/Ze, + (Zia+ Z0) (1 + Zys/Zc) 0k LT + &+ &s s
Vs denom + (&, + &) Zs + &4 (G.44)
V, ((wk)z LiL,+(Z, + ZL)ZLl)wk\/ LiL, +& 45
VS B den0m+(§4+€5)zs +€6 ( ’ )
(V2/Vs)
7y, = ——=
2 (1L/Vy) (G.46)
(142 (2 + juiocy)iza)V,
- (1 +oy, 1122, + Yo Ziy 1 Zey + (L + Wi/ Zy,) ‘l’l‘l’zwcx) V)
—ay_ /2 + (szm —oy_/2+ f‘lflzllfzwcx) I,
I, = (G.47)

/l//z ((DkﬂLle (ZL + 1 o ll/ Lz/Z)Wla)Cx)

V=17, (G.48)
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VC = V2 1 o (]wk\’LlelL + V1 ZLl/ZCt - ZLIIZ)
+7(1- 05) V_r1 (Vz -V (- a)(Vf—Ll Vi=Vo)lZe, +y_pilr + W-LlIL)/Z)(UCX/Z

(G.49)
G.2 Output Impedance on Port 3
Driving port 3 with voltage Vg3, we have
L VisWis + j¥2 ((Uk\] LiL, + ‘l’lowcx)
- == (G.50)
Vg3 Yi7 + VigVis
I
== =VYi5 + Y]/ Vg3 (G.51)
$3
Y1y LoCyx — (Oﬂl/-u/z + (1 +ty, (ZLl + leszX) /ZCt)ZS) I,/ Vg;
—oy_ 1 /2+y, (1+ ZS/ZCt)(ZLl + jW]Z(DCX)
+ . 1,/Vgs
I +(L+ oy, 11227, + jyyr0Cx) Zs
—= (G.52)
Vss W, (a)k\/L1L2 (Z,+(1-a)y_ LZ/Z)W]wCX)
VilVss =1+ (1.1 Vs3) Z; (G.53)
Loy ==V /1 = _(VS3/IL + ZL) (G.54)
G.3 Design Synthesis
For lossless case
Zpy = joL, & Zp, = joL, (G.59)
and for L,=0
VZ¢e = joC, (G.56)

G.3.1 For Input Match on Ports 1 and 2

For input match, we require

Yin ZGS_jBS
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Defining

2
a=(1- k&) (0LGs/R,) (G.57)
b= 2((1 - k2)2 oL,GsX; /R, - /ez) (G.58)

and for port 1

¢ = oLGg(R, + X} /R;)
Gs3(85) ~ BsR (&) - 3(61 + &)
HE (GsR (&) + BsS (&) - R (& + 52))(XL +(1-#) a)Lz)/RL

J/w/e./Lle (G.59)

and for port 2

¢ = oLGs(R, + X /R,)

GsS3 (56) - BgR (56) - <3(54 + és)
— (G5 (&) + B3 (&) - R (& + &) (xL +(1- kz)a)Lz)/RL

]/wla/L]Lz (G.60)

where R( ) represents the real part of the argument, and J( ) represents the imaginary
part. Solutions for the secondary inductance L, can be expressed in the standard
quadratic form

—b-b>-4
L, = Tac (G.61)

Also,

ooy G ((1 ~ &)oL, + XL) _ B(R,

2R (G.62)
OL1 | (G (&) + B3(&) - R (& + &) /0’ LikyLL,

Solution of (G.61) and (G.62) requires a recursive approach, as with the single-
ended coupled-resonators synthesis with interwinding capacitance of Section 12.3.
A recursive solution is required since the &-terms are themselves f(L,). Since the
&-terms all have first-order dependencies on Cx and 1/Z, and the latter are assumed
to be small, and the initial seed solution for L, is generated with &, = 0, for all 7.
This is used to obtain a first solution for Cg, which, in turn, generates first solu-
tions for all £,. An improved estimate for L, is then generated and the procedure
is repeated recursively. Typically, ~20 recursions are required to arrive at relatively
precise values for L, and Cj.

In lieu of a single shunt capacitor Cy, if a low-input impedance is required at
the third harmonic, as in Section 14.1, denoting the frequency at the center of the
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passband by @, and that at the center of the third-harmonic band by ®;, we must
replace it by a series trap with

G5 = (1 (@u/es)’)Cs (G.63)

Ly=— (G.64)
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[ABCD] matrix analysis, 257, 277
[ABCD] parameters
about, 1
auto-transformers and, 257
cascaded networks, 7
coupled-inductor match, 221-22
five-element topology, 363-64
four-element topology, 363
highpass T-network, 277
input impedance and, 3
input reflection coefficient and, 3
intersection of two matrices, 6
key relationships, 1-7
modified matrix coefficients with ground
impedance, 6-7
network, matrix equation, 2
network with input/output z-matches, 366
network with input/output T-match, 365
network with input T-match, 365
network with output z-match, 366
network with output T-match, 365
network with two-element input/output
matches, 366
output impedance and, 3
parallel networks, 7
reciprocal network, 2
reversed network, matrix equation, 2
reversed reciprocal network, 3
seven-element topology, 365
six-element topology, 364
symmetric network, 3
transmission coefficient and, 3—4
two networks with shunt elements, 367
two-port, conversion formulae, 369-70
two-port, network variables, 1
two-port network [M] parameters, 4—6
useful relationships, 2—-4
[ABCD] power relations, 50-51
n-based lattice coupler, 349
m-network
about, 173-74
architecture, 167
characteristics, 179-90
dual section design, 175-77

equivalencies, 189-90

highpass, 181-84

highpass + highpass cascade, 210-14

highpass + lowpass cascade, 204-10

independent variable = By, 174

independent variable = B,, 174-75

independent variable = network phase shift,
175

independent variable = X, 174

lowpass, 179-81

lowpass + highpass cascade, 197-204

lowpass + lowpass cascade, 193-97

in matching applications, 165-67

parametric definitions, 167

reactive element definitions, 174

as three-element network, 171-73, 190

two-port network [M] parameters, 4

See also Matching networks

A

All-pass bridge-T lowpass network
about, 159
capacitors, 159
differential, 163
dispersion, 160-62
element values, 159
equal in-band insertion loss, 160
even mode, 160, 164
inductors, 159
modification, 163
with negative inductor coupling, 159
odd mode, 160, 164
performance characteristics, 160, 161-62
with positive inductor coupling, 159
schematics, 159, 160
with second-harmonic short, 163
shift characteristics, 160
third-harmonic reflection coefficients, 163
with third-harmonic short, 163, 164
Analytic optimization approach, 81-84
Auto-transformers
[ABCD] parameters and, 257
advantages, 254
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classical transformers versus, 254
coupled inductors, §

highpass T-networks with, 275-81
ideal, 5

impedance matching and, 265

in impedance matching networks, 255
inductance coil, 254

lowpass m-networks with, 253-75
schematics, 255

synthesis equations, 256-57

voltage transformation ratio, 254-55

B

Bandpass filters
elliptic filter insertion characteristics, 116
elliptic filter layout, 116
LC-parallel resonator traps, 119
LC-series resonator traps, 117
physical layout, 115-16
practical design, 115-17
Bar plots (Excel), 95-96, 97
Bias inductor coupling
about, 153
admittance, 156
alternatives, 156, 159
characteristics, 157-58
motivations for, 153-56
passband characteristics, 156
values, 156, 159
Bias inductors
about, 123
coupling, 153-54, 264
harmonic susceptance and, 126-34, 135
inductive susceptance and, 135, 136, 139, 144
values for, 125, 135
Bypass bias capacitor voltage, 271, 275

C

Capacitive cross-coupling, 20-21
Capacitor lumped-element models, 59-635, 67
Capacitors
all-pass bridge-T lowpass network, 159
comparing two and three-element models, 62
dissipation, 59
electrical characteristics, 64
quality factor (Q), 61-62, 64, 73
self-resonance frequency, 62
three-element model, 60-61, 62-65, 66
two-element model, 59, 60, 62-65
Cartesian plots, 86, 87
Cascaded [ABCD] networks, 7
Combiner with complex input impedance
about, 330

gain with complex load, 330, 332
impedances with complex load, 330, 331
insertion phase shifts, 330
See also Lattice splitter/combiner
Combiner with complex input impedance and
unequal power split
about, 335-36
complex load impedance and, 336
gain, 336, 338
impedances, 336, 337
schematic, 335, 336
See also Lattice splitter/combiner
Combiner with multiple mixed specifications
about, 342-44
gain, 342-44
impedances, 342, 343
performance characteristics, 344
schematic, 342
See also Lattice splitter/combiner
Compact modules, flip-chip attach technology
and, 76-78
Complex expressions, in Excel, 96-97
Compromise coupled inductors
differential input reflection coefficients and
gain, 313
element values, 312
match performance parameters, 307, 310
network values, 307, 309
port input impedances, 314
Computer-aided design (CAD), 82
Conjugate matching, 54-56
Contour plots
about, 86
in design process, 95
generation of, 93
highpass + lowpass m-networks, 207-9
insertion gain, 94
lowpass + lowpass m-networks, 194-935,
196-97
mismatch, 94
Conversion formulae
two-port [ABCD] parameters, 369-70
two-port S-parameters, 370-71
two-port Y-parameters, 371-72
two-port Z-parameters, 372-73
Coupled harmonic inductors
about, 152
advantage of, 153
characteristics, 154-55
potential benefits of, 152
schematic, 152
values, 155
Coupled inductors
about, 17
auto-transformer, 5
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basic design, 219-47

circuit model, 216

conceptual errors, 218

as critical circuit element, 385

edge-coupled printed, 217

equal, with cross-capacitance, 21

equal with capacitance, even-mode network,
22

equal with capacitance, odd-mode network,
22

four-port schematic, 17

four-port S-parameters for, 379-81

impedance matching and, 215

layout, 217

overlay printed, 218

pair, as transformer, 17

with primary shunt capacitor, 379-81

as splitters and/or combiners, 218

terminology, 216-18

three-port schematic, 19

transformers versus, 216-18

two-port network [M] parameters, 5

See also Single-ended coupled inductors

Coupled inductors with

interwinding capacitance

about, 385

analysis of, 385-98

boundary conditions and, 389-90

homogeneous solution, 388

incremental circuit analysis, 386

incremental model, 386

input inductor, 396

nodal current relationships, 394

schematic, 385

second-order nonhomogeneous equations,
387

summary, 393

variables for analysis, 394-95

D

Differential all-pass bridge-T lowpass network,
163

Differential coupled inductor analysis
bias network, 399-407
dependent variables, 400-403
design synthesis, 405-7
interwinding capacitance, 399-407
network parameters, 399-400
odd-mode network solutions, 404-5
output impedance on port 3, 405

Differential coupled inductors
architecture, 291
design, 291-302
differential insertion gain, 295

differential secondary to primary inductance
ratio, 295

element synthesis, 293

even-harmonic frequencies and, 291-92

even-mode schematic, 293

example, 294-302

functions, 292

impedance match parameters, 294

interwinding capacitance and, 292, 302-14

matching for PAs, 291-314

network gain and impedance, 296, 297, 303

network gain and impedance with third-
harmonic trap, 299, 301

network input and output impedances, 296,
298

odd-mode schematic, 293

optimum element values, 296

primary inductance versus coupling factor,
302

secondary inductance dependence, 295

second-harmonic reflection coefficient, 299

third-harmonic reflection coefficients, 299,

300

Differential coupled inductors with

interwinding capacitance

about, 302-4

architecture, 304

center point of inductor, 305

compromise, element values, 312

compromise, input reflection coefficients and
gain, 313

compromise, port input impedances, 313

compromise match performance parameters,
307, 310

differential input reflection coefficients, 308

differential insertion gains, 307, 309

discrete capacitors, 305

example, 306-14

impedance matching parameters, 307

inductances, 304-5

insertion losses, 307

lack of secondary symmetry, 304

matching requirements, 307, 308

network values for compromise match, 307,
309

network values for optimum match, 307

with no bias loading, 311-12

voltage along primary inductance, 311

Differential PAs

about, 283

advantages, misconceptions of, 285
advantages and disadvantages, 288
coupled-resonator networks and, 285
in high-frequency RF circuit, 284
impedance advantages and, 287
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Differential PAs (Cont.) performance, 143
loading impedances and, 288 reflection coefficient, 140
in matching output networks, 284 schematic, 139
primary impedance in, 287 trap frequencies, 139
transformation ratios, 287 Dynamic circuit schematic layout (Excel)
transformers and, 284 about, 86

Differential PA shunting inductance creation of, 90
about, 146-49 filter network, illustrated, 92-93
amplifier chains and, 149 morphing capabilities, 90-91
architecture, 148 output matching, illustrated, 91

characteristics, 150-51
coupled bias and harmonic traps and, 153-59 E
coupled harmonic traps and, 152-53

harmonic traps and, 146-51 Edge-coupled printed inductors, 217
lattice combiner splitter, 284 Envelope Tracking (ET), 125
schematic, 149 Excel
signal lines and, 149 bar plots, 95-96
See also PA shunting inductance complex expressions in, 96-97
Display plots (Excel) contour plots, 86, 93-95
about, 86 display plots, 86-90
Cartesian, 86, 87 dynamic circuit schematic layout, 86, 90-93
Smith charts, 86-90 macros in, 97-98
Dual-coupled trap architecture as programming platform, 85
about, 144 RF circuit analysis, 85
characteristics, 146, 147-48 visualizations in, 86-96
circuit analysis, 145
combined admittance, 146 F
disadvantages of, 146
schematic, 144 Flip-chip attach technology, 76-78
trap frequencies, 144 Four-element combiner
uncoupled analysis, 145 architectures, 353, 354
Dual section m-network design characteristics, 350, 351
about, 175-76 element values, 353
design equations, 176-77 Four-port scattering matrix equations, 379
elements, 176 Four-port S-parameters
phase shifts, 176 conversion to Y-parameters, 375-77
schematic, 176 for coupled inductors, 379-81
See also m-network coupled inductor schematic, 17
Dual-7 single-ended PA matching distributed model, 21
about, 191-92 matrix equations, 379
cascaded two-section PA match, 192 terminated network, 31
configurations, 193 three-port S-parameters from, 19
highpass + highpass cascade, 210-14 variables, 21
highpass + lowpass cascade, 204-10 See also S-parameters
lowpass + highpass cascade, 197-204
lowpass + lowpass cascade, 193-97 H
residual susceptance, 193
target specifications, 193 Harmonic traps
Dual-trap architecture about, 135
about, 139 coupled, differential shunting inductances
center frequency, 143 and, 152-53
characteristics, 141-42 differential PA shunting inductance and,
combined admittance, 140 146-51
elements, 143 differential shunting inductances and coupled

passband characteristics comparison, 140 bias and, 153-59
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dual, 139-43
dual coupled, 144-46
PA shunting inductance and, 135-46
single, 135-39
Highpass + highpass m-networks
about, 210
contour plots, 210, 212-14
dependence, 211
insertion losses, 210
optimal PA match elements, 210
schematic, 211
sensitivity plots, 210, 211
See also Dual-r single-ended PA matching
Highpass + lowpass m-networks
about, 204-6
characterization plots, 207-9
dependence, 206
input impedance, 210
insertion losses, 210
“optimal” PA match elements, 207
schematic, 205
sensitivity plots, 206
See also Dual-r7 single-ended PA matching
Highpass m-network
about, 181
characteristics, 182-83
element values, 183
implementation, 182
insertion phase shifts, 184
See also m-network
Highpass networks
about, 169
impedance and gain characteristics, 171,
172-73
series reactance, 175
series-shunt, 191
shunt-series, 191
shunt susceptance, 179
See also Matching networks
Highpass T-network
about, 184
characteristics, 187-88
element values, 184
implementation, 187
insertion phase shifts, 184
with/without magnetic coupling, 275
Highpass T-network with
autotransformer action
about, 275-76
element values, 279
element values, with second-harmonic trap,
281
example, 277-81
network parameters, 276
with second-harmonic trap, 280

synthesis equations, 27677
with/without mutual inductive coupling, 278,
279

Ideal auto-transformer, 5
Impedance matching
[ABCD] parameters in, 1
auto-transformers and, 255, 265
auto-transformer type action and, 255, 2635,
275
bandwidth characteristics, 301
coupled-inductor network, 240-41, 243, 291
coupled inductors for, 167
coupled-resonator network, 285
dual-7 lowpass + highpass network, 200, 210
dual-section m-network, 176
network performance, 195, 199, 206, 277
PA output impedance and, 165
two-element LC network, 190, 191, 215
two-element network for, 167
Inductor coupling, 156, 159, 258, 260-62, 271
Inductor lumped-element models, 65-75
Inductors
all-pass bridge-T lowpass network, 159
characteristics for model comparison, 71
comparing two and three-element models,
71-75
dissipation, 66
extracted reactive elements, 73
ideal, 65
integration into compact module design,
76-78
quality factor (Q), 69-71
reactance, 219
as self-resonant, 70
as series elements, 71
three-element model, 68-69, 71-75
two-element model, 66-68, 71-75
See also Coupled inductors
Insertion losses
circuit variables versus, 127, 134
highpass + highpass 7-networks, 210
highpass + lowpass m-networks, 210
maximum in-band, 126
network losses, 1-dB, 130
network losses, 2-dB, 131
network variables, 1-dB, 128
network variables, 2-dB, 129
residual susceptance and, 135

Insertion phase shifts

highpass z-network, 184
highpass T-network, 184
lattice-balun splitter, 325, 330
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Insertion phase shifts (Cont.)
lowpass m-network, 181
lowpass T-network, 184
six-element lattice coupler, 357
splitter with multiple mixed specifications,
339-41, 342
Interwinding capacitance
coupled inductors with, 385-98
differential coupled inductors with, 292,
399-407

single-ended coupled inductors with, 248-54

Interwinding capacitance single-ended
coupled inductors
about, 248
characteristics, 249
element values, 250

equivalent performance parameters, 249, 250

impedance match parameters, 249
lumped-element models, 248
optimized, 250

optimized, characteristics, 251
optimized, element values, 252
optimized, insertion gain, 254
optimized, network characteristics, 253
schematic, 248

L

Lattice-balun combiner

about, 325

gains, 325, 327

impedances, 325, 326

schematic, 325

See also Lattice splitter/combiner
Lattice-balun splitter

about, 321

element values, 322

example, 321-25

gains, 322, 324

impedance, 322, 323

insertion phase shifts, 324, 325

maximum coupling imbalance, 322, 324

performance characteristics, 324, 325

relative phase shift dependency, 325

schematic, 322

specifications, 322

See also Lattice splitter/combiner
Lattice splitter/combiner

about, 315-17

combiner example, 325, 326, 327

combiner with complex input impedance,

330-32

combiner with complex input impedance and

unequal power split, 335-38

combiner with multiple mixed specifications,
342-44

complexity, 317

design basics, 317-21

design equations, 318-21

design examples, 321

differential, 284

evolution of, 316

generalized coupler configuration, 317

generalized splitter configurations, 318

key design variables, 319

lattice with additional shunt susceptance,
344-47

phase shifts, 317, 319

six-element coupler, 347-61

spitter synthesis, 318

splitter example, 321-25

splitter with complex input impedance,
325-30

splitter with complex input impedance and
unequal power split, 332-35, 336

splitter with multiple mixed specifications,
338-42

Lattice with additional shunt susceptance

about, 344

conventional/modified gains comparison, 346

elements, 346

insertion loss, 345, 346

lowpass/highpass m-network insertion gains
versus phase shift, 345

schematic, 345

See also Lattice splitter/combiner

LC-parallel resonators

about, 99

in-band capacitance and low-side resonance,
113-14

in-band inductance and high-side resonance,
110-12

bandpass, Smith chart impedances, 104

bandpass configurations, 102, 104

bandstop, Smith chart impedances, 106

characteristics, 112, 114

design parameters, 112, 114

formulae for equivalency, 100-101

insertion gains, bandpass, 103

insertion gains, bandstop, 105

mapping to serial resonators, 101

novel pairing for passband-type response,
118-21

with parasitics, 111

passband gain characteristics, 105-6

trap architecture, 104

LC resonators

about, 99
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bandpass characteristics, 102
center frequency, 100
characteristics, 100
configurations, 99
gain characteristics, 100-101
novel pairing for bandpass shaping, 117
for passband filtering, 102
quality factor (Q), 100
for stopband rejection, 103-6
traps employed for filtering, 117
See also L.C-parallel resonators;
LC-series resonators
LC-series resonators
about, 99
in-band capacitance and high-side resonance,
106-8
in-band inductance and low-side resonance,
108-10
bandpass, Smith chart impedances, 104
bandpass configurations, 102, 104
bandstop, Smith chart impedances, 106
characteristics, 108, 110
design parameters, 108, 110
formulae for equivalency, 100-101
insertion gains, bandpass, 103
insertion gains, bandstop, 105
mapping to parallel resonators, 101
novel pairing for passband-type response,
117-18, 119
with parasitics, 107
passband gain characteristics, 105-6
trap architecture, 104
traps employed for bandpass filtering, 117,
119
traps employed for filtering, 117
LC single-ended matching networks. See
Matching networks
Load admittance, 167
Load impedance, 167
Lowpass + highpass 7-networks
about, 197-99
characterization plots, 197, 203-5
dependence, 202
optimal PA match elements, 201
schematic, 202
sensitivity plots, 197, 202
See also Dual-r single-ended PA matching
Lowpass + lowpass 7-networks
characterization plots, 199-201
contour plots, 194-95, 196-97
match dependence, 195
“optimal” design approach, 194
optimal PA match elements, 198
PA match, 193

sensitivity plots, 194, 195
See also Dual-r single-ended PA matching

Lowpass m-networks

about, 179

characteristics, 180-81

implementation, 179

insertion phase shifts, 180

with/without magnetic coupling, 255

with/without mutual inductive coupling,
258

See also m-network

Lowpass m-network with autotransformer action

about, 253-55

bypass bias capacitor voltage, 271

bypass bias capacitor voltage, with second-
harmonic trap, 275

characteristics, with second-harmonic trap,
274

characteristics dependence, 259

dashed dependency, 270

element values, 259, 270

element values, with second-harmonic trap,
262

example, 258-64

gain, with second-harmonic trap, 273

gains with/without virtual ground, 268, 269

inductor coupling, 271

with intentional strong magnetic coupling,
265

losses due to series elements, 267

maximum passband insertion loss, 259

with mutual inductive coupling, 260

second-harmonic reflection coefficient, 272

with second-harmonic trap, 261, 263, 273

solid dependency, 270

virtual inductor ground an, 264-75

See also Lowpass m-networks

Lowpass networks

about, 169

impedance and gain characteristics, 170-71
series reactance, 175

series-shunt, 191

shunt-series, 191

shunt susceptance, 179

See also specific types of lowpass networks

Lowpass T-network, 184-86
Lumped-element models

about, 57

capacitor, 59-65

inductor, 65-75

parametric model extraction, 57-59
quadratic interpolation and, 75-76
RF inductor integration and, 76-78
summary, 78-79
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Macros, in Excel, 97-98
Magnetic coupling
between bias inductor, 264-65
highpass T-network with/without, 275
between inductor, 256
lowpass m-network with/without, 255
maximizing, 385
Magnetic coupling factors, 248
Matching networks
configurations, 165, 166
dual-7 single-ended PA matching, 191-214
elements, 165
n-network, 165-67, 173-77
three-element, 171-73
T-network, 165-67, 177-79
two-element, 167-69
two-element single-ended, 190-91
two-port networks and, 165, 166
Materials data, 409-10
Motivation, this book, xv
Multiphase power amplifiers
about, 283
differential, 283
quadrature, 283
single-phase versus, 283-89
Multiport S-parameters
capacitive cross-coupling and, 20-21
coupled inductor, 17-24
Mutual coupling
coupled-inductor value dependence on, 239
factors, impact on gain, 241
highpass T-network with/without, 278, 279
lowpass m-network with autotransformer
action, 260

N

Network efficiency, 53-54
Network impedances, 128, 129, 224,228, 230
Network losses, 130, 131

o

Objective, this book, xiv
Optimization algorithms, 82-83, 84
Overlay printed inductors, 218
Overview, this book, xv—xvi

P

Parallel [ABCD] networks, 7
Parametric model extraction, 57-59

PA shunting inductance
differential, coupled bias and harmonic traps
and, 153-59
differential, coupled harmonic traps and,
152-53
differential, harmonic traps and, 146-51
dual coupled harmonic traps and, 144-46
dual harmonic traps and, 139-43
single harmonic trap and, 135-39
Passband filtering, 102-3
Passband harmonic susceptance
compensated by bias inductor, 126-33
compensated by bias inductor and matching
network, 133-34
residual, 133
Phase shifts. See Insertion phase shifts
Port normalization impedances, changing, 12
Power amplifiers (PAs)
about, 123
balanced architecture, 283
differential, 283-89
differential, block diagram, 124
lowpass matching network, 125
matching network requirement, 123
output matching, 123-34
quadrature, 283
single-ended, block diagram, 124
single-ended lowpass, 284
single-phase versus multiphase, 283-89
Power relationships
[ABCD], 50-51
about, 49
fundamental, 49-50
maximum available gain and, 54-56
power available from source, 49
power delivered to the load, 50, 51-52, 53
power dissipation in the network, 52, 53
power into the network, 49-50, 51, 52-53
two-port S-parameters, 51
two-port Y-parameters, 52
two-port Z-parameters, 52
useful, 53-54
Power transfer calculation, 35

Q

Quadratic polynomial fit, through 3 data points,
383
Quadrature PAs, 283
Quadrature splitter/combiner, 283
Quality factor (Q)
capacitors, 61-62, 64,73
inductors, 69-71
LC resonators, 100
reactive elements, 69, 79
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R

Reactive elements
importance of, 78
nm-network, 174
optional, 82
quality factor (Q), 69, 79
self-resonances of, 78
three-element, equivalent circuit models, 79
T-network, 177
See also Capacitors; Inductors
Residual susceptance, 126-27, 133-34, 135
RF engineering, xii—xiv

S

Scattering equations, 9-10
Scattering parameters. See S-parameters
Shunted-inductor lattice couplers (SILCs), 20-21
Single-ended coupled inductors
about, 215
with harmonic short, 221
impedance transformation ratio, 233
input and output shunt-matched, element
values, 240
input and output shunt-matched, element
values with trap, 236
input and output shunt-matched impedances,
230
input and output shunt-matched insertion
gain, 231
input and output shunt-matched ratio
dependence, 231
input and output shunt-matched reflection
coefficient, 233, 236
input and output shunt-matched with trap,
insertion gains, 238
input and output shunt-tuned, match second-
harmonic characteristics, 233, 236
input and output shunt-tuned, match second-
harmonic characteristics, with trap, 237
input shunt-matched impedances, 224
input shunt-matched insertion gain, 225
input shunt-matched ratio dependence, 225
insertion gain and, 240
insertion gain and secondary inductance
dependence, 223, 226
with interwinding capacitance analysis
approach, 248-53
match analysis, 221
matching alternatives, 219
matching comparison with LC-output
matching, 240-47
matching complexities, 231-40
matching configurations, 222-31

matching network input and gain
characteristics, 237
match parameters, 222
mutual coupling factor impact on gain, 241
network input impedances, 243
network input reflection coefficients, 242
network insertion gains, 246
network output impedances, 245
network output reflection coefficients, 244
network second-harmonic insertion gains, 247
optimum input and output shunt-matched
values, 229
optimum input shunt-matched values, 224
optimum output shunt-matched values, 227
output shunt-matched impedances, 228
output shunt-matched insertion gain, 229
output shunt-matched ratio dependence, 229
output shunt-tuned, match second-harmonic
characteristics, 233, 234
output shunt-tuned, match second-harmonic
characteristics, with trap, 233, 235
secondary to primary inductance ratio
dependence, 232
shunt input and output match, 227
shunt input match only, 220, 222-25
shunt output match only, 220-21, 226-27
terminating impedances and admittances,
219-20
value dependence on mutual coupling, 239
See also Coupled inductors
Single-ended PAs
misconceptions, 285
with split outputs to coupled inductors, 286
Single-ended versus differential PAs
about, 283-84
advantages and disadvantages, 288
comments on, 287-89
configurations, 285
considerations of, 284
input impedance and, 285
misconceptions, 285
Single-trap shunt inductance
about, 135
characteristics, 137-38
combined admittance, 136
reflection coefficient, 136
schematic, 135
Six-element lattice coupler
n-based, 349
about, 347
combiner characteristics, 350, 352
combiner configuration, 350, 351
combiner specifications, 350
combining node, 348
configurations, 347, 348
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Six-element lattice coupler (Cont.)
effective loading conductance, 348
elemental parameters, 349-50
elements, 350, 352
gain advantage, 358
gain and input impedances, 60, 359
gain dependencies, 357, 358-59
insertion gains, 353, 356-57
insertion phase shifts, 357
load impedance and load admittance, 348
network gain variation, 355, 356-57
optimized, gain and input impedances, 359,
361

performance comparison, 353

T-based, 349

T-network combiner, 353, 354, 355

as two four-element phase shift networks,
355-56

See also Lattice splitter/combiner

Smith charts
bandpass LC resonators, 104
bandstop LC resonators, 106
creation of, 86
data display range examples, 89
display range entry, 88
examples of, 87, 88

Source admittance, 167

Source impedance, 167

S-parameters
about, 9
circuit elements, 18
component, alternate topologies, 58

derivation of terminal voltages and currents,

38-39

distributed four-port model, 21

for equal coupled-inductor network, 24

extracting immittances from, 57-59

formulae, 9

four-port, 17, 19

four-port, conversion to Y-parameters,
375-77

four-port, variables, 21

input impedance and, 11

input reflection coefficient and, 11

interdependence, 12

lossless network, 10-11

multiport, coupled-inductor, 17-24

multiport, definition, 9

normalization impedance and, 23-24

one-port measurement, 58

output voltage and, 11

port normalization impedances, changing
and, 12

reciprocal network, 10

reduction, four-port to three-port, 31-32

reduction, three-port to two-port network,
30-31

relationships, 10-12

with terminal voltages and currents, 36-37

three-port, 19, 30-31

two-port, conversion formulae, 370-71

two-port, relationships, 13-14

two-port, schematic, 20

two-port network, common, 14-17

two-port S-parameters, 58

use of, 10

voltage driving force and, 11-12

Splitter with complex input impedance

about, 325-26

element values, 327, 328

input reflection coefficient, 327-29
insertion phase shifts, 330

maximum coupling imbalance, 329, 330
net insertion gain, 329

output power split, 329

real input impedance, 326
specifications, 327

See also Lattice splitter/combiner

Splitter with complex input impedance and

unequal power split
about, 332
elements, 333
insertion gains, 333, 335
phase shifts, 333, 336
schematic, 333
specifications, 332
See also Lattice splitter/combiner

Splitter with multiple mixed specifications

about, 338-39

elements, 339

impedance, 339, 340

insertion gains, 339, 341

insertion phase shifts, 339-41, 342
performance characteristics, 341-42
schematic, 339

specifications, 338

See also Lattice splitter/combiner

Stability factor, 55
Stopband rejection, 103-6

T-based lattice coupler, 349
Three-element matching networks

dependency options, 171-73
equation satisfaction, 173
See also m-network; T-network

Three-element models

capacitor, 60-61, 62-65, 67
inductor, 68-69, 71-75



Index 425

Transformers
about, 216
circuit model, 216
coupled inductors versus, 216-18
in differential designs, 284
two-port network [M] parameters, 5
See also Auto-transformers
Transmission gain, 50
Transmission line parameter, 5-6
Two-element matching networks
about, 167
characteristics, 169-71

Three-port networks
combiner design specifications, 353
in combining two input powers, 35
design flexibility, 315
example, 36
lattice, 317, 318
performance characteristics, 292
S-parameter equations, 32
S-parameter reduction, 31-32
use caution, 33
with voltage and current variables, 32, 38
Three-port S-parameters

as combiner, 34

as coupler, 33-34

equations, 32

with even-mode and odd-mode drive, 36-37

external impedances, 33

input impedance and voltage, port 1 alone,
34

input impedance and voltage, port 2 alone,
34-35

input impedance and voltage, port 3 alone,
35

input impedance and voltage, ports 1 and 2
simultaneously, 35-37

network, reduction of four-port to, 31-32

network examples, 36

network with voltage and current variables,
32-33, 38

reduction to two-port network, 30-31

terminated network, 30

working with, 33

See also S-parameters

T-network

architecture, 167

characteristics, 179-90

design, 177-79

equivalencies, 189-90

highpass, 184

independent variable = B, 177

independent variable = network phase shift,
178-79

independent variable = X, 178

independent variable = X,, 178

lowpass, 184

in matching applications, 165-67

parametric definitions, 167

reactive element definitions, 177

as three-element network, 171-73, 190

two-port network [M] parameters, 4

See also Matching networks

T-network combiner

architectures, 353, 354
elemental values, 353, 354
with real node architectures, 353, 355

design parameters, 169

highpass LC characteristics, 171, 172-73
high-pass match, 167, 168—69

lowpass LC characteristics, 170-71
low-pass match, 167-68, 169-70

See also Matching networks

Two-element models

capacitor, 59, 60, 62-65
inductor, 66-68, 71-75
three-element models and, 61, 79

Two-element single-ended matching networks

about, 190

LC impedance matches, 192
series-shunt highpass, 191
series-shunt-lowpass, 191
series-shunt match, 190
shunt-series highpass, 191
shunt-series lowpass, 191
shunt-series match, 190

TWO-pOI't network parameters

about, 5-6

conversion formulae between, 369-73
coupled inductors, 5

coupled inductors auto-transformer, 5
electrical parameters, 369

ideal auto-transformer, 5

nm-network, 4

series impedance, 4

shunt admittance, 4

T-network, 4

transformer, §

transmission line, 5-6

Y-parameters, 41, 42—-45
Z-parameters, 45, 46-48

See also [ABCD] parameters

Two-port networks

[ABCD] parameters and, 1

about, 165

common parameters used for evaluation of,
179

transmission characteristics, 166

See also Two two-port S-parameter networks;

specific lowpass and highpass networks
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Two-port S-parameters parallel, 25-26

conjugate matching, 54 parallel, through-line, 28-29

conversion formulae, 370-71 parallel-series connection, 27

coupled inductor, schematic, 20 series, through-line, 29-30

deriving in terms of four-port S-parameters, stacked connection, 26

20 See also S-parameters; Two-port S-parameters

extracting immittances from, 58-59

network, common, 14-17 v

network variables, 13

parallel with through-line, 28-29 Visualizations (Excel)

power relations, 51-52 about, 96

series with through-line, 29-30 bar plots, 95-96, 97

three-port reduction, 30-31 contour plots, 86, 93-95

two networks, interconnection of, 24-30 display plots, 86-90

useful relationships, 13-14 dynamic circuit schematic layout, 86, 90-93
Two-port Y-parameters

conversion formulae, 371-72 Y

input admittance, 43

input impedance, 43 Y-parameters

matrix, 42 about, 41

network, common, 43-45 determination for each port, 42

network variables, 42 finite, 45

output admittance, 43 four-port S-parameters conversion to,

output impedance, 43 375-77

power relations, 52 multiport network schematics, 41

useful relationships, 42-43 network matrix equations, 41
Two-port Z-parameters port admittances, 42

conversion formulae, 372-73 two-port, conversion formulae, 371-72

input admittance, 47 two-port, relationships, 42-43

input impedance, 47 two-port network, 43-45

matrix, 46

network, common, 47-48 7

network variables, 46

output admittance, 47 Z-parameters

output impedance, 47 about, 45

power relations, 52-53 determination, 46

See also Z-parameters multiport, definition, 45
Two two-port S-parameter networks network, two-port, 47-48

cascading, 25, 26, 27 relationships, 46-47

direct input-output connection, 28 two-port, 46—-48

interconnection, 24-30 two-port, conversion formulae, 372-73
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